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CHAPTER 1

Introduction

The last four decades have been marked by rapid developments in RF and
microwave integrated circuits and by their wide application in a variety of
commercial and military systems. Examples of systems in which such
integrated circuits have been applied range from cellular telephones and
microwave links on the commercial side to missile and electronic warfare
systems on the military side, with many dual-use types of applications
such as in radar and navigation systems.

It is well proven in many areas of electronics that integrated circuits
offer the advantages of compact, lightweight designs with enhanced per-
formance, higher reliability, and lower cost. Integration of RF and micro-
wave circuits offers similar advantages for the most part; however,
performance and cost can sometimes be compromised, as will be dis-
cussed later.

RF and microwave integrated circuits, which we will generically refer
to as “MICs” throughout this book, are based on the use of:

* Planar transmission lines;

 Distributed and lumped passive components;
e Solid-state devices;

» Special fabrication technologies.



2 INTRODUCTION

In order to focus on the fundamentals of RF and microwave circuit
design, this book will treat passive components and control devices only.
Thus, the solid-state devices considered will all be two-terminal in nature
(i.e., the application of transistors in circuits will be omitted and only
diodes will be included). The fundamental principles learned in handling
diode circuits can be later applied by the student to the more complex,
active circuits, which, of course, include transistors.

Historically, the development of planar passive components and
devices was in the 1950s, when Barret and Barnes invented a symmetrical
stripline [1]. After that, Wheeler [2] and others introduced planar direc-
tional couplers, along with a series of new devices. The search for new
solutions in passive components and control devices, as well as integrated
circuits based on them, continues today. Passive components are prevalent
in RF and microwave integrated circuits. For example, it is estimated that
in a single-mode telephone, passive components account for 90% of the
component count, 80% of the size, and 70% of the cost [3].

This book is unique in several ways, notably for following topics:

» Detailed analysis of symmetrical networks that are used widely in RF
and microwave integrated circuits (Chapter 6);

» Systematic classification of directional couplers and correlation
between different types of directivity and symmetry (Chapter 7);

» Detailed analysis of effects of termination mismatching, transmission
line losses, fabrication tolerances, and discontinuities of parameters of
passive elements (Chapters 7 and 8);

» Discussion of irregular lines, that is, a new configuration of transmis-
sion lines that extends possibilities for future design (Chapters 3, 9,
and 11);

» Description of a series of novel passive elements and devices, includ-
ing terminations and planar inductors (Chapters 4 and 9); miniature
directional coupler (Chapter 7); dividers/combiners (Chapter 8); wig-
gly coupled line BPF (Chapter 9); phase shifter (Chapter 11); switch
channel attenuator (Chapters 10 and 13); and ferrite and nonferrite iso-
lators/circulators (Chapter 12);

» Discussion of microwave integrated subassemblies (Chapter 13),
including multifunctional TX/RCV module, electrically tunable prese-
lector, switchable balanced amplifier, high-accuracy high-power step
attenuator, multichannel receiver, and single antenna radio altimeter
TX/RCV,
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TABLE 1.1. Components and Devices Considered in This Book

Transmission Diode Control

Lines Simple Elements  Components  Ferrite Devices  Devices

Planar lines Capacitors Directional Isolators Switches

Coupled lines  Inductors couplers Circulators Variable

Irregular lines  Resistors Dividers/ Phase shifters ~attenuators
Terminations C.ombmers Limiters
Attenuators Filters Phase shifters
Resonators

Discontinuities

» Discussion of principal concepts of design and fabrication technology
(Chapter 14).

The reader of this book will accomplish the ascension from microwave
fundamental transmission lines and simplest elements to more compli-
cated devices and subassemblies, meeting more than 20 novel transmis-
sion lines, components, devices, and subassemblies in this way.

Passive components and control devices will be considered in the fol-
lowing order. First, we will discuss planar transmission lines, which are
the basis of RF and microwave integrated circuits. Then we will consider
the simplest circuit elements, and finally we will consider more compli-
cated semiconductor and ferrite devices and also several subsystems and
systems using these elements and devices. All base components and
devices considered in this book are summarized in Table 1.1.

REFERENCES

1. Barret, R. M., and M. H. Barnes, “Microwave Printed Circuits,”
National Conf. on Airborne Electronics, IRE, Ohio, May 1951.

2. Wheeler, H. A., “Directional Coupler,” U.S. Patent No. 2,606,974,
filed May 16, 1946, issued August 12, 1952.

3. Pulsford, N., “Passive Integration Technology: Targeting Small,
Accurate RF Parts,” RF Design, November 2002, pp. 40-48.
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CHAPTER 2

Characteristics of Planar
Transmission Lines

2.1. INTRODUCTION

There are several reasons for the wide use of planar transmission lines
[1-4]. First of all, they are broadband, while providing compact dimen-
sions and light weight. Foremost, they are generally economical to pro-
duce as they are readily adaptable to hybrid and monolithic integrated
circuit fabrication technologies at RF and microwave frequencies.

Commonly used types of planar transmission lines for MICs are
shown in Table 2.1 [1]. Each of these types offers certain advantageous
features with respect to other types. The various features of the different
types illustrated in Table 2.1 will be discussed in the remainder of this
chapter.

In general, planar transmission lines consist of strip metallic conduc-
tors, usually produced by some photographic process, on a nonconducting
substrate. Typical substrate materials are slabs of dielectric, ferrite, or
high-resistivity semiconductors. In most cases, there are metal ground
planes that can either be printed on the same substrate or be a part of the
metal housing of a microwave integrated circuit (MIC). It is to be noted in
the figures in Table 2.1 that the substrate materials are denoted by gray
areas, and conductors and ground planes by bold lines.
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TABLE 2.1. Commonly Used Types of Planar Transmission Lines for MIC

BASIC LINES MODIFICATIONS
LW T
2 i ) s y w
7 t LR o+ bl W
g D bomEwon Vb i
o= _— ~—a— }
IS . . o Fig.1,b Suspended Fig.1,c Inverted Fig.1,d Shielded
Fig.1,a Microstrip line microstrip line microstrip line microstrip line
o| | — il Wi
£t b 0 o
gl t [ c—
2 ~—a—it W, i~
Fig.2,a Stripline Fig.2,b Double-conductor stripline
2
° —i W]} ¢Hu — W[ | f =R
D o h f hb S b
B f Hy by t }
25 & po—— —
-1 . =i : ) a—=
2 @ | Fig.3,a Shielded high Q Fig.3,b Shielded Fig.3,c Shielded suspended
suspended stripline suspended stripline double-substrate stripline
o] thoTiEW Jo_ Sy thoe WY
=3 [ § e— () F——=.h [ s—
3 o it et e a it
K Fig.4,a Slotline Fig.4,b Antipodal slotline  Fig.4,c Bilateral slotline
[2
) Hl = wiy
c 2 —.
<=1 4 h
= ! f
% Q e a —»‘.* py—
o g Fig.5,a Symmetrical Fig.5,b Shielded
coplanar waveguide coplanar waveguide
— =h — =h = ~h = =h
¥ 1 }
2l w g w! bW b Wi b
€ t 1 t 1 1
= Py a —a — -~ a —
Fig.6,a Finline Fig.6,b Bilateral finline Fig.6,c Antipodal finline Fig.6,d Antipodal overlapping finline|

2.2. STRIPLINE

The earliest form of planar transmission lines was stripline [illustrated in
Figure 2(a) of Table 2.1]. Stripline consists of a strip conductor centered
between two parallel ground planes with two equal slabs of a dielectric,
ferrite, or semiconductor medium separating the center conductor from
the ground planes. Usually, the medium is a solid material, but in some
applications air is the actual dielectric used. The advantages of striplines
are good electromagnetic shielding and low attenuation losses, which
make them suitable for high-Q and low-interference applications.
However, striplines require strong symmetry and thereby present diffi-
culties in the design of many circuit functions. Also, the tuning of circuits
becomes difficult, because it usually requires destruction of the symmetry
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to access the center conductor. Any vertical asymmetry in the stripline
structure could couple to waveguide-type modes bounded by the ground
planes and the side walls. Also, with few exceptions of circuit configura-
tion, the stripline structure is not convenient for incorporating chip ele-
ments and associated bias circuitry.

Transverse electric and magnetic (TEM) waves propagate within the
stripline. Such waves have electric and magnetic components in a plane
transverse to the direction of propagation. For dielectric and semiconduc-
tor media, the maximum operating frequency f__ in this type of line is
limited by the appearance of a higher-order waveguide mode of H-type
and determined by

f :L(GHZ),

\/E{ZW + nzb}

where ¢ is the relative dielectric constant of the substrate medium and W
and b are, respectively, the stripline width and ground-plane spacing
expressed in millimeters.

To prevent the excitation of higher-order modes in stripline, screws or
eyelets run on each side of the stripline center conductor. These grounded
elements have less than a quarter-wavelength spacing between them. In
the case of dielectric or semiconductor substrates, the actual stripline
wavelength A is given by the well-known expression:

A=l @.1)

\/;‘,
where A is the free-space wavelength. Since ¢ is generally greater than
unity, the stripline wavelength is less than the free-space wavelength.

The characteristic impedance of a stripline is given by [5]

4(b-1)| 8(b-1)  [(8(o-1))’

Z, 1+ ) +6.27 |+(Q), (2.2)

= Lln
2”\/2 ”\Neff ”Weff ”Weff
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where

n=120n,
W, =W + AW,

5(b-t) (2.3)

] 00)
AW = — 3 (from [6]),

where t is the center-conductor thickness.

The characteristic impedance of stripline depends on the dielectric
constant and on the cross-sectional geometry of the strip center-conductor
and ground planes. Figure 2.1 shows how it varies as a function of the line
parameters [7, 8]. Note that it is normalized to the product \/EZO so that
the effect of the dielectric constant is removed from the curves; also, the
center-conductor width and thickness are normalized to the ground-plane
spacing to allow scaling. Characteristic impedance is evidently very sensi-
tive to the ratio of center-conductor width to substrate thickness and rela-
tively insensitive to the ratio of center-conductor thickness to substrate
thickness. Consequently, mechanical tolerances would be most critical for
relatively thin substrates or relatively narrow center conductors.

Besides characteristic impedance, another important parameter of
striplines is loss, or attenuation. Total power losses per unit axial length
obey the following equation:

a:azi +Q’C, (24)

where a; is the contribution due to dissipative losses within the dielectric
substrate material, and @ is the conductor (or ohmic) loss, or the contri-
bution due to power dissipation in the metallic conductors.

The dielectric loss is governed by the expression

27.3/etano
a,=———F
A
where tand is the loss tangent of the dielectric material.” The dielectric
loss is proportional to frequency, and it is the dominant loss factor at

(dB/unit length), (2.5)

*With a ferrite substrate, a magnetic loss component will be present; also, the expression for
wavelength will be different. We have considered only nonferrite materials thus far; ferrite materials
and their losses will be discussed later.
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VEZY(Q) "0 VEZH(Q)
200 L 70
t/h=0 0,025
0.05
180 0055 60
160 50
140 205 40
120 30
N q
100 20

80 10
0.1 0.2 030405 0.81.0 2.0 3.0 wh
Figure2.1. Characteristic impedance of stripline transmission line.

higher frequencies. Dielectric losses may be considered very low when
the dissipation factor tandis below 0.0005; medium when tand is between
0.0005 and 0.002; and high when tand s greater than 0.002.

The ohmic skin losses in the strip conductor and the ground plane
depend on the conductivity of the metal conductors and on any surface
roughness such as may be caused by etching or machining in fabrication
of the transmission line. The conductor loss can be found by Wheeler’s
incremental inductance rule:

for \JZ,<120Q

_23400°ReZ

0
a== -1 A (dB/m),

for \Je2,>120Q

_ 1.39R,

c

B (dB/m)

0

with

A=1

2W  1b+t [Zb—t]

+ + = | ,
b-t mb-t t

B=1+ b (0.5+0.414t+i|n4/7wj’

(05w +0.7t) w2t
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R, = /ﬂ (2.6)
g

is the surface resistance for the metal conductor and the ground plane, ois
the conductivity of the metal conductor and the ground plane, and xis the
magnetic permeability of the metal.

Conductor losses dominate over dielectric losses for tand less than
0.001 (for f = 10 GHz) and less than 0.003 (for f = 1 GHz).

To evaluate the relative loss contributions by the dielectric substrate
and the metal conductors, it is instructive to consider the quality factor Q.
Unloaded Q depends on both conductor loss and dielectric loss, according
to the following relationship:

where

- Q
Q= m, (2.7)

where Q. is the unloaded Q due to the loss in conductor. Typically, high
unloaded Q-factor of stripline is about 400 [9].

In the basic stripline [Figure 2(a) of Table 2.1], small air gaps can exist
between the two substrate slabs because of conductor thickness and fabri-
cation faults. They are particularly unavoidable when large area substrates
and long transmission lines are required for particular circuit applications.
A dominant leaky mode can exist in such structures. This mode radiates
into the fundamental TM, mode of the background structure and results in
undesirable crosstalk and spurious performance [10].

The detrimental effect of such gaps can be eliminated by using mirror-
image conductors on the top of the bottom substrate and on the bottom of
the top substrate [Figure 2(b) of Table 2.1]. Since the two conductors
would naturally be in contact with the dielectric with about the same ran-
dom periodicity, the electromagnetic propagation in both substrates tends
to be equalized. This nominally cancels the electric field in the gaps. In
practice, the widths of two center conductors are purposely made slightly
different (W, # W,). The wider conductor is given the required width for
the desired characteristic impedance, and the other conductor is made
slightly smaller. In this way, even if the conductors are somewhat mis-
aligned, the effective width appears constant at the proper value.
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2.3. MICROSTRIP LINE

The microstrip line [Figure 1(a) of Table 2.1] is a transmission line geom-
etry with a single conductor trace on one side of a dielectric substrate and
a single ground plane on the other side. Since it is an open structure,
microstrip line has a major fabrication advantage over the stripline. It also
features ease of interconnection and adjustments.

As with stripline, the wavelength A in the microstrip line is given by

N=—2_, (2.8)

where & is the effective dielectric constant, which depends on substrate
dielectric constant and physical dimensions of the microstrip line; again,
A s the free-space wavelength.

In the microstrip line, the electromagnetic fields exist partly in the air
above the dielectric substrate and partly within the substrate itself. Intu-
itively, the effective dielectric constant of the line is expected to be greater
than the dielectric constant of air (¢= 1) and less than that of the dielectric
substrate. The expression for & is given approximately by [11, 12]

. _£+1+£—1 1
eff 2 2 1+12%

In this expression, the influence of a conducting cover and walls is not
taken into account (i.e., the shielding is assumed to be far enough).

For most practical purposes, microstrip can be treated as a TEM trans-
mission line with an effective dielectric constant that is a weighted aver-
age between air and the substrate material. The curves for effective
dielectric constant are shown in Figure 2.2 as a function of physical
dimensions and dielectric constant.

The actual propagation of electromagnetic waves in microstrip is not
purely TEM due to the combination of an open air space and a dielectric
medium. It is largely TEM, but in reality, microstrip lines, unlike strip-
lines, are dispersive, which means that the wave velocity varies with fre-
guency rather than remaining a constant. This results in the varying of the
effective dielectric constant—and the characteristic impedance—with the

. (2.9)
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Veeii
4.0 220 1|
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— 15—
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r It —T 3] ||
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h

Figure 2.2. Microstrip line effective dielectric constant for different substrate relative dielectric con-
stants and W/h.

frequency of the transmitted signal. Dispersion in microstrip lines exists
for all frequencies, but may be ignored for the following frequencies:

— f ZO
f= 0.3 m (GHZ),

where h is in millimeters.

In most practical applications of microstrip lines, dielectric materials
and dimensions are chosen so that dispersion is negligible. The propaga-
tion is dispersive in that the effective dielectric constants vary with the
free-space wavelength A; in nondispersive systems, €., would be constant
with A. The dispersion becomes more pronounced with the decreasing
ratio of strip width to substrate thickness, W/h. Conversely, dispersion is
less pronounced as the strip width becomes relatively wider and the
microstrip line (ML) physically starts to approach an ideal parallel-plate
transmission line, which of course supports a dominant (nondispersive)
TEM mode.

2.3.1. Shielded Microstrip Line

We mentioned several practical considerations in the foregoing discussion
on microstrip. Referring to Table 2.1 and the basic microstrip line in Fig-
ure 1(a) of Table 2.1, we note that it is not really a practical structure. It is
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Figure 2.3. Effective dielectric constant as a function of relative dielectric constant and physical
dimensions for a shielded microstrip line.

open to the air, and in reality, it is desirable to have circuits that are cov-
ered to protect them from the environment, as well as to prevent radiation
and electromagnetic interference (EMI). Also, the microstrip configura-
tions that we have been discussing are transversally infinite in extent,
which deviates from reality. Covering the basic microstrip with metal
plates on the top and sides leads to a more realistic shielded microstrip
line [Figure 1(d) of Table 2.1]. The top and side covers essentially redis-
tribute the field of the more theoretical microstrip and understandably
have an influence on the effective dielectric constant.

Figure 2.3 illustrates the relationship between effective dielectric con-
stant and physical dimensions of the shielded microstrip line for different
values of the relative dielectric constant of substrate material [13]. In
these curves, it has been assumed that the side walls are sufficiently
spaced so that they see only weak, fringing fields and, therefore, have a
negligible effect on &,. The top cover tends to lower the effective dielec-
tric constant, which is consistent with intuition—the top wall enables
electric fields in the air above the strip conductor, thereby giving the air
more influence in determining the propagation characteristics.

2.3.2. Characteristic Impedance of the Microstrip Line

The characteristic impedance of the microstrip line may be approximately
calculated by assuming that the electromagnetic field in the line is quasi-
TEM. The characteristic impedance of a microstrip line can be calculated
as follows [11, 12]
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The characteristic impedance of microstrip lines for various geome-
tries and different relative dielectric constants of substrates is plotted in
Figure 2.4(a, b). The curves in Figure 2.5(a, b) illustrate relationships

Characteristic Impedance - Q

Characteristic Impedance - Q

140

110 €=7
\\

80
I~

50

[ /1]

//

N

20
0.1 0.2 0.3 0.4 0.50.6 1.0
Wr/h
a
—
\\\\\\\
[~ ™~ I~
[~ N
100
™~
N
e=1
£=2
€=4
10
0.1 1.0 10.0
Wih
b

Figure 2.4. Microstrip line characteristic impedance for high (a) and low (b) substrate dielectric con-
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between the characteristic impedance and physical dimensions of
shielded microstrip line for two examples: low (&= 2) and high (= 9.6)
relative dielectric constants [13]. The top cover tends to lower imped-
ances. When the ratio of the distance from the top cover to the dielectric
substrate and the substrate thickness ((H — h)/h) is greater than 10, enclo-
sure effects are negligible. The characteristic impedance range of the
microstrip line is 20 to 120Q. The upper limit is set by production toler-
ances and the lower limit by the appearance of higher-order modes.
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Figure 2.5. Relationship between characteristic impedance and physical dimensions of shielded
microstrip line with different substrate dielectric constants: high €= 9.6 (a) and low £= 2.0 (b).
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2.3.3. Effects of Finite Strip Thickness in Microstrip Lines

Our treatment of microstrip lines started with a TEM nondispersive
approximation, which was expanded by taking into account dispersive
effects. These effects were due to the fact that the electromagnetic field
configuration is not really TEM. This was further expanded upon by con-
sidering that a practical structure cannot be completely open to the air, but
must be enclosed. It has been implicit that the strip conductor was of neg-
ligible thickness. Now we consider the further refinement that real strip
conductors have finite thickness, and it is sometimes necessary to correct
the physical strip width for it. In Figure 1(a—d) in Table 2.1, the finite
thickness, t, leads to an increase of fringing fields that can be taken into
account in all the preceding expressions involving the strip width W, by an
effective width, recommended by Wheeler:

W, =W + AW,

where

AW =l[ln—+1] forﬂ22ﬂ,
Vg h

4nw 2t W 1
+1 forF<—<—

h ™27

2.3.4. Attenuation in Microstrip Lines
There are three types of losses that occur in microstrip lines:

1. Conductor (or ohmic) losses;
2. Dielectric losses;
3. Radiation losses.

We now consider each of these three contributions to loss, or attenua-
tion.
Radiation Losses

An idealized microstrip line, being open to a semi-infinite air space, acts
similarly to an antenna and tends to radiate energy. Radiation losses are a
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major problem for open microstrip lines with low & Low dielectric con-
stant substrates (&£ < 5) are used when cost reduction is a priority. Similar
materials are also used with millimeter waves to avoid excessively tight
mechanical tolerances. However, the lower the dielectric constant, the less
the concentration of energy in the substrate region, and, hence, the greater
the radiation losses. Radiation losses depend on the dielectric constant,
the substrate thickness, and the circuit geometry. For the matched micros-
trip line, radiation losses are [14]

2 e. -1 (Jee +1)
a. =60(@) 1.0- 2" jog| XL . (2.11)
/‘ 2\' geff \[ geff _1

Of course, radiation losses are not a consideration in closed microstrip
lines with top cover and side walls. However, there is a related phenome-
non, crosstalk, which will be considered later.

The use of high dielectric constant substrates reduces radiation losses
because most of the electromagnetic field is concentrated in the dielectric
between the conductive strip and the ground plane. The real benefit in
having a higher dielectric constant is that the package size decreases by
approximately the square root of the dielectric constant. This is an advan-
tage at low frequencies, but may be a problem at higher frequencies due to
tolerances.

Conductor Losses

In most conventional microstrip designs with high substrate dielectric
constant, conductor losses in the strip conductor and the ground plane
dominate over dielectric and radiation losses. Conductor losses are a
result of several factors related to the metallic material composing the
ground plane and walls, among which are conductivity, skin effect, and
surface roughness. In idealized lines, the conductivity is taken as infinite
and the current distribution in the metal becomes a surface, sheet current.
With finite conductivity, there is a nonuniform current density starting at
the surface and exponentially decaying into the bulk of the conductive
metal. This is the alleged skin effect, and its effects can be visualized by
an approximation consisting of a uniform current density flowing in a
layer near the surface of the metallic elements to a uniform skin depth &
(see Figure 2.6). The skin depth, 9, of the conductor is given by
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5= |- (2.12)
nfuo

where f is the frequency, o is the conductivity of the metal composing the
strip conductor and the ground plane, and y is the magnetic permeability
of the metal (which for nonferromagnetic materials is £4, the permeability
of free space).

Appendix B lists values of skin depth and volume resistivity for fre-
guently used conductors. To minimize conductor loss and simultaneously
minimize the amount of metallic material flanking the dielectric, the con-
ductor thickness should be greater than approximately three to five times
the skin depth. The ohmic losses in the metallic conductors can be related
to a surface resistance, R [see (2.6)].

For the range of strip-width/dielectric-thickness ratios 1/27< W/h < 2,
the attenuation due to conductor losses a; is expressed by [15]

. = 868R, 1_[ﬂ)2 {1+£+L[In&—lﬂ( B )
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For W/h < 1/2 m, conductor losses are

_ 8.68R, W)’ h h( 4mw t\] ( dB )
a, = 1—[—) 1+—+—(In +—j L— J
271Zh 4h W W t W unit length

In a microstrip line, conductor losses increase with increasing charac-
teristic impedance due to the greater resistance of narrow strips. Conduc-
tor losses follow a trend that is opposite to radiation loss [see (2.11)] with
respect to W/h.

The fabrication process of real microstrip devices creates scratches
and bumps on the metal surfaces. A cross-section of the microstrip line
conductor is shown in Figure 2.7(a) [1, 13]. The inside surfaces of the
strip conductor and the ground plane facing the substrate repeat the shape
of the substrate. The current, concentrated in the metal surface next to the
substrate, follows the uneven surface of the substrate and encounters
greater resistance as compared with the case of a smooth substrate. As the
roughness of the substrate surface increases, the length of the current path
increases, and, therefore, the losses increase.

Consider a substrate surface which, for example, coincides with the
shape of the diamond abrasive material that is used to polish the substrate.
The path of the current in conductor segment a-d [see Figure 2.7(a)] is
shown by the line abcd. For an ideally smooth surface, the length of the
current path AB is

|, =Dn,

where n is the number of diamond abrasives within the segment AB. The
length of the current path for an uneven surface is

loes = D(1+ P —sing)n,

where @ = arccos(1 — 4 r,/D), and r,is the arithmetical mean deviation of
uneven profile from average line.

The ratio of conductor losses in the case of an uneven surface, a,, to
losses in the case of a perfectly smooth surface, a, is

ag - Iabcd =1+¢_Sin¢:1+arCCOS[1_ 4|’a] -2 zi[l—zi], (213)
aCO IAB D D D
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Figure2.7. Microstrip line conductor losses vs. surface roughness: profile of uneven surface (a); nor-
malized conductor losses vs. surface roughness (b).

Using relationship (2.13), a./a, is plotted as a function of r, for D, =
1 um and D, = 3 pm [see Figure 2.7(b)]. Analysis of the resulting func-
tions shows that for smaller diameters, conductor losses in the microstrip
line are more dependent on the unevenness of the substrate roughness
because the extra path length a surface (or skin) current sees is less. For
example [2], consider a copper microstrip line with sapphire substrate
where typically the roughness is 1 gm. The skin depth at a few gigahertz
is 1 1m, and the loss is increased approximately 60% when the surface
roughness is taken into account.

Dielectric Losses

We now consider the losses in the bulk of the dielectric substrates. Dielec-
tric losses per wavelength are usually written as [15, 16]

_Jfagltans [ dB
ad'”'%%} A LunitlengthJ’
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where ¢ is the dielectric filling factor, which is equal to

Eqs —1
e-1"

q:

The filling factor is strongly dependent on the ratio of the strip width
to ground plane spacing and varies only slightly with the relative dielec-
tric constant of the substrate.

To minimize dielectric losses, high-quality low-loss dielectric sub-
strates like alumina, quartz, and sapphire (see Appendix A), are typically
used in hybrid integrated circuits. For most microstrip lines, conductor
losses greatly exceed dielectric losses. However, in monolithic microwave
integrated circuits, silicon or gallium arsenide substrates result in much
larger dielectric losses (approximately 0.04 dB/mm) [2].

Combined Loss Effect

Earlier we considered the individual contributions to losses in microstrip
by radiation, ohmic, and dielectric effects. These individual loss compo-
nents are at most first-order perturbations in the overall electromagnetic
wave propagation and consequently can be combined linearly. To do so, it
is convenient to consider the total Q-factor, which can be expressed by

1 1 1 1
+—+—

QR Q Q Q

where Q. Q, and Q, are quality factors corresponding to conductor,
dielectric, and radiation losses, respectively.
Quality factor Q, of the wide microstrip line is expressed as

Q, = 39.5{%} f,

where h is in centimeters, f is in gigahertz, and R, is given by (2.6).
Quality factor Q,is equal to

A
tand’

Qi
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where A is the guide wavelength in centimeters. The unloaded Q-factor of
the microstrip line is typically on the order of 250.

2.3.5. Choosing Physical Dimensions for
Microstrip Applications

Peak power-handling capability in microstrip lines is relatively low for
two reasons. First, the small thickness of the substrate provides a very nar-
row region for the electric field. Second, the electromagnetic field con-
centrates at the sharp edges of the strip. To increase peak power these
edges should be rounded, and the thickness of the dielectric substrate
should be maximized.

The average power capability of the microstrip line is a function of the
permissible temperature rise of the thin strip, which in turn is related to
the thermal conductivity of the dielectric substrate. In practice, microstrip
lines can be used for an average power of a few tens of watts.

Besides power handling, let us now turn to some other recommenda-
tions for choosing the physical dimensions of the microstrip line. For all
circuit considerations, a basic approach involves starting with particular
ranges of the dimension ratios required to achieve a desired characteristic
impedance. Following that, the strip width should be minimized in order
to decrease the overall dimensions, as well as to suppress higher-order
modes. It is important to remember, however, that a smaller strip width
leads to higher losses.

Factors that affect the choice of substrate thickness are the most con-
troversial. The positive effects of decreasing substrate thickness are:

1. Compact circuits;

2. Ease of integration;

3. Less tendency to launch higher-order modes or radiation;

4. The via holes drilled through dielectric substrate contributing smaller
parasitic inductances.

However, a decrease in substrate thickness h, while maintaining a con-
stant characteristic impedance Z,, must be accompanied by a narrowing of
the conductor width W. Narrowing W leads to higher conductor losses
along with a lower Q-factor. Also, for smaller W and h, fabrication toler-
ances become more severe. Careless handling of thin substrates can cause
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stress and strain, which can modify the performance of the substrate.
Thus, one must compromise when choosing substrate thickness.

Microstrip circuit dimensions decrease with increasing substrate
dielectric constant. Losses then usually increase because higher dielectric
constant materials usually have higher loss tangents, tand, and also
because for the same characteristic impedance, reduced conductor line
widths have higher ohmic losses. This is a typical conflict between the
requirements of small dimensions and low loss. For many applications,
lower dielectric constants are preferred since losses are reduced, conduc-
tor geometries are larger (and, therefore, more producible), and the cutoff
frequency of the circuit increases.

For microwave device applications, microstrip generally offers the
smallest sizes and the easiest fabrication. However, it does not offer the
highest electrical performance. Attenuation losses and power handling are
compromised. In devices where miniaturization is not critical and higher
performance is required, it is advisable to use striplines with their accom-
panying low losses and high Q-factors.

2.4. SUSPENDED STRIPLINE

The suspended stripline (SS) is a modified version of the stripline (see
Table 2.2). In the SS, the strip conductor is placed on the surfaces of the
thin dielectric substrate, and the substrate is then suspended in a metal
enclosure. The major portion of the electromagnetic field is symmetri-
cally confined to the air gaps between the dielectric substrate and the two
ground plates. The SS propagation is purely TEM because of the uniform
dielectric (air) and symmetrical configuration.
The suspended stripline has the following advantages [17]:

e There are low losses and high Q-factor (up to 500) because most of the
propagation energy is in the air dielectric;

» The air dielectric also helps to increase the integrated circuit dimen-
sions, which is crucial for higher microwave frequencies and millime-
ter-wave devices.

» The dielectric characteristics of the supported substrate have a negligi-
ble effect on the attenuation and phase velocity of the transmission
medium.
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» A wide range of impedance values (up to 150Q) is available.

» It possesses good temperature stability.

» With good design, it has no waveguide modes.

» |t operates over wide bandwidth.

» There is no radiation to the outside.

» Both sides of the suspended substrate are available for circuit patterns
enabling broadside strong coupling or combination with microstrip,
coplanar, or slotline.

The disadvantages of the suspended striplines are difficulties in minia-
turization and critical housing technology.

Three different configurations of suspended stripline are shown in
Table 2.2 (Figures 3, 4, and 5). In the basic shielded high-Q SS (Figure 4),
the parallel strips are printed on both sides of the dielectric substrate in a
symmetrical configuration. The top-to-bottom circuit board interconnec-
tions are achieved via plated through-holes. This is realized by drilling a
hole through the dielectric substrate and then chemically depositing elec-
troless copper inside the walls of the hole in order to bridge the two con-
ductors of the SS.

When the dual-center conductors in the SS are located symmetrically
over each other, they are excited in phase, causing most of the electromag-
netic field to propagate in the air dielectric. Therefore, dielectric losses of
the carrier substrate and variation in its dielectric constant have negligible
effects on the attenuation and phase velocity of the transmitted waves. An
added benefit of the symmetrical positioning of the conductors is that it
prevents the launching of parasitic modes. The symmetrical geometry of
SS (Figure 4 of Table 2.2) requires tight tolerances on the etched pattern
alignment and additional vias to connect top and bottom strips.

In the one-conductor SS (Figure 3 of Table 2.2), the transmission char-
acteristics depend on the substrate thickness h, the substrate dielectric
constant &, the width of the strip conductor W, and air-space height. Opti-
mization of the characteristic impedance, as well as its weakest depen-
dence on h, occurs when the position of the dielectric substrate inside the
housing is somewhat asymmetrical. The spacing above the conductor is
slightly smaller than that below the dielectric (H, < H,). This asymmetri-
cal configuration also slightly reduces the losses.

The ohmic losses in the above two suspended striplines (Figures 3 and
4 of Table 2.2) are a concern. The RF currents become concentrated near
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TABLE 2.2. Suspended Striplines Are Modification Versions of Striplines
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configuration(high modes)
Dielectric losses

Additional vias
Special requirements Dielectric losses
for plating

Disadvantages

the outer surface of the metal for an approximate three-skin depth. The
highest current density is in top and bottom plated surfaces (Figure 2.8),
except silver, that have a lower conductivity than the main copper conduc-
tors of printed circuit boards (PCBS).

While bare copper circuits can be etched to high precision, the poor
corrosion properties of the metal make it undesirable for practical applica-
tions. Therefore, in a great many cases, a microwave PCB has a copper
pattern covered with gold plating. Gold is not only a very good conductor,
but also has excellent corrosion resistance. However, when the copper-
gold combination is etched, accelerated etching takes place because of
electromagnetic potentials, resulting in poor edge definition. An addi-
tional nickel barrier between copper and gold is used to prevent gold/cop-
per interdiffusion (see Chapter 14). In suspended striplines at lower
frequencies, the presence of a nickel-plated layer can produce additional
losses due to the skin effect. An alternative is to avoid using nickel or use
a thicker gold plating (~100 winch).
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Figure 2.8. SS conductor skin depth and current density I(t).

The new high-Q double-substrate SS (Figure 5 of Table 2.2) [17]
offers the advantage of lower ohmic losses, because microwave currents
are concentrated in the high-conductivity copper conductors of PCB. This
feature also expands the choice of plating material as far as its conductiv-
ity, thickness, and technology process. Other advantages of this line are
simple contact between the two conductors (no plated-through holes) and
more integration by increasing the dielectric thickness or dielectric con-
stant of the two substrates.

In the double-substrate SS, the widths of the two center conductors are
purposely made slightly different (W, # W,), similar to the stripline in Fig-
ure 2 in Table 2.2. The wider conductor is given the dimension required
for the desired characteristic impedance, and the other conductor is made
slightly smaller. In this way, even if the conductors are somewhat mis-
aligned, the effective width appears constant with the proper value.



2.4. SUSPENDED STRIPLINE 27

A suspended stripline circuit consists of a substrate photolithographi-
cally etched on a thin copper clad suspended in air between identical
housing and cover. The substrate is secured with internal and external
walls to add further support to the PCB and provide symmetrical position
of the PCB according to the housing and cover. Plated through-holes
(vias) and EMI gaskets in the area of the support walls provide grounding
connection between the housing and cover, channel-to-channel isolation,
and suppress RF leakage and moisture seal with housing and cover parts.
The channel dimensions should be chosen so that the spurious waveguide
mode propagation is inhibited.

Some recommendations for choosing the physical dimensions of the
SS follow. Large height b (the distance between top and bottom ground
planes) leads to a higher power capability and Q-factor of the SS. The
strip width should be decreased in order to decrease the overall dimen-
sions, as well as to suppress the high modes. It is important to remember,
however, that a smaller strip width leads to higher losses. Also, a smaller
strip for the same impedance requires smaller height. Mechanical toler-
ances would be more critical for a relatively small height or relatively nar-
row conductors. Any vertical asymmetry in the suspended stripline
structure could couple to parasitic waveguide-type modes bounded by the
ground planes and the side walls.

Surface modes cannot propagate at frequencies for which the channel
is less than half a wavelength in width. The dimensions of the suspended
stripline channel in which the substrate is supported must be sufficiently
small to avoid propagation of waveguide modes. The cutoff frequency at
which the TE,, mode becomes dominant is

=G l_h(f_-l)
2a b\ ¢

where a is width of the enclosure.

The thickness of the SS dielectric substrate should be as small as pos-
sible to minimize the losses and parasitic inductance of vias and to reduce
price. For the new double-substrate SS of Figure 5 of Table 2.2, the sub-
strate thickness can be chosen based upon compromise between integra-
tion index and dielectric losses.
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2.5. SLOTLINE

The slotline was first proposed by Cohn [18]. The three kinds of slotlines
are unilateral [Figure 4(a) in Table 2.1], antipodal [Figure 4(b) in Table
2.1], and bilateral [Figure 4(c) in Table 2.1]. The basic unilateral slotline
consists of a narrow gap in the conductive coating on one side of the
dielectric substrate. The other side of the substrate is bare.

Slotline has the following advantages:

» |tis easy to fabricate because it requires only single-sided board etch-
ing.

» Shunt mounting of elements is possible without holes through the sub-
strate, since conductors are placed on only one side of the substrate.

It can be incorporated with microstrip lines for new types of circuits.

» The substrate gives it rigidity.

» The substrate concentrates the field density between the plates, sup-
pressing higher-order modes or radiation.

The disadvantage of the slotline is that its Q-factor is low (around
100), so it is relatively lossy. Another disadvantage arises from the fact
that the field configuration deviates greatly from TEM. Thus, the domi-
nant mode is similar to the dominant mode in rectangular waveguide; it is
mainly a TE (transverse electric) field. This result in a highly dispersive
behavior, which means that slotline is not usually applicable for broad-
band applications. The presence of both longitudinal and transverse RF
magnetic fields in slotline provides elliptic polarization that is useful for
nonreciprocal ferrite circulators and isolators.

As would be expected from what we have seen in stripline and micros-
trip, the characteristic impedance and wavelength in the slotline depend
on free-space wavelength, physical dimensions, and dielectric constant.
The characteristic impedance of slotline increases with slot width and is
less sensitive to substrate height. Typically, the characteristic impedance
of the slotline is in the range of 60 to 200Q.

Effective dielectric constant of the slotline is equal to the average
dielectric constant of the two media (dielectric substrate and air):

g =1 (2.14)
@)



2.6. COPLANAR WAVEGUIDE 29

As with stripline, the losses in a slotline are the result of the conductor,
dielectric, and radiation losses. The conductor losses are generally higher
than the dielectric losses [3,19]. They increase with frequency but
decrease with slot width. The bilateral or double-sided slotline [Figure
4(c) of Table 2.1] has two symmetrical identical slots that are on opposite
sides of a dielectric substrate. This line needs good accuracy in fabrication
because of its two-sided circuit etching, precise alignment, and two-board
bonding. Characteristic impedance of the bilateral line decreases with
substrate height and increases with the dielectric constant of substrate
material.

2.6. COPLANAR WAVEGUIDE

The coplanar waveguide (CPW) was first proposed as an MIC transmis-
sion line by Wen [20]. Wen’s form of the CPW is shown in Figure 5(a) of
Table 2.1. The CPW structure consists of a center strip with two parallel
ground planes equidistant from it on either side. The center conductor and
ground planes are located in one plane on the substrate surface.

Coplanar waveguides have the advantages of:

» Low dispersion;

» No need for via holes, which introduce undesirable parasitic induc-
tances and limit performance at high frequencies;

» Ease of attaching both shunt and series circuit elements because of no
need for via holes;

» Simple realizations of short-circuited ends.

The gap in the coplanar waveguide is usually very small and supports
electric fields primarily concentrated in the dielectric. With little fringing
field in the air space, the coplanar waveguide exhibits low dispersion. In
order to concentrate the fields in the substrate area and to minimize radia-
tion, the dielectric substrate thickness is usually set equal to about twice
the gap width.

The coplanar waveguide, in contrast to the microstrip and the stripline,
has shielding between adjacent lines, which creates a better isolation
between them. Like microstrip and stripline, CPW supports a quasi-TEM
dominant mode. At higher frequencies, the field becomes less-TEM, and
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more TE in nature. The magnetic field is elliptically polarized and the
CPW becomes suitable for nonreciprocal ferrite devices, as with slotline.

In the coplanar waveguide, two fundamental modes are supported: the
coplanar mode and the parasitic slotline mode. Air bridges between
ground planes have to be applied to suppress the undesired slotline mode.
These air bridges must be located at short intervals (less than A/4 apart).
Gold ribbons are sometimes used as “bridges” over the center conductor.
Conductive bridges can be formed using plated through holes to connect
etched line on the underside of the board. Unhappily, ribbons increase
insertion losses and make fabrication costly. As in the case of the slotline,
the Q-factor of the coplanar waveguide is low (on the order of 150).
Besides the parasitic mode and low-Q problems, coplanar waveguides
also have other disadvantages: heat sinking capabilities are poor, sub-
strates are required to be relatively thick, and there are higher ohmic
losses due to the concentration of its currents near the metal edges.

In practice, the distance b [Figure 5(b) of Table 2.1] should be less
than A/2 to prevent propagation of higher-order modes, and the ground
planes should extend by more than 5b on each side of the gap.

In the CPW, the effective dielectric constant is the same as the slotline
solution (2.14), approximately independent of geometry, and simply equal
to the average of dielectric constants of air and the dielectric substrate.
This equation holds for the coplanar waveguides with dimensions smaller
than h/3.

Although frequency dispersion for coplanar waveguides is generally
small, it should be noted that there is a mild dependence on line dimen-
sions, and narrow lines are less dispersive than wide lines.

Relationships between characteristic impedance of the symmetrical
CPW and its dimensions for different relative dielectric constants of sub-
strate are shown in [21]. The characteristic impedance limits are obtained
by combining maximum strip width with minimum slot space for the
lower limit, and minimum strip width with maximum slot space for the
upper limit. CPW is not very sensitive to substrate thickness and allows a
wide range of impedance values (20-250Q) on relatively thick substrates.
Upper metal cover has no effect upon characteristic impedance if space
H > 2h [see Figure 5(b) of Table 2.1]. When this limit is exceeded, the
effect of the cover will be to lower characteristic impedance.
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2.7. FINLINE

A finline was proposed by Meier [22]. Different configurations of the fin-
line are shown in Table 2.1 [Figure 6(a—d)] [22, 23]. Basically, finline
consists of various forms of slotline placed within a rectangular
waveguide. These lines operate typically in the frequency range of 30 to
100 GHz. The main characteristics of the finline are broad bandwidth,
moderate attenuation, low dispersion, and compatibility with semicon-
ductor elements. Losses in finlines are approximately on the order of 0.1
dB/wavelength.

In all forms of finline, the substrates employed have low relative
dielectric constant (&= 2.2) substrates, and the resulting dominant mode is

TABLE 2.3. Comparison of the Various Transmission Lines

Impedance
Transmission Range Chip
Line Q-Factor Radiation Dispersive  (Ohm) Mounting
Microstrip 250 Low (for high€)  Low 20-120 Difficult for
line (dielectric  High (for low €) shunt; easy for
substrate) series
100-150
(Si, GaAs
substrate)
Stripline 400 Low None 35-250 Poor
Suspended 500 Low None 40-150 Fair
stripline
Slotline 100 Medium High 60-200 Easy for shunt;
difficult for
series
Coplanar 150 Medium Low 20-250 Easy for series
waveguide and shunt

Finline 500 None Low 10-400 Fair
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a combination of TE and TM modes, rather than a quasi-TEM. The result-
ing structure has a wider bandwidth and higher Q values than those of a
microstrip line. Losses of the finline are comparable to those of ridged
waveguide of the same geometrical dimensions [22].

Since the characteristic impedance range of the finline is from about
10 to 400Q, it is greater than other printed transmission lines. Also, the
finline structure is easy to mate with standard rectangular waveguide
structures. Another advantage is that the guide wavelength A in finline is
longer than that in microstrip, thus permitting less stringent dimensional
tolerances at high microwave frequencies. The finline produces circularly
polarized fields. This is an advantage for nonreciprocal applications (iso-
lators, circulators, and phase shifters).

2.8. SUMMARY OF PLANAR TRANSMISSION LINES

Table 2.3 compares the various transmission lines [1, 4, 24-33].
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CHAPTER 3

Characteristics of Print
Coupled Lines

3.1. INTRODUCTION

In this chapter we consider the coupling that occurs when two or more
individual transmission lines of the types discussed in Chapter 2 are
brought within proximity of one another. Now, not only are there the elec-
tromagnetic fields within the individual lines, but modifications, or distor-
tions, in the fields are introduced that link, or couple, the individual lines
together [1-4]. Coupled lines are very useful and widely applied struc-
tures that provide the basis for many types of components: directional
couplers, power splitters and combiners, diplexers, filters, phase shifters,
and so forth.
Coupled lines can be classified by several different characteristics:

» Coupling value (i.e., whether the coupling is strong or weak);

» The characteristic impedances of the coupled lines [i.e., whether they
are equal (symmetrical lines) or nonequal (asymmetrical lines)];

e The type of coupled transmission lines [i.e., whether they are strip-
lines, microstrip lines, and so forth (see Table 3.1)];

» The structure of the coupled lines (i.e., whether they are homogeneous
or inhomogeneous);

35
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TABLE 3.1. Commonly Used Types of Planar Coupled Transmission Lines
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The type of output ports (i.e., whether they are terminated, open-cir-
cuited, short-circuited, or otherwise loaded);

Whether or not the lines are regular or irregular (i.e., whether or not
the coupling mechanism is dominated by the time-varying electric
fields or magnetic fields).

In this chapter, we will not treat all of the types of coupled transmis-

sion lines listed above. Certainly, we will treat lines that have both strong
and weak coupling. Also, we will consider regular and irregular lines
because of some interesting applications. Most importantly of all, we will
treat symmetrical coupled transmission lines because of their wide practi-
cality and ease of analysis.

A pair of identical transmission lines in proximity is illustrated, in

general, in Figure 3.1. Geometrically, the configuration of the metal con-
ductors possesses symmetry about a vertical axis. There are two views of
this configuration to illustrate pictorially some general properties of the
electric field under two different types of excitation, the so-called even
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Figure 3.1. Even (a) and odd (b) electrical fields of parallel coupled striplines.

and odd modes. When they are separated, the individual transmission
lines each have a single, dominant mode, as discussed in Chapter 2. When
the individual lines are brought together, electromagnetic fields are shared
between them and coupling results. With the two lines together, qualita-
tively, there are more degrees of freedom, or more modes, possible. It is a
natural result, that with symmetrical coupled lines, there are the two dom-
inant modes: the even mode and the odd mode. All combinations of exci-
tation of the two lines can be expressed as a combination of the even and
odd modes.

In the even mode, fundamentally, both transmission lines are identi-
cally excited by electromagnetic fields that are equal in amplitude and
phase. The electric field is distributed symmetrically, as pictorially indi-
cated in Figure 3.1(a). As the electric lines of force approach the vertical
axis, they become tangent to it. Conversely, the magnetic lines of force
(which are not illustrated) would become normal to the vertical axis
because they are orthogonal to the lines of electric force. The symmetri-
cal system behaves as if each transmission line is separated from the
other by an ideal magnetic wall (i.e., a vertical plane having infinite per-
meability, L).

In the odd mode, fundamentally, both transmission lines are identi-
cally excited by electromagnetic fields that are equal in amplitude but
180° out of phase. The electric field is distributed antisymmetrically, as
pictorially indicated in Figure 3.1(b). As the electric lines of force
approach the vertical axis, they become normal to it. Conversely, the mag-
netic lines of force (which are not illustrated) would become tangent to
the vertical axis, again because they are orthogonal to the lines of electric
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force. The antisymmetrical excitation produces a system behavior as if
each transmission line is separated from the other by an ideal electric wall
(i.e., a vertical plane having infinite conductivity, o).

Associated with both the odd and even modes are effective dielectric
constants (&), which, as in the case of the different transmission lines
discussed in Chapter 2, determine a wave velocity v and characteristic
impedance Z,. However, the characteristic impedances and the wave
velocities are each different for the even and odd modes. The characteris-
tic impedances for the even and odd modes are denoted by Z,, and Z,,,”
respectively.

Expressions for the even- and odd-mode characteristic impedances of
the coupled lines are:

! _— (3.1)

7 =— -
Oe 1 00 ’
VeCe VOCO

where C, and C_ are even and odd unit-length capacitances, and v, and v,
are the even and odd wave propagation velocities. These wave velocities
are in turn given by

v, = V= , (3.2)

where c is the speed of light in a vacuum, and €, and €, are the effec-
tive dielectric constants for the even mode and odd mode, respectively.

Table 3.2 shows different regular coupled-line networks, scattering
matrix elements, and possible applications, where

@:2_]“
TAN

is the electrical length of the coupled lines; | is the physical length;

*The last subscript identifies the mode.
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is the coupled-lines guide wavelength,

_ \/‘geffe +\/£effo
\[geff - 2 !

— ZOe + ZOo r= ZOe B ZOo

2 2

In the remainder of this chapter, we will consider the characteristics of
the even and odd modes in various forms of coupled transmission lines.
The characteristics of these modes will, of course, depend upon the vari-
ous dimensions and substrate materials, as did the individual transmission
lines considered in the previous chapter, but, as expected, the relation-
ships will be more complex. In later chapters, we will consider how these

TABLE 3.2. Different Regular Coupled Line Networks
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coupled transmission lines with their even and odd modes are used in the
performance of certain circuit functions and in the design of various com-
ponents.

3.2. COUPLED STRIPLINES

Various forms of coupled striplines are shown in Figure 2(a—e) of Table
3.1. Since striplines are basically filled with a homogeneous dielectric
between conductors, the dominant mode of propagation is a pure TEM
mode. This is not only true for individual striplines, but also for coupled
striplines. The even and odd modes are both TEM, and the effective
dielectric constant is equal to the material dielectric constant. Thus the
wave velocities associated with each the even and odd modes are equal to
each other and to that in the uncoupled, individual lines. Because of these
simplifications, coupled striplines present a convenient starting point for
studying coupled transmission lines.

Edge-coupled striplines [Figure 2(a) of Table 3.1] consist of a pair of
stripline center conductors in the center plane between two ground planes.
The two different field distributions shown are each for even and odd
modes (Figure 3.1). Because the dominant even and odd modes are both
TEM, the electric field distributions for each are independent of fre-
guency (i.e., the electric field at any frequency is the same as the static
field). As such, in determining coupling, it is convenient to consider unit
length capacitances for the even and odd modes as illustrated in Figure
3.2. In this figure:

 C, isthe parallel-plate capacitance between each center conductor and
each ground plane.

» C,is the fringing capacitance between the outside edge of each center
conductor and each ground plane.

» C,is the fringing capacitance between the inside edge of each center
conductor and each ground plane for the even mode.

» C, is the mutual capacitance between the inside edges of the center
conductors for the odd mode.

These capacitances depend on the physical dimensions of the coupled
lines and the relative dielectric constant of the medium. The parallel plate
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Figure 3.2. Even (a) and odd (b) mode static capacitances for coupled striplines.

capacitance C, is derived straightforwardly in electrostatics and is given
in normalized form as follows:

&
£ 1_%

where ¢ is the dielectric constant of the medium, W is the width of the

center conductor, t is the thickness of it, and b is the spacing between the
two ground planes.

The relationship between the normalized fringing capacitance C,/e as

a function of the normalized center conductor thickness t/b is shown in

[5]. This relationship (which is too complex to show as a closed form

expression) has also been derived from electrostatics. Before we proceed

with presenting the relationships for the very critical capacitance parame-

ters C,, and C,, it is useful to see where we are headed by looking at the

general expressions for the total capacitance per unit length in the even

mode, C,, and that for the odd mode, C,. These each become the summa-

tion of the parallel plate capacitance C, and of the outside-edge fringing

(3.3)
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capacitances C,, as well as C,, and C,, for both the even and odd modes, as
follows:

C.=2(C,+C,+C, ), C,=2(C,+C,+C,). (34)

We note from these two expressions that the difference
ClZ = Cfo_ Cfe = (Co - Ce)/2 (35)

If we regard the capacitance C,, which is associated with the even
mode, as the self capacitance of the individual, uncoupled stripline, then
C,, can be regarded as the mutual capacitance between the lines, which
expresses the coupling between the two lines.

Since we are regarding the coupled striplines as uniformly filled with a
dielectric material, it should be clear that dominant even and odd modes
are TEM and that capacitances can be normalized to the dielectric con-
stant & Also, all dimensional dependencies should be scalable and can be
normalized to one of the dimensions, which for striplines is most conve-
niently the ground-plane spacing b. In coupled striplines, the dimension
that first comes into play is the normalized line width W/b, which deter-
mines the normalized parallel-plate capacitance C /& To a first order, the
normalized line thickness t/b determines the fringing capacitance C,; the
contributions from W/b and the normalized spacing between the coupled
lines S/b are negligible to a first order. Also, the normalized spacing
between the coupled lines S/b, together with the normalized line thickness
t/b, determines the capacitances associated with the coupling mechanism
C./& C, /& and C,,/¢; the contribution from W/b is negligible. The inter-
dependencies between all these were developed by Getsinger [5].

We are now in a position to determine the key impedance parameters
Z, and Z,, for edge-coupled striplines. We have the expression for the
parallel-plate capacitance C, [see (3.3)] and the graph for the fringing
capacitance C, [5]. We also have the graphs showing the capacitances C,,,
C., and C,, [5].

Cohn [6] showed that for center conductors having zero thickness, the
even- and odd-mode impedances become
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2, =3280 (q),

where
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Cohn [6] also presented very convenient nomograms representing
these expressions.

Broadside coupled striplines [Figure 2(c) of Table 2.1] provide a
tighter coupling between the lines (tighter than about -8 dB) than the
edge-coupled lines. For zero conductor thickness of these coupled lines,
the even- and odd-mode impedances and physical dimensions [7] are
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where

k= tanh(ZﬂJtanh (ZW—JrSj
2 b 2 b
k=v1-k’,

K(k) and K(k") are complete elliptic integrals of the first kind of modulus k
and k'. The function tanh™ can be evaluated from

tanh‘l(x)zéln(lﬂ(]-

1-x

3.3. MICROSTRIP COUPLED LINES

For the microstrip coupled lines illustrated in Figure 1(a) in Table 3.1, the
dielectric medium is not homogeneous, as it is in the case of striplines.
The dielectric substrate only partially fills the cross section of the trans-
mission lines, and, because the dielectric constant £ is greater than unity,
the electromagnetic field is concentrated more in the substrate than in the
air.

The even and odd modes in microstrip coupled lines are illustrated
conceptually in Figure 3.3. In the even mode, the fields are excited
equally in amplitude and phase with respect to each of the center conduc-
tors. As previously discussed, the electric field lines are normal to the
plane of symmetry and the electromagnetic field behaves as if a planar
magnetic wall were inserted coincident with the axis of symmetry [Figure
3.3(b)].

In the odd mode, the fields are excited equally in amplitude, but in
directly opposing phase (180°) with respect to each of the center conduc-
tors. As previously discussed, the electric field lines vanish at the plane of
symmetry and the electromagnetic field behaves as if a planar electric
wall were inserted coincident with the axis of symmetry [Figure 3.3(c)].

Conceptually and pictorially, the even and odd modes in the coupled
microstrip lines exhibit the same general field distributions as in the cou-
pled striplines. But, the similarities end there. Because the dielectric does
not fill the microstrip structure homogeneously, there must be an effective
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Figure 3.3. Microstrip coupled lines: basic configuration (a); even-mode electromagnetic field (b);
odd-mode electromagnetic field (c).

dielectric constant that is some kind of weighted average between the
dielectric constant of the material and that of the air space above the cen-
ter conductors. With different field distributions being associated with
both the even and odd modes, not only is there an effective dielectric con-
stant, but there are considerably different effective dielectric constants and
phase velocities associated with the even and odd modes. The large imbal-
ance between the effective dielectric constants and the related phase
velocities can lead to some limitations in the application of microstrip
lines.

Extensive calculations have been performed to obtain practical design
information for coupled microstrip lines [8]. Some of these relationships
are shown in Figures 3.4 through 3.7 for various dimensions and substrate
dielectric constants. Figure 3.4 illustrates relationships between the even-
and odd-mode impedances and physical dimensions of the microstrip
coupled lines. These characteristics can be used in two ways: for analysis
to calculate z,, and z,, values from the physical dimensions S, W, and h of
the coupled lines or for synthesis to find dimensions of the coupled lines
from z,,, and z,,.

Let us consider the synthesis technique when the even- and odd-mode
characteristic impedances are determined. The z,, and z,, are marked on
the vertical axis [see, for example, Figure 3.4(a)] of a graph for the dielec-
tric constant of substrate material £=5. It is then we can select two points
(for the even- and odd-mode sets of curves). These points are lying on the
same relative width abscissa value, and on curves with an identical rela-
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Figure3.4. Even- and odd-mode impedances of coupled microstrip lines for =5 (a) and £= 9.6 (b).

tive space (i.e., they must both have identical values W/h and S/h for odd
and even modes).

The plots of the effective dielectric constant of microstrip coupled
lines versus physical dimensions and different dielectric constants of sub-
strate materials are shown in Figure 3.5 [8]. For S/h - oo, these characteris-
tics become identical to the characteristics of a single microstrip line (see
Figure 2.2).

When coupled microstrip lines are enclosed in a real metallic housing,
the electrical field lines change configuration. In this case, capacitances
will increase, but impedances and effective dielectric constants will
decrease. Figure 3.6 [8] gives the plot of the characteristic impedance of
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shielded coupled microstrip lines with equal relative width W/h = 1 versus
physical dimensions of the shielded microstrip lines with substrate dielec-
tric constant € = 9.6. Relationships between the effective dielectric con-
stant of the shielded coupled microstrip lines with substrate material
relative dielectric constants of 9.6 and physical dimensions are shown in
Figure 3.7 [8]. The upper metal cover can be neglected, provided that its
distance from the substrate (H-h) > (6-8)h. Otherwise, the cover will
affect z,,, z,,, and &.

3.4. COUPLED SUSPENDED STRIPLINES

Coupled suspended striplines are shown in Figure 3(a, b) of Table 3.1.
These coupled lines offer lower insertion loss, the ability to achieve an
improved equalization of the even- and odd-mode phase velocities. In the
coupled suspended striplines, electromagnetic fields propagate in the iso-
tropic media, and phase velocities for even and odd modes are equal. The
even- and odd-mode impedances and effective dielectric constants for
these lines are given in [9].

The broadside coupled suspended striplines allow the capacitive cou-
pling to be realized by coupling through the supporting dielectric as
shown in Figure 3(b) of Table 3.1. Relatively large capacitance values can
be achieved using such an overlap section. The coupling between the top
and the bottom conductors is a result of the odd-mode excitation. Broad-
side coupled suspended striplines are useful in the realization of direc-
tional couplers with tight coupling.

Coupled suspended striplines have lower losses and a lower sensitivity
to fabrication tolerances than microstrip or stripline coupled lines.

3.5. COUPLED SLOTLINES AND COPLANAR WAVEGUIDES

Coupled slotlines and CPW coupled lines are shown in Figures 4 and 5 of
Table 3.1, respectively. For a narrow center conductor of edge coupled
slotlines, the structure becomes similar to a single slotline. For a very
wide center conductor (a/h >> 1.0), the structure loses coupling and
becomes two uncoupled slotlines or coplanar waveguides.
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Phase velocities and characteristic impedances of CPW coupled lines
differ by 5% for the two modes, which is much less than the 17% for the
microstrip coupled lines. This property of coplanar CPW is very useful
for the design of high directivity directional couplers.

3.6. IRREGULAR LINES

The term irregular line will stand for coupled conductors with strong
magnetic coupling, with minimal influence of the RF ground plane on the
parameters of the line (ideally, the absence of ground plane in the cou-
pling area) [10]. The strong magnetic coupling is realized without mag-
nets or ferrites. Since the irregular line is almost unaffected by the RF
ground plane, capacitances between the line and the ground plane are neg-
ligible compared to the capacitances between conductors.

Strong magnetic coupling between lines supports miniature dimen-
sions and an increased bandwidth. This coupling is characterized by the
coefficient of magnetic coupling, k... In many cases [11-14], iron (Fe) of
ferrite cores with large permeabilities is used to maximize k, (k,, — 1).
However, this approach has some disadvantages, including diminished
temperature stability, high cost, and larger component dimensions. Addi-
tionally, the permeability (i) and dielectric constant (&) of ferrites may
vary dramatically with frequency. The high-frequency limitation of these
devices arises from core losses, winding lengths, and parasitic elements
that become dominant above 1 GHz.

In irregular lines, magnetic coupling activization can be achieved
without any cores by bringing the conductors close to each other. At that
point, capacitance per unit of length (C) increases, while inductance per
unit of length (L) decreases, so that the product LC, which determines the
wave velocity in the transmission line, remains constant.

The inductance per unit of length of irregular coupled lines is given by

L=2(L, - M)=2L, (1—LMJ =2L,(1-k,),
0
where L, is self-inductance per unit length of one conductor (which can be
determined by isolating this line from all other parts, including the second
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TABLE 3.3. Different Irregular Coupled Line Networks (continued)
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conductor); M is mutual inductance per unit length of the two conductors;
and k, = M/L, is the coefficient of magnetic coupling between the lines
(0<k,<1).

Table 3.3 illustrates various methods of irregular-line connections. In
the circuit shown in row 1 of the Table 3.3, the output port of the first cou-
pled conductor 1-3 is electrically connected to the diagonal end of the sec-
ond coupled conductor 2-4 and dc-coupled to ground. The segment
providing the diagonal connection should be as short as possible. This can
be achieved by bending the line into a ring frame. The RF ground has to
be apart from the irregular line and close to the appropriate input/output
lines, that is, there should be no RF ground plane in the area of coupled
conductors.

The circuit depicted in row 2 of Table 3.3 is the well-known Ruthroff
4:1 transformer [11]. This circuit has a high frequency limitation due to
transmission-line lengths and parasitic inductance. It is possible to get a
good performance up to 2 or 4 GHz. This transmission line transformer has
the advantage of higher efficiency, greater bandwidth, and simpler con-
struction compared with the conventional transformer. The insertion loss
for the matched 4:1 transformer versus line length is given in [11, 12].

This transformer can be used for impedance matching, balanced-
unbalanced (balun) circuits, or as dividers and combiners. The irregular
line devices can be used in an MMIC technology, which provides the abil-
ity to realize a multilayer structure.
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CHAPTER 4

Distributed and Lumped
Elements of Integrated
Circuits

4.1. INTRODUCTION

Passive RF and microwave integrated circuits are made up of distributed
elements, lumped elements, or combinations of both these types of ele-
ments. Distributed elements consist of segments of transmission lines of
the different types that we have discussed in the preceding chapters. These
transmission-line segments can be of various lengths, ranging from small
fractions of the guide wavelength (A) to several wavelengths.

In this chapter, we consider primary lumped elements, which by defi-
nition are small in size in comparison with the guide wavelength in any
transmission line that may be associated with them. Examples of lumped
elements are resistors, capacitors, inductors, discontinuities, and resona-
tors [1-6]. For sufficiently small dimensions, there are no significant vari-
ations in resistance, capacitance, inductance, and so forth, except as
associated with any frequency dependence of material resistivities, permi-
tivities, and permeabilities. There are no appreciable variations in phase
over the lumped element, and the current distributions and associated
potential drops are essentially uniform, such that the currents and voltages
we utilize in classical circuit theory apply. Usually, the linear dimensions
of lumped elements are less than A/10 or A/16.

55
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Lumped elements are usually easily realized in RF or low-frequency
microwave applications. At higher microwave frequencies, and particu-
larly at millimeter-wave frequencies, lumped elements are very difficult,
or even impossible, to achieve because of dimensional limitations in fabri-
cation technologies. The upper limit for the use of lumped elements is
approximately 40 GHz, and for higher frequencies, only distributed ele-
ments are practical.

In applications where it is possible to utilize lumped elements, the
advantages are usually small dimensions, wideband characteristics, and
low production cost. Their drawbacks are lower Q and lower power-han-
dling capability as compared with distributed circuits.

4.2. CAPACITORS

Capacitors are lumped circuit elements that store energy by virtue of elec-
tric fields. For MICs, capacitors can be conveniently realized in several
different configurations. It is clear that fundamental parallel-plate capaci-
tors consisting of a pair of parallel planar metallic surfaces separated by a
dielectric are available in chip forms as discrete components. In the paral-
lel-plate configuration, the capacitance is given by the classical expres-
sion from electrostatics:

C=¢lx,— (4.2)
where ¢ is the dielectric constant of the medium, &, is the permittivity of
free space (8.85 x 107 farads/m), A is the cross-sectional area, and h is
the spacing between the plates. This basic formula applies not only to
simple configurations, but also to capacitors formed by multilayer tech-
niques.

Chip capacitors are frequently used in the construction of MICs when
relatively high capacitance values are required in circuit applications. In
these cases, the chips are attached to the transmission lines by various
bonding techniques. When relatively low values of capacitance are
required, capacitors can be effected by modifications to the actual planar
transmission lines. For example, Figure 4.1(f) shows a low-impedance
microstrip section that is simply a widening of the center conductor,
which could possibly be produced through photolithography. The result is
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Figure4.1. Print capacitors: series gap in the center conductor (a); equivalent circuit of the series gap
(b); interdigital configuration (c); end-coupled overlay (d); end coupled overlay with discrete tuning
elements (e); low impedance microstrip section (f).

a parallel-plate capacitor, in shunt with the microstrip line, with a capaci-
tance straightforwardly determined by the dielectric constant, area, and
spacing as follows:

C= 0.0885 W I (pF), (4.2)

h

where W, I, and h are dimensions in centimeters.

For applications requiring relatively low capacitances, planar series
capacitors can be formed as shown in Figure 4.1(a, ¢) through edge cou-
pling. These capacitors are simply formed by gaps in the center conductor
of the transmission lines. They do not require any dielectric films, which
simplify the design. However, due to high current densities at the edges,
they exhibit low Q-factors, typically less than 50 at operating frequencies
in the 10-GHz range. Capacitance values for these edge-coupled types are
typically less than 0.5 pF.

The gap capacitor in Figure 4.1(a), with its equivalent circuit [Figure
4.1(b)], will be described in Section 4.6. We now discuss the planar inter-
digital capacitor shown in Figure 4.1(c), which is realized by a meandered
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gap in a microstrip or stripline center conductor. By design, dimensions
are much less than a quarter wavelength, and the capacitance depends on
finger width w, finger length I, and finger spacing S (usually S = w), as
follows [1]:

C:%ll[Al(N—3)+A2],

where A, (the interior) and A, (the two exterior) are the capacitances of the
fingers; for infinity substrate thickness (or no ground plane), A, = 8.86 x
107° pF/gm and A, = 9.92 x 107° pF/um, N is the number of fingers, and &
is the relative dielectric constant of the substrate.

Series capacitors with larger values can be realized by using an addi-
tional thin dielectric layer (typically 0.5 gm thick) between two metal
plates, as shown in Figure 4.1(d, €). These overlay structures use dielec-
tric film materials, such as silicon nitride Si,N, (£ = 6.8), SiO, (&= 4-5),
Ta,0. (€ = 20-25), ALO, (&= 6-10), and so forth. Dielectric-film losses
limit Q-factors to about 100 at around 10 GHz. These capacitors are used
to achieve higher values in small areas. Tolerances of these capacitance
normally run from 10% to 15%. For better capacitance control and tuning
capability, we can use overlay configurations with tuning elements [Fig-
ure 4.1(e)]. Overlay capacitor values as high as 10 pF can be realized
within small areas.

4.3. INDUCTORS

4.3.1. Print Inductors Consideration

Lumped inductors in planar transmission lines can be realized using sev-
eral different configurations, as shown in Figure 4.2. The simplest configu-
ration [Figure 4.2(a)] consists of a short section of high-impedance line
that is achieved by simply narrowing the center conductor over a short
length. In this case, the inductance is given by the following formula [7, 8]:

L=200"I [In | 1103+ 0.2235Mj k, (nH), (4.3)
W+t |
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where I, W, and t (conductor thickness) are in centimeters, and K, is a cor-
rection factor to take into account the effect of a ground plane:

W
kg =0.57- O.145InF (4.4)

for

V% >0.05

where h is the spacing from the ground plane.
Typical inductance values for this simple type of inductor are 0.5 to
3.0 nH.

w
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Figure4.2. Planar inductors: high impedance line section (a); meander line (b); single turn (c); circu-
lar spiral (d); rectangular spiral (e); octagonal spiral (f); spiral inductor with air bridge (g).
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Considering the inductor strip in Figure 4.2(a) as a high-impedance
transmission line, we can write:

L=le\/?(H),

where | is the length of the strip in millimeters, ¢ = 3 x 10" mm/s, Z, is the
characteristic impedance of the inductor strip in ohms, and & is the effec-
tive dielectric constant of the inductor strip. In practice, a straight strip is
used for the low inductance values between 1 and 3 nH.

The meander line inductor [Figure 4.2(b)] is used to reduce the area
occupied by the element. In the meander inductor, adjacent conductors
have equal and opposite current flows, which reduce the total inductance.
Mutual coupling effects are usually small if the spacing is greater than
three strip widths. The strip width is much smaller than the substrate
thickness.

A single-turn circular inductor in Figure 4.2(c) has an inductance [9]

a
+J +0.078}kg (nH),

L=1.257 D0‘3a{ln(
w

where a, W, and t are in centimeters.

Spiral inductors can have a circular [Figure 4.2(d)], a rectangular [Fig-
ure 4.2(e)], or an octagonal [Figure 4.2(f)] configuration. The connection
from the center of the spiral inductor to the outside can be made with a via
and a trace on the opposite side of the substrate, an air bridge [see Figure
4.2(g)], or a bond wire. The general relationship for a circular spiral is
[9, 10]:

_39.39n%a’

= nH),
8a+llc (nH)

where a = (D + d)/4, c = (D — d)/2, D and d are, respectively, the maxi-
mum and minimum diameters of a circular spiral, in millimeters, and n is
the number of turns.

An improved equation that is more appropriate for use with planar spi-
ral inductors was derived by Burkett [11]:
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_31.5n%’°

nH).
6a+10c (nH)

Typical inductance values for monolithic circuits fall in range 0.5 to 10
nH.
Unloaded Q of an inductor may be calculated from

wlL

Q:?!

where wis angular frequency (in hertz), L is inductance (in nanohenries),

R= Zxaqlm‘up

is resistance (in ohms), pis resistivity in onm-meters, 4 is permeability in
henrys per meter, W is width in meters, and f is frequency in hertz.

The resistance of spiral inductors depends on frequency because of the
skin effect. The Q of an inductor depends directly on the inductance. The
two most important geometric parameters affecting Q are the conductor
width-to-spacing ratio and the inductor outside diameter [11]. The Q
increases with an increase in the outside diameter. The Q-factor increases
as the square root of the frequency due to the skin effect. Circular spiral
inductors have higher Q than rectangular inductors; however, they also
have lower inductance for an equivalent area. To realize high-quality
inductors, thicker metal with higher conductivity (e.g., copper and gold)
can be used to overcome the series resistive loss.

Parasitic capacitances will cause a spiral inductor to have a self-reso-
nance. The most basic parasitic capacitance is that which is created by the
coupling between the turns of the inductor. When a ground plane is under
the spiral inductor, we have additional parasitic capacitance between spi-
ral and ground. The self-resonant frequency must be at least twice the
maximum operating frequency for the inductance to have a constant
value.

The ideal case of the inductor is in free space with no ground plane.
The presence of a ground plane affects the inductance value, which
decreases as the ground plane is brought nearer. This decrease can be
taken into account by means of a correction factor k, [see (4.4)]. When a
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ground plane is necessary in a hybrid circuit, the maximum inductance is
limited for a print spiral inductor.

The spiral inductor should have the widest possible line, while keeping
the overall diameter small [10]. This implies that the separation between
the turns should be as small as possible. However, in monolithic circuits
processing limits require W > 5 gm and S > 5 gm, and in hybrid MICs
W >10 gmand S > 10 gm. The ratio of inner diameter to outer diameter
equal to 0.5 optimizes the value Q, but not the maximum inductance
value.

4.3.2. Dual-Spiral “Surprise”

The conventional spiral inductors [see Figure 4.2(d-g)] have some disad-
vantages. The spiral inductor requires two metal layers, one for the spiral
inductor itself and another for an air bridge [Figure 4.2(g)] to provide
crossover connection between the inductor center and outer circuitry. In
this case, the bridge crossing the turns of the spiral produces parasitic
feedback, increases insertion losses, and makes fabrication costly. Tech-
nology of the air bridge structure includes additional processes, for exam-
ple, the deposition of a photoresist, which then should be removed from
between the bridge and the substrate. The air bridge’s physical dimen-
sions are critical and should be determined as a compromise between
electrical and mechanical requirements.

These disadvantages can be eliminated by using novel single-layer
spiral inductors (Figure 4.3) [12]. These dual-spiral inductors consist of
two spirals. The first spiral is realized by a conductor moving from the
input to the center terminal at a monolithically decreasing distance from
the center terminal traveling in a clockwise (or counterclockwise) direc-
tion. The second spiral is realized by a conductor moving from the center
terminal to the output terminal at a monolithically increasing distance
from the center terminal traveling in a counterclockwise (or clockwise)
direction.

To minimize parasitic capacitance between the spiral conductor and
ground plane, these inductors can be realized without a ground plane
under the spiral conductor, or the bottom metal plane can be distant from
the spiral inductor turns and close to appropriate input/output lines [see
Figure 4.3(d)].
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Figure4.3. Single-layer spiral inductors: circle configuration (a); square configuration (b); octagonal
configuration (c); side view (d).

The three most important geometric parameters affecting loss and Q-
factor are the conductor space, conductor width, and spiral-inductor out-
side dimensions. The maximum outside dimensions of these single-layer
spiral inductors should be less than ~A/300 (A is the guide spiral wave-
length), or total spiral line length should be a small fraction of the guided
wavelength in order to avoid distributed effect. Therefore, for example,
spiral inductors with dimensions 0.3" x 0.3" can be used at HF and VHF
frequency ranges.

Four single-layer square spiral inductors (see Table 4.1) differing in
dimensions were simulated” and the results compared (see Figure 4.4 and
Table 4.1). All inductors were fabricated on G-10 substrate with 65 mil
thickness.

The inductor loss and mismatching are increased radically with
increasing frequency above 200 MHz [see Figure 4.4(c)] because the
phase-shift effect along the spiral length causes out-of-phase currents
from segment to segment at higher frequencies.

When the space between turns becomes narrow (see spirals A and D in
Table 4.1), spiral return loss and insertion loss are improved. When the
line width increases (see spirals D and A or B in Table 4.1), there is no
improving of S-parameter characteristics. Wider line dimension reduces

*These inductors were simulated by T. A. Miracco (Applied Wave Research, Inc.).
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Figure 4.4. Single-layer square inductor frequency characteristics: insertion loss at VHF range (a);
return loss at VHF range (b); insertion loss at UHF range (c).
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the dc resistance of the spiral. However, the parasitic capacitance of the
inductor increases with the line width.

The ability to miniaturize spiral inductors, together with the reduction
in technology and assembly cost, makes planar inductors (Figure 4.3)
very attractive for HMIC and MMIC elements and devices at HF and
VHF ranges.
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TABLE 4.1. Simulation Results for the Four Single-Layer Square Spiral Inductors

Square Spiral Inductors A B C D
Width (mil) 14.0 14.0 14.0 19.6
Space (mil) 8.4 14.0 28.0 8.4
Outside dimensions 162 x 154 196 x 182 280 x 266  207.2 x 190.4
(mil)

Spiral length (in) 1.123 1.274 1.862 1.247
Inductance (nH) 10.1 13.3 22.2 10.1
Q-factor 29.7 33.9 37.8 29.5
Resistance (Q) 0.034 0.039 0.059 0.034
Capacitance (pF) 0.3 0.4 0.7 0.3
S,;(dB) 245 26.0 18.0 25.9
S,, (dB) 0.043 0.035 0.12 0.036
S,, Ang (deg) 45 5.6 10.1 4.7

4.4. RESISTORS, TERMINATIONS, AND ATTENUATORS

The desirable characteristics of film resistors are:

» Low temperature coefficient of resistance (TCR);

* Good adhesion of the resistive film to substrate and conductors;

 Minimal dimensions because transmission line effects are to be
ignored,;

* Adequate dissipation capability;

» Good stable resistance value, which should not change with time.

Lumped-element resistors can be used in attenuators, dividers/com-
biners, and biasing circuits, and they can also act as matched terminations.
Resistors for MIC may be realized in chip form or fabricated by planar
construction.
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Figure 4.5. Planar resistors, terminations, and attenuators: rectangular resistor (a); multi-stub termi-
nation (b); meander attenuator (c); spiral termination (d).

The size selected depends on a trade-off between power requirements
and frequency range. The smaller chips may be used at a higher frequency
due to their lower parasitic shunt capacitance. Higher-power resistors
have a larger area, and, therefore, they exhibit greater parasitic capaci-
tance to ground.

Planar resistors are produced by depositing films of lossy metal on the
dielectric base. Nichrome and tantalum are widely used due to their good
stability and low TCR.

The resistance of a film rectangular resistor [Figure 4.5(a)] of length |,
width W, and thickness t is given by

I
R='0—S:RSL:RSn (@), (4.5)
tw w
where g, is the resistivity of the resistor material in ohm-centimeters; I, W,
and t are dimensions in centimeters; and Ry = p,/t (Q/square) is the sur-
face resistivity (resistance of a square of metal film of thickness t).

For a square film resistor when | = W (n = 1), we obtain
R= % Q).

Therefore, resistance of the square of a film resistor does not depend
on resistor area.
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Let us discuss the main considerations in picking the thickness t of the
film. Usually thickness is much less than skin depth. Very thin films are
nonhomogeneous in their chemical composition and structure. This leads
to a lower percentage of quality resistors produced and to aging—a drift
of resistance from the original value over a period of time. Besides, there
is an optimum film thickness which produces the lowest TCR. Typical
thickness values are 0.01 to 0.1 um. The thickness t of the film determines
the surface resistance R..

The length and width of a film resistor determine the number of film
squares [see (4.5)]. The minimum width (W) is determined by the limita-
tions of the fabrication process and the necessity of preventing the para-
sitic effects of the neighboring elements. Having picked the width, one
can then pick the length (1) of the resistor according to the number (n) of
squares required for the given resistance R [see (4.5)]. The resistor area
should be as large as possible to provide maximum power dissipation.
Thus, for high-power applications, it is advisable to pick | and W so as to
maximize the area. A larger size also allows for better precision in fabri-
cation. One has to keep in mind, however, that linear dimensions of a
lumped-element resistor must be less than A/10.

The biggest problems in planar resistor are the parasitic capacitance
and inductance, which make the film resistor exhibit a frequency depen-
dence at high frequency range.

Lumped resistors are used in the design of matched terminations. The
termination consists of a segment of a transmission line with a gap for a
connection of the resistor. One of the outputs of the resistor is connected
to the transmission line, and the other is grounded. A direct connection
with ground is sometimes difficult to accomplish in production. Ground-
ing can be achieved by virtual configuration. For the virtual grounding, an
open-circuited stub of the length

I=(2n+1)%

acts as short circuit at its input terminal. For a wider bandwidth, Z/Z, (Z is
the characteristic impedance of the input line and Z, is the input imped-
ance of the stub) can be increased.

Another option is a parallel connection of two or more open-circuited
stubs directly to the output of the resistor. Figure 4.5(b) shows a planar
broadband termination [13] that consists of input strip conductor 1, film
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resistor 2, and open-circuited stubs 3. The lengths of the stubs |, I,, ..., I;,
..., | are equal to A\;/4, where /\, is the guide wavelength corresponding to
the subrange of the given frequency range. The configuration of a film
resistor and lengths and number of stubs are determined by the required
bandwidth and the maximum power. Tapered stubs [Figure 4.5(b)] are
shorter than the equivalent regular transmission line stubs and provide a
wider bandwidth.

Distributed planar attenuator or termination can be realized by using a
high-loss uniform microstrip line, which is several wavelengths long [Fig-
ure 4.5(c, d)] [14]. This line is realized by a film with a high surface resis-
tance Rg. To increase the surface resistance, the thickness t of the line is
chosen to be significantly less than skin layer thickness. An alternative is
using a low-conductivity material.

The conductive losses are equal:

R .
= Nep/unit length]. 4.6
a, ZxW[EP/UItegt] (4.6)

It is important to remember that the high-loss line connected to a regu-
lar transmission line with low loss produces reflection characterized by
coefficient [14]

N 008
e Z xW

Therefore, a compromise must be reached in selecting R..

For high attenuation values with limited dimensions, conductor of
attenuator or termination can be given a meander or spiral line shape [Fig-
ure 4.5(c, d)]. The distance between the adjacent conductors of such line
must be greater than the doubled width of the conductors. The present
attenuator/termination does not require a special configuration of the
resistive film, which may have a constant width equal to the width of the
regular input transmission line. In this case, the absorption of energy in
the film resistor is more uniform, and the maximum dissipated power is
greater than in attenuator/termination with a varied conductor width (non-
uniform line).

Resistive attenuators (pads) have many applications as series loss ele-
ments, step attenuators (see Chapter 13), and return loss control devices.
It is known that matched attenuators can be realized either as a TEE-sec-
tion [Figure 4.6(a)] or as a 7-section [Figure 4.6(b)].

M= 4.7)
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Figure4.6. Lumped element resistive attenuators: TEE-section (a); 7~section (b).

For the TEE-section we can see the following:

_A-1
==
2A

2 A2 -1

R oRL
2R,

where A=10"% is a numerical ratio of input to output voltage
(attenuation, not a decibel notation), and a is attenuation in deci-
bels, as follows:

1+R? +2R,
_R12

a=20log (dB).

These equations assume an infinity input/output return loss. The next

equations should be used for nonperfect return loss:

e Attenuation:

2+2R, +Y,(1+ 2R, +R?)
2
where Y, = 1/R, is normalized conductance;

a=20log

(dB),
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e Return loss:

2+2R +Y,(1+2R, +R?)
2R, -Y,(1-R?)

For the 7-section [Figure 4.6(b)] normalized resistor values are

2mwyﬁ$ﬂmm)éﬂzmmg (dB).

1 1
=—| A-— ,
w344
R2=A+1,
A-1
1
Rl_R+1’

and attenuation is equal to

a=20log

2R§+5R22+4R2+1 (dB)
5 .
For nonperfect return loss, attenuation is

2+&+Y42+2a+nﬁg(dm
5 :

a=20log
and return loss is

Y,(2+Y,R)
2omg;yéJ_2omg;yéA_20|g2+R V.2 2R, +V.R) (dB).

4.5. RESONATORS

Two-dimensional (or planar) and three-dimensional resonators are used in
MICs (filters, oscillators, amplifiers, and so forth).

Let us consider different types of planar resonators (see Table 4.2)
[15]. Open- and short-circuited distributed transmission lines (Figures 1
and 2 of Table 4.2) are often used as resonators in the microwave range. It
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is difficult in practice to build a short-circuited resonator of exactly the
desired length. It is also difficult to control the ground point of shorted
resonators, but easy to control an open point. One disadvantage of an
opened resonator is radiation from the open end and, therefore, a low
Q-factor. In practice the open-circuited resonators are preferred.

A half-wavelength microstrip or stripline resonator is shown in row
2(a) of Table 4.2. Its equivalent length is

AO
O
where Al is the edge-effect length due to the fringing field at each end (see
next paragraph). This resonator can also resonate at f = nf, (n =2, 3, ...).

To decrease radiation from the edges, we can use the hairpin configu-
ration [see Figure 2(b) of Table 4.2]. As the spacing S is reduced, the can-
celing of the oppositely phased radiation fields in the open ends becomes
more complete.

Fringe effects are eliminated in ring- and square-shaped resonators
[Figures 7 and 8 of Table 4.2). However, with certain dimensions, these
resonators can radiate energy perpendicularly to the substrate surface. The
wider the ring, the higher the possible mode of oscillations. When the
width of the ring is greater than A,/2, the high modes arise. In the limiting
case, when 2 W/d = 1, the ring resonator becomes a disk resonator (Figure
9 of Table 4.2). The bigger the radius of the disk, the higher the oscillation
mode that arises. Patch resonators (Figures 9 and 10 of Table 4.2) permit
the increase the power-handling capability and decrease conductor losses
as compared with narrow print line resonators.

Three-dimension dielectric or ferrite resonators can be realized in var-
ious configurations. Resonators of cylindrical (or disk) shape are most
frequently used in microwave circuits. In most applications, the ratio of
height to diameter of a cylindrical resonator is chosen to be close to 0.4.
The unloaded Q of a resonator depends on dielectric, conductive, and
radiation losses:

L, =t+2a1="0
2
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where Q_ and Q, are determined by dissipation in conductor and dielectric
respectively, and Q,,, is the radiation factor. The quality factor Q of
dielectric resonator decreases with increased frequency.

Dielectric resonators are evaluated by their dielectric constant ¢
dielectric loss tangent, tand, and the temperature coefficient of the reso-
nant frequency.

Materials used for three-dimensional resonators are dielectrics or fer-
rites with high dielectric constants, typically around 40 to 70, so that most
of the electromagnetic energy is concentrated within the dielectric resona-
tor. As a result, these resonators reduce the volume approximately by

1/ Exr -

We have to remember, however, that the total volume also includes hous-
ing.
A major problem with high-£ and high-Q materials is poor tempera-
ture stability of the dielectric constant and the resulting instability of the
resonance frequency. In the best modern materials Ba, Ti,O,,, BaTi,O,, (Zr
-Sn)TiO,, and so forth [2], with &= 30-40, the variation of resonance fre-
quency with temperature is approximately +4 ppm/°C.

The principle of ferrite resonators is based on ferrimagnetic resonance
which arises when a dc magnetic field is applied (see Chapter 12). The
resonance frequency can be adjusted by changing the field strength.

4.6. DISCONTINUITIES

Discontinuities in microwave circuits include open and short ends, air
bridges, gaps, steps in width, bends (or corners), and T- and Y-junctions.
The influence of discontinuities on parameters of MIC grows with an
increase in operation frequency, because physical dimensions of disconti-
nuities become commensurable with wavelength in transmission line.

We have to take into account discontinuity effects to minimize para-
sitic reactances and improve electrical characteristics of microwave and
RF circuits.

Gap in the strip conductor [Figure 4.1(a)] is used to build up, for
example, a coupling element in filters and dc blocks. However, it can have
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parasitic properties as a part of a print circuit where surface-mount com-
ponents require a definite space between strip conductors. There are elec-
trical fields between each strip conductor end and the ground plane, as
well as between the two conductor ends. A gap in stripline or microstrip
line can be equivalently represented as a 7~capacitor circuit [see Figure
4.1(b)]. This circuit between the two reference planes T, and T, at each
end of the gap consists of a series coupling capacitance C, and two paral-
lel fringing capacitances C, between the conductor open ends and the
ground [16]. For the gap in microstrip line, normalized capacitances C,/h
and C,/h versus normalized gaps S/h for W/h = 0.5, 1.0, 1.5, 2.0, 3.0, 4.0
are illustrated in [17, 18]. For narrow gaps, C, approaches zero and C,
increases. Practical series capacitance values are approximately 0.01 to
0.5 pF. For a very large gap, the capacitance values C, approach zero and
this discontinuity becomes equivalent to an open-circuit end.

Open-circuit ends of planar transmission lines are part of open match-
ing stubs, open-circuit resonators used in filters and other devices. The
open end of a strip conductor emits some radiation and fringing field that
can be seen as either adding to capacitance between the open end and
ground or increasing the effective line length [19-21]. The relationship
between the two equivalent parameters was described in [22]. The end
capacitance is equivalent to edge-effect length for which normalized value
Al/h versus normalized conductor width and relative dielectric constant of
substrate are shown in [20].

Short circuits (Figure 4.7) are used in filters, matching stub lines, and
resonators to obtain grounded points on the upper surface of substrate. A
real short circuit causes field and current distortions in the strip conductor.
Different versions of short circuits are shown in Figure 4.7(a, b). A short
plated through-hole, or via, provides low inductance between the top con-
ductor and ground plane or between two microstrip lines [Figure 4.7(a)].
Vias can be realized by depositing the metal around the cylindrical sur-
face. The short circuit [Figure 4.7(b)] is a metal ribbon of length h and
width w bonded to both the microstrip conductor and the ground plane.

An equivalent of a short circuit may be represented by the T-circuit in
Figure 4.7(c). All parameters of this circuit have inductive characteristics
because the magnetic field dominates in this discontinuity. Short circuit
can be described by an ideally short-circuited uniform extension Al, of the
microstrip line [see Figure 4.7(d)] [21, 23].
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Figure 4.7. Short circuit: base configuration (via) (a); version of short circuit (b); equivalent circuit
(c); equivalent extension Al (d).

Air bridges [Figure 4.2(g)] are now a common practice in spiral induc-
tors and coplanar waveguides. The air bridge technique is used in order to
reduce parasitic capacitances due to the high-permittivity substrate. The
parasitic capacitance in this structure depends on the air gap h, between
the two metal lines in the area of crossover. This parallel-plate capaci-
tance can be given as (4.2) multiplied by 1.7 [24] to include the effect of
fringing or stray capacitances. Air bridges have low parasitic capacitance
because the low dielectric constant of air and relatively large spacing
between two metal lines.

Bends or corners [Figure 4.8(a)] are used for changing the direction of
a strip conductor, as well as in rectangular resonators, coupled line direc-
tional couplers, filters, and so forth. A right-angled bend can be equiva-
lently represented by the circuit in Figure 4.8(b), where parallel capacitor
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Figure 4.8. Right-angle microstrip bend: uncompensated bend (a); equivalent circuit (b); compen-
sated bend (c).

C, accounts for the stored electric energy, and Al accounts for the current
and stored magnetic energy. C, and Al are determined with respect to the
structurally defined reference planes T, and T,. Parameters of the present
equivalent circuit have been evaluated in [16, 23, 25-27]. For compensa-
tion of parasitic reactances and, hence, improving matching of the micros-
trip bend, it is necessary to reduce the bend capacitance in a symmetrical
manner, as illustrated in Figure 4.8(c). The relative chamfer X/d, in per-
cent, is determined by

Xoooo (o d=X). [ wy2-x)
5100/0-[1 ]100/0_“ w5

where d is the total diagonal and X is that part of the diagonal that has
been cut off. Douville and James [27] analyzed microstrip bends with var-
ious amounts of chamfering.

Steps are changes in width of a strip conductor [Figure 4.9(a)] or, in
other words, junction of two cascaded planar transmission lines with dif-
ferent characteristic impedances. These discontinuities occur in trans-
formers, filters, directional couplers, dividers/combiners, and matching

1009%,
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Figure4.9. Step: base configuration (a); equivalent circuit (b).
1 T

Ty

Figure4.10. T junction: base configuration (a); compensation techniques (b); equivalent circuit (c).
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networks. The equivalent circuit of a step discontinuity is shown in Figure
4.9(b). The electric field at the border between the narrow and the wide
conductors is distorted, and excess fringing electrical field can be made
equivalent by the step capacitance C,. The current compression can be
modeled by a series inductance L¢. The reactive elements of this equiva-
lent circuit for a microstrip step are given in [4, 16, 23].

T-junctions connect two print lines in parallel to a common input line
[see Figure 4.10(a)]. This connection is used in dividers/combiners, direc-
tional couplers, bias networks, and PIN-diode switches, and so forth. The
static equivalent circuit [Figure 4.10(c)] includes two series inductances
L, in the main line, one series inductance L, in the branch line, parallel
capacitance C; in the center junction, and an ideal transformer with turns
ratio 1:n (if there is no dispersion, n = 1). The normalized inductances and
capacitances as functions of physical dimensions of the microstrip line are
given in [10, 16, 26, 28]. Discontinuities should be compensated for to
improve matching of input/output ports. This is possible, for example, by
using triangular and rectangular notches [see Figure 4.10(b)] and by
adjusting the lengths of the tree lines forming the junction.

Notch [Figure 4.10(b)] into microstrip width yields an equivalent
series inductance. As a slit S is widened, the structure begins to appear as
a asymmetrical step between microstrip line of width W and W, For rela-
tively small S of notch, there is a gap capacitance between two microstrip
lines of width W separated by gap S.
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CHAPTER 5

Common Features and
Parameters of Networks

5.1. MULTIPORT NETWORK AS “PANDORA’S BOX”

In Greek mythology, a beautiful woman was created by Hephaestus from
earth and water and given many gifts by the gods. Pandora (“the multi-
gifted™) became her name. Zeus gave her a box that he told her never to
open. Unable to resist the temptation, Pandora opened the box and all of
life’s sufferings and misfortunes, which had been kept inside, spread
around the world.

Any multiport network, however complicated, is often represented as
a “black box,” referring to the mysteriousness of its contents. To open it
and to see what is inside is often as troublesome as opening Pandora’s
box. Not only are microwave modules practically impossible to test on
the inside, but opening it can easily alter its characteristics. For these rea-
sons, the black box is usually left unopened during the last stages of
design and measurement. Instead, one concentrates on what happens at
the ports, which can provide all the necessary information. Such an
approach is widely known in microwave as the “wave approach,”
because it takes into account only the voltage and current waves of inputs
and outputs of multiport networks. The wave approach is useful also

81
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because practical measurement uses wave parameters and reflection and
transmission coefficients.

It should be noted that in the earlier stages of the design process, when
a careful calculation of a device is needed, one considers one-, two-,
three-, and four-port networks as elementary black boxes forming the
desired circuit. Therefore, it is important to become fluent in the calcula-
tion and design of the above elementary networks before turning to the
more complicated multiport networks.

5.2. COMMON FEATURES AND PARAMETERS OF TWO-PORT
NETWORKS

A two-port network is an electrical device that has two ports, one that
serves to connect it to an energy source (e.g., an oscillator) and one that
serves to connect it to a load. We will call the first port the input and the
second port the output. Let us consider a regular two-port network in
which currents are equal and opposite at each pair of terminals [Figure
5.1(a)]. In this case, a port may be regarded as a pair of terminals in which
the current into one terminal is equal to the current out of the other. The
flow of energy from port 1 to port 2 (from left to right) corresponds to the
positive direction of current [Figure 5.1(a)].

PN 2
Ul o1 — 2 1,

b

Figure5.1. A basic two-port network: currents and voltages relevant to the definition of matrices [A]
(or [ABCDY]), [z], and [y] (a); incident and reflected waves relevant to the definition of matrices [T]
and [S] of a “black box” (b).
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Consider the general linear two-port network in which voltage-current
relationships are linear. These linear relationships may be defined as

lj1 = é1102 + é(12 rZ} (51)
Il = é21U2 + gZZIZ
L]1 = lerl + Z12 |~2 } (52)
U2 = Zlel + ZZZIZ
iwl = ylltjl + y1202 } (53)
|2 = y21U1 + y22U2

The above equations can be represented in matrix notation as

L e

u o e
Nyl o

where [a] is the classic transfer matrix, [z] is the impedance matrix, [y] is
the admittance matrix, and

Wi

are the corresponding vectors for the two-port network.

The individual parameters are specified when the current in the second
port is zero (1, = 0), which corresponds to the second port being open-cir-
cuited. In this case from (5.1) and (5.2), open-circuit parameters can be
written as

11

U I, U, u,
1 = 1 Z = ] Z = :
a21 U2 Il 21 Il
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Coefficient

:ay
8y

is the input impedance, and coefficient a,, is the voltage transmission
coefficient. Characteristics a,,, a,,, Z,,, Z;, can be defined similarly when
the input is opened (1,= 0).

In the short-circuit mode, we have the following short-circuit parame-
ters:

— Il — Ul — Il - I2
a22 Iz’aiz Iz ’yll Ul’y21 Ul'

Coefficient y,, = a,,/a,, is the input admittance, and a,, is the current
transmission coefficient.

Figure 5.1(b) shows a schematic diagram of a two-port network repre-
sented by a black box with the incident traveling waves &, d, flowing
into the two-port and the reflected traveling waves b1 flowing out of
the two-port. These waves are related by

B =t b, | (5.4)
B, =t,4, +1,5,
61 = Sllél + 51262 } (55)
52 = SZlgl + SZZbZ

where t,, t,,, t,,, t,, are transfer matrix coefficients, and s, S,, S,;, S,, are
scattering parameters (or s-parameters).
In matrix notation, (5.4) and (5.5) are then written as

3 i)
S el

where [t] is the transfer matrix, [s] is the scattering matrix, and
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~ ~ I~ ~
I ~ I

RF and microwave range test equipment is not capable of measuring
the voltages and currents of networks. For the given range, power in
inputs (or outputs) of networks is a more convenient characteristic to mea-
sure. In order to account for the phase relationships, it is necessary to
think of power as the product of complex values of current and voltage.

Wave processes at the inputs and outputs of networks are usually
described by the normalized wave matrices. It is helpful to define normal-
ized voltages, currents, and incident and reflected waves as follows:

=iz, =1z,

e ﬁ‘ =

where all elements of normalized matrices are dimensionless.
Relationships between normalized and non-normalized matrices are
given in Appendix C, where

* [z], [y], and [a] are non-normalized impedance, admittance, and classi-
cal transfer matrices, respectively.

» [A] (or [ABCD]) is the classical normalized transfer matrix.

e [T] and [S] are normalized wave transfer and scattering matrices,
respectively.

Calculations are most easily made using a-, A- (or ABCD-), and T-
parameters, because elements are cascaded simply by multiplying their
matrices. This, however, applies only to transfer matrices, not to scatter-
ing matrices. On the other hand, the scattering matrix is more convenient
for measurement. Transfer matrices based on voltages and currents are
not directly measurable at RF and microwave frequencies.

Let us consider the physical interpretation of wave matrix elements.
Transfer matrix element T,, is the voltage transmission coefficient of a
two-port network with input and output lines having characteristic imped-
ances z, and z,. Scattering matrix element S,, is the voltage reflection
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coefficient of the input port 1 with output 2 matched when energy travels
from the first port to the second port. Scattering matrix coefficient
S,, = /T, is the reverse voltage transmission coefficient when the direc-
tion of energy flow is positive (from port 1 to port 2). Element S, is the
reverse voltage transmission coefficient for the negative flow of energy
(from port 2 to port 1). Element S,, is the voltage reflection coefficient of
port 2 with port 1 matched for the negative flow of energy.

When the direction of energy flow is changed, indexes of scattering
matrix coefficients are changed to their opposite: S, < S,

Let us consider the properties of two-port networks. If a two-port net-
work is reciprocal, the scattering matrix is symmetrical or the S-parame-
ters are equal to their corresponding transpose [1], that is,

[s]=]s]. (5.6)
where the subscript t means “transposed.” In this case
S =S,
and for transfer matrix coefficients
Tl=1 =L |a=1

where

|T| =TTy =TTy = S%l’
|A| = AL A, — ALA,
|a| =38,y ~a,8,.

Reciprocity is a very important property of many RF and microwave
devices.

For symmetrical and reciprocal two-port networks, matrix elements
remain the same when the direction of energy flow is changed; therefore,

s o) 0% 7
W= ] e

Ay Ay 8y 8y
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A symmetrical two-port network is also reciprocal, but a reciprocal
two-port network can be symmetrical or asymmetrical.

An antimetric two-port is a network in which the normalized input
impedance with an open-circuit output during the positive flow of energy
is equal to the normalized input admittance during the negative flow of
energy. For such a two-port, matrices [S], [T], and [A] are

[S]:{zn _3812 }, [T]z[ln 11:12}, [A]:{An A12:|
12 11 12 22 A21 A22
The scattering matrix [S] of a lossless network meets the unitary con-
dition
[Sl[s]=[1]. (5.7)

where [§]t is the complex conjugate transpose of [S]; [1] is the unit
matrix.
For a reciprocal lossless two-port network,

[s1[s] =[] (5.8)
or

|511|2 + |512|2 =1

|821|2 + |322|2 =1

S,,S,, +5,,S,, =0,
where S/, S,, are the complex conjugates of the corresponding terms.

The first two equations characterize the principle of conservation of
energy: if the RF or microwave device is lossless, the output power must
be equal to the input power, minus the power reflected from the input. The
third equation shows phase relation between the corresponding matrix
coefficients.

For a reciprocal and lossless two-port network, relationships between
transfer matrix coefficients are

*

Ty =Ty Ty =T,
1

L =L =2efTaf = e
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Insertion loss of any two-port network is

C=1010g[0.5(A, + A, + A, + A, ) (dB),

for a lossless two-port

C :10|og[1+ 0.5(Ay = Ay + Ay - Azz)ﬂ (dB)

and for a lossless and symmetrical four-port

C=10l0g|1+[05(A, - A, )[ |(¢B).

In an active two-port network for at least one direction of energy flow,
the energy dissipated on the passive termination exceeds the input energy
between t = 0 (start of transmission) and t— . In a passive two-port net-
work, the energy dissipated on the passive termination never exceeds the
input energy. In a linear two-port network, input and output currents and
voltages are linearly related. The discussed methods for analyzing two-
port networks will now be extended to multiport networks, in particular,
the four-ports.

5.3. PARAMETERS AND FEATURES OF FOUR-PORT
NETWORKS

The relationships between normalized currents and voltages at different
ports of a four-port network [Figure 5.2(a)] are described by

U, =AU + AU, + Al + ALl
U, =AU, + AU, + Al + ALl
= AUy + AU, + Agly + Ayl |
I, = AgU; + AU, + Al + Al

In matrix notation, (5.9) is then written as

(5.9)
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U,
U
Iy

I,

A A A AU

A A, Ag Ay |IUg

An Ay As Ayl
An An Ag ALl

“|=[A r’
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Matrix [A] is known as the normalized classical transfer matrix, or

matrix [ABCD].

The schematic diagram of a four-port network showing incident and
reflected waves is illustrated in Figure 5.2(b). The standard relations
between these waves are

b, =S,a +S,8, + 5,8, + 5,3,
b, =S, +5,8, +5;38; + 5,3,
b = S;8, +S;a, + S8, + Sy,
b, =S8, +S,8, + S48, + 5,8,

Iy I3
U} 1 3 {U;
]
I I3
I, Iy
F— —2
Uy} 2 4 {U,
I l

(5.10)

Figure5.2. A basic four-port network: currents and voltages relevant to the definition of matrices [A]

(or [ABCD]), [z], and [y] (a); incident and reflected waves relevant to the definition of matrices [T]
and [S] of a “black box” (b).
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where a,, a,, a,, 8, are incident normalized voltage waves; b,, b,, b, b, are
reflected normalized voltage waves; and S,,, S,,, ..., S,,, S,, are normalized
S-parameters.

Equation (5.10) can be rewritten in matrix form as follows:

bl Sll S12 S13 S14 al a1
b2 - S21 S22 823 S24 aQ - [ S] aQ ,
b3 S31 S32 S33 S34 aS a3
b4 S41 S42 S43 S44 a4 a4

where [S] is the normalized scattering matrix:

Sll s12 S13 S14

[S] - S21 S22 S23 S24 . (511)
S31 832 S33 S34
S41 S42 S43 844

Each element on the main diagonal of the scattering matrix is a reflec-
tion coefficient of a corresponding port when the other ports are termi-
nated by perfect matched loads. The off-diagonal elements are
transmission coefficients between the ports.

Another useful representation (for a cascade connection) is given by
the following expressions:

a = T11b3 +T,b, + Tpa, +T,8,,
a = T21b3 + T22b4 + T8, + T4,
b, =Tyb, +Ty,b, + T8, + Ty,
b, = T41b3 +T,b, + Tpdy + 1,8,

In matrix form:
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a1 Tll T12 Tl3 T14 b3 b3
a2 - T21 T22 T23 T24 b4 — [T] b4 ’
bl T31 T32 T33 T34 aS a3
bZ T41 T42 T43 T44 a4 a4

where [T] is the normalized wave transfer matrix:

Tll T12 Tl3 Tl4
[T] - T21 T22 T23 T24 .

T31 T32 T33 T34

T41 T42 T43 T44

The relationship between the entries of [A] (or [ABCD]), [S], and [T]
are summarized in Appendix C.

Let us consider the properties of four-port networks. For a four-port
network described by matrix [S], the reciprocity condition is expressed
through the equation

[s]=[s]. (5.12)

where [S], is the transposed scattering matrix.
For a lossless passive four-port network the scattering matrix satisfies
the unitary condition:

[S][s]=14], (5.13)

where [S], is the transposed scattering matrix with all elements replaced
by their complex conjugates.

For a four-port that is both reciprocal and lossless [see (5.12) and
(5.13)1,

[sl[S], =[a]. (5.14)
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The result of (5.14) is

|Sll|2 +|Slz|2 "'|Sl3|2 +|Sl4|2 =1
|821|2 +|822|2 +|S23|2 +|Sz4|2 =1
|531|2 +|332|2 +|533|2 +|534|2 =1
1Sul" +[Swl +|Sul +[Su|" =1
3113; + 312322 + SBS;2 + SMS:2 =0
S, + 5,5, 5,5, +5,5,, =0
S,S., 5,5, + 5.5, +S,S,, =0
SZISI3 + 822823 + 8233;3 + 324323 =0
3213; + 322324 + 323324 + 324324 =0
S,.Si +S5,S,, + S5, +S,S,, =0

(5.15)

where the asterisk indicates a complex conjugate.

A four-port network has electrical symmetry if a 180° rotation around
the plane of symmetry with mutual replacement of ports does not change
the parameters of the network. Symmetry can be partial or full (com-
pletely). For partial symmetry with respect to the YY plane [Figure 5.3(a)],
scattering and transfer matrices are

Sll S12 S13 Sl4
- S: Su Su Sa
S13 Sl4 SSS S34
S e S Sall (5.16)
Ty To T T
)= To Tu T Ty
T31 T32 T33 T34
T32 TSl T34 T33_
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Figure 5.3. Four-port networks with different symmetry types: partial symmetry with plane YY (a);
partial symmetry with plane XX (b); full symmetry with planes YY and XX (c).

For a partial symmetry with respect to the XX plane [Figure 5.3(b)], they

are

w

Tl 1
T12

11
S

gl=| ™2

51=|s
Sia

Tl=

[ ] T
Ty,

B(/)
m(/'J
';(/'J

=
~
%
=

w wm
N
’;U)

N wn
N

wn
K;U)

wn
N

24
TlZ T13
T22 T23

_ng T3
_T24 T34

w

T14

T24
T34
T44

(5.17)

For full symmetry (planes YY and XX) [Figure 5.3(c)], we obtain the

following
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BU) S(.I')
':U) K;(D
:(/) S(/)
% E(/)

Tll T12 Tl3 T14
12 Tll Tl4 Tl3

Tl=
[ ] _T13 - T14 T33 T34
Ty —Ts Ty Ty

(5.18)

Relationships between the elements of the scattering matrices for
reciprocal four-port networks with different types of symmetry are sum-
marized in Table 5.1 [2]. The underlined expressions hold for any type of

symmetry.

TABLE 5.1. Relationships Between Scattering Matrix Coefficients for
Reciprocal Four-Port Network with Different Types of Symmetry

Symmetry

Partial
None Axis XX Axis YY Full
Su S, =S, S =S, $,1=5,=5,=S,
SL=S, S, =5, =5,=S,, S,=S, S, =5,,=5,=5,,
Si=S, Si3=S, S35, =5,=5, S35, =5,=95,,
S,=S, S1.=5,=5,=S, S,=5,=5,=S, S$,=58,=5,=S,
S,, S,,=S, S, =S
S,,=S, SER S, =S,
S,,=$
S33
S, =S,
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5.4. SOME ADVANTAGES OF WAVE MATRICES

There are several advantages to the wave matrix representation of a net-
work at RF and microwave frequencies.

The elements of a scattering matrix are relatively easy to measure
experimentally. S-parameters are related to the power incident on and
waves reflected from network ports. In the microwave range, besides fre-
guency we can measure only power and reflection coefficients (module
and phase). These measurements are equivalent to measurements of inci-
dent and reflected waves. The Y- and Z-parameters related to the terminal
voltages and currents cannot be measured because appropriate microwave
test equipment does not exist, and also because broadband short and open
circuits are very difficult to achieve.

The principle of conservation of energy for a given device is easily
expressed through the unitary condition of the scattering matrix; it is not
easy to verify this condition when Z- and Y-matrices are used.

When reference planes of networks are changed, only the phases of
scattering matrix elements are altered. By contrast, Z- and Y-elements
change both in module and phase.

An additional advantage of the transfer matrix is revealed in cascaded
structures, where the matrix of the cascaded connection can be deter-
mined by simply multiplying the transfer matrices of its components.

The disadvantage of using wave matrices is that there is no informa-
tion about input structure and processes because the matrix describes
characteristics of outside parameters only.

5.5. MATRIX CORRELATION FOR COUPLED LINES

The basic problem in the design of coupled lines is the establishment of a
relationship between the physical dimensions and electrical parameters of
these lines. In Chapter 3 we discussed coupled lines and the relationships
between physical dimensions and wave impedances for even- and odd-
modes (Z,,, Z,,)- Now we can see why these relationships are essential. It
turns out that it is impossible to relate the dimensions of coupled lines
directly to their electrical characteristics or matrix coefficients, which is
necessary for analysis or synthesis. This is why we introduced the addi-
tional characteristics of coupled lines—z,,, z,,. These impedances bridge
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COUPLED LINES

Physical Dimensions W, S, h (or b)
Dielectric Constant €

X Even-Mode Impedance z,, .
Analysis Odd-Mode Impedance z, Synthesis

Electrical Characteristics
Scattering Matrix Coefficients

Figure5.4. Procedure for analysis and synthesis of coupled line devices.

the dimensions and electrical characteristics of coupled lines, as illus-
trated in Figure 5.4. The top part of this bridge (physical dimensions <
Zoes Zy,) Was considered in Chapter 3. Now we will determine the bottom
part—relationships between electrical parameters of coupled lines or
matrix coefficients and z,,, z,,.

Let us consider a four-port network with identical coupled lines (i.e.,
lines with identical dimensions of conductors). We will be discussing the
most frequently used connection of coupled lines to input/output lines
with identical impedances.

The normalized transfer matrix [A] (or [ABCD]) for identical coupled
lines is [3]

[ cos® 0 i0sin® irsin® |
0 Ccos®@ irsin®@ ipsin®
[A] - ism@ i sin® 05O 0 , (5.19)
w v
=i sin® iﬂ 0 cosO©
L \ w i
where
— ZOe + Z00 - ZOe B ZOo .
p 2 ! 2 (5.20)
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gLty r 1
2\z,, 2,,) P12V
1[L+LJ= p__1

2 ZOo ZOe 102 - r2 w
For coupled lines with equalized electrical and magnetic coupling,
pv=1 (5.21)

and for reciprocal coupled lines we can write the following conditions:

oW =rv=1
o -r’=rv=1,

If two ports of the four-port network are terminated by matched loads,
the coupling between voltage and current waves of the other two ports
obeys the equations of the two-port network. In most practical cases, four-
ports have shorted or opened diagonal ports.

In the case where ports 2 and 3 (or ports 1 and 4) are shorted [Figure
5.5(@)], the classical transfer matrix [A] (or [ABCD]), wave transfer
matrix [T], and wave scattering matrix [S] of the two-port network are
equal:

[—cos2 O +1+sin’ (,02 - rz)]

pCosO i

[A]:_—l 2sin®@
r _[cosze+1—sinze(p2+r2)] ’
! 25in@ peosO
1 | -(cos® +ipsine)’ —(1—r23in2®)

1= i2rsin® 1-r2sin?@ (cos® +ipsin®)*

[s]=- 1 1-r’sin®®@  i2rsin®
(cos@ +ipsin@)’| i2rsin®@  1-r’sin’@]
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If the same diagonal ports are opened [Figure 5.5(b)], these matrices
are
_ (cos2 O - o sin? e)
pCosO -l -
[A]= 1 2sin®
r (cos2 O - p’sin’ G))
| - £CosO
2sin©

7= 1 (cosG)+i,osin®)2 —(1—rzsin2 @)
i2rsin® 1-r2sin2® —(Cos@+ipsin®)2

]

Thus, we have determined the relationship between the matrix coeffi-
cients and Z,, Z,,. One can now determine the main electrical characteris-
tics of coupled lines based on the discussed physical meaning of matrix
coefficients. The above relationships will be used later in Chapters 7, 8,
and 9 in discussing analysis and synthesis of directional couplers, divid-

ers, combiners, and filters.

/ /

/
| |

\\ ‘ \\
a b
Figure5.5. Parallel coupled lines: with shorted ports 2 and 3 (a); with opened ports 2 and 3 (b).

1 {1—rzsin2® i2rsin® }
i |

(cos® +ipsin@)* | i2rsin@  1-r’sin’®
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N w )
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CHAPTER 6

Analysis of Symmetrical
Networks

6.1. ANALYSIS OF TWO-PORT NETWORKS

Many complex RF two-port networks may be represented by a cascade
arrangement of elementary two-port networks with known transfer matri-
ces [T],, [Al;, (or [ABCD],) (see, for example, Appendix C) [1, 2]. For n
cascaded two-port networks, the transfer matrix is the product of the
transfer matrices of the individual two-port networks:

[7]=1)l7),
[Al=7]0A) |

where n is the number of cascaded two-port networks.

Because matrix multiplication is not commutative, we have to multi-
ply the matrices [see (6.1)] in the proper order (from the source of the
energy to the load).

Calculations are significantly simplified if the two-port network is
symmetrical. When there is symmetry with respect to plane XX, the two-
port network can be divided into two two-port networks mirroring each

(6.1)

101
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,,,,,,,,,,,,,,,,,,,,,,,,,,,,,

Figure6.1. Analysis of symmetrical two-port network.

other (I and 11, Figure 6.1) [3-5]. In this case, instead of calculating
matrix [T] (or [A]) for the whole two-port network, it is enough to deter-
mine [T]“ (or [A]") for its left half.

Suppose a symmetric two-port network is described by transfer matrix

[T] — |:T11 T12 :|
T21 T22
and its left half (I, Figure 6.1) is described by
[T](I) — |:T1(1|) Tl(zl)}
T T

The right two-port network (I1, Figure 6.1) with the straight energy
transmission (from the source to the load) can be replaced by the left two-
port network (1) with opposite energy transmission (from the load to the
source). The relationship between transfer matrices for the two-port net-
work with straight ([T]) and opposite ([T']) energy transmission is [3]:

|:T1:1 Tl% :| - i |:Tll T12 :|' (62)
T21 T22 |T| T21 T22
where

12

|T| = T11T22 - T12T21 i

21

(722K 2]
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For the reciprocal two-port network (Figure 6.1):
S
T|=22=1. (6.3)

From (6.1), (6.2), and Appendix C, scattering matrix coefficients are

S = h — T1(1I )T2(1|) ~ Tz(zI )Tl(zl)
: T (Tl(ll))z - (T1(2|))2
11
Ty (Tl(ll))z - (Tl(zl))2

This gives insertion losses C,, of the two-port network:

(6.4)

S =

1

C,, =10log|T,,[ =10log i 1010g((T)" - (Tlg”)z‘2 dB)  (6.5)

2
2
and also the input reflection coefficient I" = S,.

Therefore, for calculation of a symmetrical two-port network, it is suf-
ficient to determine the transfer matrix coefficients of its half.

6.2. ANALYSIS OF SYMMETRICAL FOUR-PORT NETWORKS

Four-port networks symmetric with respect to one or two planes (see
Chapter 5) are frequently implemented in RF and microwave devices.

A mirror-reflection method [6] is widely used for analyzing four-port
networks symmetric about the YY plane [Figure 6.2(a)]. In the following
analysis, we extend this method to four-port networks with various types
of symmetry.

Let us consider a four-port with partial symmetry with respect to the
horizontal plane YY [Figure 6.3(a)]. We suppose that a signal of unit
amplitude +1 is applied to port 1. Such a network can then be equivalently
represented by two four-port networks with two signals of amplitude 1/2
each applied to ports 1 and 2 [Figure 6.2(b, ¢)].

In Figure 6.2(b), two in-phase signals of amplitude (+1/2, +1/2) are
applied to ports 1 and 2. This corresponds to the even mode (++), where
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Figure 6.2. Analysis of symmetrical four-port network: basic four-port network (a); even mode exci-
tation model (b); odd mode excitation model (c).

currents in ports 1 and 2 are equal in magnitude and direction. These cur-
rents cancel each other out in the plane of symmetry [Figure 6.2(b)], cre-
ating a virtual open circuit. Therefore, the plane of symmetry can be
thought of as a “magnetic wall.”

In Figure 6.2(c), two out-of-phase signals of amplitude (+1/2, -1/2)
are applied to ports 1 and 2. This corresponds to the odd mode (+-),
where currents in ports 1 and 2 are equal in magnitude and opposite in
direction. On the symmetry plane, current is at the maximum, creating a
virtual short circuit (an “electrical wall™).

In the manner described above, a four-port network with an arbitrary
number of connections in the symmetry plane [Figure 6.3(a)] can be
equivalently represented by two pairs of two-port networks corresponding
to the even and odd modes. Figure 6.3 shows one two-port network from

l’dﬁ 4’63
#— —
7 s v BYIYEETINY S
Yo S - Y
B 1 ) 1 Y e Lo,
Nom 7, # —#
- ﬁ@ vy
a Cc

Figure 6.3. From four-port network to two-port network: basic four-port network (a); even-mode
two-port network (b); odd-mode two-port network (c).
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each pair, the even-mode two-port with open connections [Figure 6.3(b)],
and the odd-mode two-port network with short-circuited connections
[Figure 6.3(c)].

Thus, the calculation of the four-port network is reduced to a signifi-
cantly simpler calculation of two independent two-port networks for the
even and odd modes.

Wave transfer matrices of two-port networks for the two modes are

o T++ -|-++ . -|-+— T+—
e | e ©9
T21 T22 T21 T22

For a cascaded connection of two-port networks, the following rela-
tionships hold [see (6.1)]:

RN L L M LS

] = <[ < [7 T, o

where

[T] [Tl and [T], [T,
are wave transfer matrices of the elementary two-port networks” of the
cascaded connection. Similar relationships hold for classical transfer
matrices of two-port networks.

A reciprocal four-port network, symmetric about the YY plane, is
described by the transfer matrix

Ty T Tis Ty

[T]: To Ty Ty Tig (6.8)
T Ty Ty Ty
Ty T Toy Ty

*From this point on, “elementary two-ports” will designate networks with known transfer matri-
ces (see, for example, Appendix C).
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It can be shown that here [see (6.6)]

T, = %(Tlr +T7), (6.9)
T, = %(Tﬁ* -T7). (6.10)
Ty, = %(Tg +T), (6.12)
T, = %(Tlg* -T57). (6.12)
T, = %(T;; +T7), (6.13)
T, = %(T;; -1y ), (6.14)
T, = %(T;; +T50), (6.15)
T, = %(T;; -T,7). (6.16)

These equations contain only six independent elements of the T-
matrix: T,;, T,,, Tia Tys Tas, @and T, by means of which T, and T,, can be
evaluated. However, (6.15) and (6.16) are useful for design purposes.

The elements of the scattering matrix are

(T LT )
: 6.17
11 2 k-l—++ 1I—J ( )
T 1070
S = E(sz* - Tzf_J, (6.18)
11 11
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313=1{ 1 + 1} (6.19)
2 Tll Tll
s, =4 L1 (6.20)
A |
S ST T (6.21)
» el
ST o) (6.22)
el |

The calculation can be simplified if there are extra symmetry condi-
tions [3, 4] inside the two-port network consisting of a cascade connection
of component two-port networks. If the symmetric four-port network has
the structure shown in Figure 6.4(a) and consists of a cascade connection
of three pairs of two-port networks described by the transfer matrices
[Tyl [Tl and [T,,], with two-port networks | and I11 being mirror
images of one another, while the reciprocal two-port network 11 can have
any structure. For the case of the even mode,

[T] =[] <[y *[Thy =
{Tﬁ(ﬁ) Tl;:l) ] x r—ﬁ(ﬁl) lezru) } x [ T11(+|) -TZIZ.,} (6-23)

++ ++ ++ ++
T21(|) T22(|) T21(||) T22(||) _TlZ(I) T22(|)

T H u!;u?s

s

ﬁf I

20 23
T ] uuude

Figure 6.4. Mirror-reflection method for partial symmetrical four-port network: basic four-port net-
work (a); even-mode two-port network (b); odd-mode two-port network (c).



108 6.2. ANALYSIS OF SYMMETRICAL FOUR-PORT NETWORKS

Evaluating (6.23) gives

2 2

++ ++ ++ ++ ++
T11 _(Tll(l)) T11(||) _(le(l)) Tzz(u)

(6.24)
+T1;(+| )lezrl) (T2+1Z||) - leu ) ) )
T3 = =T (T Ty ~Tatn Tt 629
T12(| ) (T{l{. )TJJH y Tsz. )TZZH ) )
T =T (T Ty *+ Tt Taiin) 626)
T12(|) (T21 |)T 2(11) +T2Tzz|)Tzzn))’
++ ++ \2 et PO
Ty __(T21(I)) T11(||) +(T22(|)) Tzz(u) (6.27)

TzZZ. )T21 ) (T21(||) T1;(+||))-
Similar expressions are obtained for the case of the odd mode, when

L L L P (6.28)

Thus, to find [T] for the four-port network, we need only know matri-
ces

[Thy- [TLy and [T 7L

of the component two-port networks.

Let us consider the full symmetrical four-port network with XX and YY
symmetry axes (Figure 6.5). This practical case can be obtained from the
previous case if

[TTo, =[] = [ } (6.29)
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oo I
2#* ' o [%a

Figure6.5. Mirror-reflection method for full symmetrical four-port network: basic four-port network
(a); even-mode two-port network (b); odd-mode two-port network (c).

Substituting (6.24) to (6.27) [and similar expressions following from
(6.28)] into (6.9) to (6.16) and using (6.29), we obtain

T, = %[(Tﬁa))z + (Tli(_l))2 - (Tl;a))z - (Tl;(_l))2:|

T12 = %[(Tﬁ))z - (le(_l))2 - (Tl;(+l))2 + (le(_n)z]
T = %[_Tﬁa T2+1(+|) Tﬁ(_l T21(| Tl;:l )TZZZ.) +T1;(_| )Tzz |)]
) . (6.30)
Ty = EI:_T11(+| )TZZZ. + T11_|)T2+1(_|) lea )TzJ;Zl) _le(_l )T2+2EI):|
Ty = %[_(T;l:l))z B (TZZ(_I))2 + (Tsz.))z + (TZZZ.))z}
Ty = %[-(Tﬁa))z + (T2+1(_I))2 t (T:fz?n)z - (T2+2E|))2}

From (6.30), it follows that the calculation of transfer matrix [T] of a
full symmetrical four-port network requires only the knowledge of trans-
fer matrices

[T](T) and [T]:,) ,

describing one-quarter of the four-port network [Figure 6.5(b, ¢)].
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We now turn to the proper procedure for calculating the characteristics
of a symmetric four-port network:

1. Determine the transfer matrices of the two-port networks having even-
and odd-mode excitation. In case of a cascade connection of four-port
networks, the transfer matrix is equal to the product of transfer matri-
ces of the component four-port networks.

2. Determine the most important scattering element of the four-port net-
work, for example, coefficient S,;, which characterizes the input
matching. For some devices, matching is not the most important
parameter. For example, sometimes determining the power split is the
first priority. In this case, one should first calculate the corresponding
elements S, (m # n).

3. Determine relationships among admittances (or impedances) of line
segments of the four-port network from the conditions of perfect
matching (S,, = 0) (our example), ideal power split, and so forth.

4. Calculate the remaining elements of the scattering matrix accounting
for the found relationships among admittances.

5. Determine the characteristics of the four-port network.

6.3. ANALYSIS OF SYMMETRICAL THREE-PORT NETWORKS

Let us consider a three-port network [Figure 6.6(a)] symmetric with
respect to the horizontal plane YY, loaded with equal impedances z, of
input (output) lines.

The three-port network can be represented by an equivalent four-port
network symmetric about YY [inside dashed line in Figure 6.6(b)]. Ports 1
and 2 of this four-port network are terminated with impedances, z,, while
ports 3 and 4 are terminated with impedances 2z,. Differences between
the impedances are taken into account when normalizing scattering
matrix elements and voltage waves.

The normalized voltage waves are designated by a;, b [see Figure
6.6(c)]. The equations describing the properties of the three-port network
then have the following form:
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b, =S,a +S,a, + 5,2
b, =Sy + 5,8, + S35 ¢, (6.31)
by = Sya; +Sya, + S8,

where

S11’ S12’ T S32’ S33

are elements of the scattering matrix of the three-port network.

]
—a
2
byt
'

Figure 6.6. Symmetrical three-port network: basic three-port (a); equivalent four-port (b); incident
and reflected voltage waves (c).
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Using the rules for normalizing the voltage waves in the three-port
network [Figure 6.6(a)] (equal terminations z,) and in the four-port net-
work [Figure 6.6(b)] (different terminations z, and 2z,), we obtain the
relationships between normalized voltage waves a;, b; in port 3 of the
three-port network and a,, b, in port 3 of the four-port network [Figure
6.6(c)]:

a b;
a,=—, b, =—=.
2 2

From Figure 6.6(c), it can be seen that port 3 of the three-port network
is represented by the parallel connection of ports 3 and 4 of the four-port
network; therefore,

2 _ b
V2 V2

Substituting these identities into (5.10) gives

a;=a, =—=, by=b,

1 ,
b =S,a +35,a, +_(813 + SlA)a 3

NG

1
b, =S,a, +S,,a, + _(523 + S24)"’1'3 . (6.32)

A

1
b = \/533131 + \/Esazaz t—=

V2

Comparing (6.31) and (6.32), we conclude

(Sis +Su)a's

Sp1 = Sp1s Sy =S50 Sy = _(523 + S24) : (6.33)

Identities (6.33) determine the relationships between elements of the
scattering matrix of the four-port network and elements of the scattering
matrix of the three-port network.
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IR

b

Figure 6.7. Even excitation model for the three-port network: basic three-port network (a); equiva-
lent two-port network (b).

Using the mirror-reflection method, we obtain the two-port networks
shown in Figures 6.7 and 6.8. Then, we determine input admittance y_~
of the two-port network for the odd mode [Figure 6.8(b)]. We arrive at the
equivalent two-port network with termination z, connected to the left port,

while the right port is free. The scattering matrix of this two-port network
is

1-Y.
SRS EA
0 1

where

=
Ysc - ysc ZO'

It follows that

+- 1_Y+_ +- +- +-
Sy S TS =0 sy =L
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Figure 6.8. Odd excitation model for the three-port network: basic three-port network (a); equivalent
two-port network (b); equivalent one-port network (c).

Substituting into (6.33), we obtain

In particular, in the even mode, when the two-port network is lossless,
it follows from the unitary condition of the scattering matrix that

2

=./1-

_|o++
- S22

++
S11

++
Sll

++
S12
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In this case,

|811| = |Szz| = %‘(Sff + Sfl_)‘

|812| = |521| = %‘(SE - Sl+1_)

51| =[S0] =[S25] = [S50] = 2 41|55
2

—lott| — |c++
|833| - S22 - S11

(6.34)

_ With the help of (6.33) and Appendix C, elements of scattering matrix
[S] of the three-port can be expressed through elements of matrices [S]"™,
[ST, [A]", and [A]"~ of the two-port:

a 1 ++ +-
Sy = E(Sn +S; )
— 1( AL HAY AT - A + AT +A, - Ay - A2+2_\
2 AT AT AT AT AL A A EAL)
& 1 ++ +-
Si, :E(Sll - Sy )
— 1( AT HAY -A A, _ AT +A, A - Agz_\
2T AT AT AL AT A AL A
A S J2
S13 523 - A+t 4 ++ P
N2 AT AT AT A
: AT A HAT A,
AL AL H A A,
The relationships between elements of the scattering matrix of the

three-port and elements of the transfer matrices of the two-ports are as
follows (see Appendix C):

(6.35)

33 = S22
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AT,
277 1)

(6.36)

|
S13283128232532:_2 T
11
R -|-++
833__Tlf+
11
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CHAPTER 7

Directional Couplers

Directional couplers are used frequently in dividers, combiners, attenua-
tors, phase shifters, discriminators, balanced and double-balanced mixers,
balanced amplifiers, and feed networks in antenna arrays.

7.1. DEFINITIONS AND CORRELATIONS BETWEEN
DIRECTIVITY, SYMMETRY, AND PHASE DIFFERENCE

A directional coupler is a reciprocal four-port device, which provides two
amplitude outputs when a signal is applied to its input.

A hybrid network (or 3-dB directional coupler) is a special class of
directional coupler in which the signals at the two output ports are equal
[1-3].

The important characteristics of directional couplers are coupling,
directivity, isolation, matching, insertion loss, phase balance, power split,
and bandwidth.

Coupling (C) is calculated as the ratio in decibels of the incident
power fed into the input port of the main line of the directional coupler, to
the coupled port power of the auxiliary line when all ports are terminated
by reflectionless terminations. Coupling tolerance is the allowable unit-

117
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to-unit variation in nominal coupling as specified. Coupling flatness is the
amount (in decibels) of the maximum variation in coupling that may be
expected over a specified frequency range.

Insertion loss is the ratio (in decibels) of input power and output
power of the main line with reflectionless terminations connected to ports
of the directional coupler.

Directivity is calculated as the ratio (in decibels) of power at the cou-
pled port and at the isolated port when all ports are terminated by reflec-
tionless terminations. Directional couplers can have three different types
of directivity (Figure 7.1) [4-6]. For the purposes of discussion we will
choose port 1 in Figure 7.1 as input from this point on. An ideal direc-
tional coupler should have an infinity directivity. In the |-st type, the codi-
rectional coupler, the coupled wave in the auxiliary line travels in the
same direction as that of the wave in the main line, while in the 11-nd
type, the contradiction or backward wave coupler, the coupled wave trav-
els in the opposite direction. In an actual directional coupler, the isolated
port is never completely isolated due to mismatching of terminations,
losses, discontinuities, and tolerances.

Isolation is the ratio in decibels of power at an isolated port to avail-
able power at the input port. Isolation is equal to the sum of the coupling
and directivity. Directivity, rather than isolation, is usually specified on
couplers, but the tight coupling isolation of directional couplers usually is
specified.

o e o— = Z—
Typeof 1 o | >3 1] (&3 1 3
directivity D\
2 & 2 4 2 27— 2, 5 & 2 4
F— = Jr— = ] =
X X Y
— == o—] f = ] =
Typeof 15 | | [ 23 1 | [ &3 1 Zs
symmetry Y — —|— — L — 4 — .Y | Y- —|— ———+ L .y
227 ! P4 22 24 25— 2 4
— ; —= 22— | = 2o— =
X X
Completely Partial Partial
Phase Quadrature| In phase Out of phase
°
balance 90° 0° 180

Figure 7.1. Various kinds of directivity, symmetry, and phase balance that a directional coupler can
have.
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TABLE 7.1. Parameters of Directional Couplers with Three Types of Directivity

Type of Directivity

Parameters
(dB) | I n

Coupling C,,=10log (P,/P,) C,,=10log (P,/P,) C,,=10log (P,/P,)
C,,=10log (P,/P,)

Directivity C,,=10log (P,/P,) C,,=101log (P,/P,) C,=10log (P,/P,)
C,; =10 log (P,/P,)

Isolation C,,=10log (P,/P,) C,,=10log (P,/P,) C,;=10log (P,/P,)

Insertion loss  C,, =10 log (P,/P,) C,,=10log (P,/P,) C,,=10log (P,/P,)
C,,=10log (P,/P,)

Power split C,,-C,;=10log (P,/P,) C,,-C,,=101log (P,/P,) C,-C,,=10log (P,/P,)

Power split for directional couplers is calculated as the difference (in
decibels) between the coupling and insertion loss.

Matching is determined by voltage standing-wave ratio (VSWR) or
reflection coefficient of the input (or output) port, while the other ports
are connected with reflectionless terminations.

Phase balance (A¢) is the relative phase difference of output waves.

Quadrature (A¢ = 90°) and in-phase-out-of-phase (A¢ = 0° or 180°)
directional couplers are the most popular devices (see Figure 7.1).

Bandwidth is the range of frequencies for which a parameter falls
within a specified limit with respect to certain characteristics.

Parameters of directional couplers with three types of directivity are
given in Table 7.1.

For the purposes of analysis and calculation, symmetry is a very
important characteristic of directional couplers. There are three types of
symmetry [5, 6]: complete symmetry (axes XX and YY), XX-axis partial
symmetry, and YY-axis partial symmetry. Connections between types of
symmetry, directivity, and phase differences are shown in Figure 7.1.
Wave matrices for different types of symmetry and directivity are given in
Table 7.2 [5].
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TABLE 7.2. Wave Matrices for Different Types of
Symmetry and Directivity

Type of Type of
Directivity ~ Symmetry Matrix [S] Matrix [T]
| Completely 0 o ) 14— - T, 0 0 B
0 0 S, S, T, T, 0 ©
S, S, 0 0 o o T, T,
S, S, 0 0| Lo o T, T,.]
| Partial XX "0 o s, s, - _Tu T 0 o0 -
0 0 s, S, T, T, 0 0
S, S, 0 0 0o o T, T,
S, S, 0 0] L0 0 T, T,
1l Completely 0 s, s, 0 q _Tu 0 0 TM—
s, 0 0 S, o T, T, O
S, O 0 S, o T, T, O
|0 S, S, 0] T, 0 0 T,|
Il Partial XX "o s, s, 0 . T 0 0 T
S, O 0 S, 0 » T, 0
S. 0 0 S, o -T, T, O
|0 S, S, 0] -T, O o T,
1l Partial YY o s, s, 0 B T 0 o0 T,
s, 0 0 s, o T, T, O
S, 0 0 s, 0 T, T, O
|0 S, S, 0] T, O 0 T,
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TABLE 7.2. Wave Matrices for Different Types of
Symmetry and Directivity (continued)

Type of Type of
Directivity ~ Symmetry Matrix [S] Matrix [T]

1l Completely 0 s, o 314_ "o T, 0

s, 0 s, O T, 0 0 T,

0 s, 0 S, T, 0 0 T,

S, 0 S, 0| Lo T, T, O

1l Partial YY o s. 0 s, e "0 T T, 0

s, 0 S, O T, 0 0 T,

0 s, 0 S, T, 0 0 T,

S, 0 S, 0] Lo T, T, O

7.2. RING DIRECTIONAL COUPLERS

The name ring for this type of directional coupler is a historic tribute
because the first coupler shapes were circular. At present, though couplers
of this type vary in shape (see Figure 7.2), the original name has
remained. The two most popular ring directional couplers are of length
3/2A and length A, where A is the guide wavelength.

Figure 7.2. Print hybrid ring: conventional configuration (a); with meander lines (b).
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7.2.1. Ring Directional Coupler of Length 3/2A

In the ring coupler of length 3/2A (or “rat-race” coupler) [Figure 7.2(a)]
proposed by Tyrrel [7], spacing between two of adjacent ports 3 and 4 is
3/4/\ and A/4 between all other adjacent ports (3and 1, 1 and 2, and 2 and
4).

The main parameters of the ring coupler and its operating characteris-
tics can be determined by using the wave-matrix method (see Chapter 6
and [5, 8]). Referring to Figure 7.3, we assume that signal is applied to
port 1. This ring coupler is a four-port network having partial symmetry
with respect to the YY-axis. Using the mirror reflection method (see
Chapter 6), the ring is equivalent to two pairs of two-port networks, each
of which [Figure 7.3(b)] corresponds to conditions of the even (++) and
odd (+-) modes.

The resulting transfer matrices of the equivalent two-port networks for
even [T]"™ and odd [T]"™ modes are equal to the product of the transfer
matrices of the component two-port networks with known transfer matri-
ces (see Appendix C) written down in the order of energy flow:

[T =Tl [T I

[T =Tl IT1 [T

Figure 7.3. Ring directional coupler: even- and odd-mode excitation models (a); half section for
even- and odd-mode analysis (b); equivalent circuit of (b) (c).
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Multiplying the transfer matrices for the mid-band frequency and
using relationships (6.17) to (6.22), we obtain

[s]=

VitYs=Ye  2iYy, 2iy,Y, 0
! 2iyy, Y tYi-Ye 0 2iy,y, 7.1)
R A A B AA 0 Vo+Ys-ye o =2iyy, |
0 2iy,Y, =2iy,y, VY, <Y,

wherey, = 1/z,,y, = 1/z;,and y, = 1/z,.

When the input (port 1) matching is perfect, element S,, of the scatter-
ing matrix (7.1), which has the physical meaning of the reflection coeffi-
cient, must be equal to zero:

y2+y2 —y2 =0. (7.2)

Equation (7.2) establishes a relationship between the admittances of
the ring segments in the case of ideal matching.
According to (7.2), the scattering matrix (7.1) is

0 iy, iy, O
i 0 0 i
[s]=-2|™ 2 | (7.3)
Yo | Y2 0 0 ~1y,
0 iy, -iy, O
Normalizing with respect to y, = 1/z,, we obtain from (7.2)
Y2 +Y) =1, (7.4)

where Y, =y.ly,, Y, = Y,ly, are the normalized admittances of the ring cou-
pler.

It follows from (7.3) that arg(S,,/S,;) = 0 and arg(S,,/S,;) = 7, that is,
this network is an in-phase-out-of-phase directional coupler. If the input
signal is applied to port 1, the output voltages are in-phase with each
other. If the input signal is applied to port 4, the output voltages are out-
of-phase with each other. This property makes the ring coupler very use-
ful, for example, in a balanced mixer application.
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Since S;, =S,; = S;, = S,; = 0, this directional coupler provides ideal
directivity of type |1 (see Table 7.2).

The simplest hybrid ring has equal segment admittances Y, = Y,,
which by substitution in (7.4), yields

Y, =Y, = %@' (7.5)

For the first input port, the main parameters of the ring directional
coupler are

* VSWR:
1+|S
VSWR] = L[Sy 11|;

_| 11|

* Isolation between ports 1 and 4:
Clel = 2 (dB)a

14

» Coupling and insertion loss:
C}= >~ (dB), c}= ~(dB).

| 12| | 13

Parameters of actual ring directional couplers differ from the ideal due
to the mismatching of terminations, losses, and discontinuities, as well as
manufacture tolerances. Usually the ring coupler is loaded by termina-
tions at ports 1, 2, 3, and 4 with reflection coefficients I',, I',, [';, and I,
respectively. For these conditions, reflection coefficients, I, [y, s
and I, and voltage transmitter coefficients of the hybrid ring are shown
in Table 7.3 [5, 9], where entries ¢, through @, are given by

2(1+1,r,r,)+(1+1,)(r, + 1)),
1+rrr)+(1+r)( L+,
o)+ (1 1)(M+ ),
y ) )

¢ =
¢, =
¢, =
g, =2(1+1,M,0)+(1+1)(r, +T,



TABLE 7.3. Reflection Coefficients and Voltage Transmit Coefficients of the

Hybrid Ring Versus Termination Reflection Coefficients

Transmission from Port 1

Transmission from Port 2

Transmission from Port 3

Transmission from Port 4

2r,rr,+r, +r,

2 3 4

2+ r4(r2 + r3)

1in

Y, -9,

U, 2(1+r,)(1+r,r,)

Ul _i¢1

u, 2(1+r)a+r,r,)

2rrr,+r +r,

1 3 4

2+ r3(r1 + r4)

2in

U2 _I¢2

U, 2(1+r)(+rr)

UZ _i¢2

U, N2(1+r)@+rr)

2rr,r,+r +r,

1 2 4

2+r2(r1+r4)

3in

U3 _I¢3

U, 2(1+r)(+r,r,)

U, Ve(i+r)(+rr)

2rr,ro+r, +r,

1~ 23

2+r1(r2 + r3)

4in ~

Sd31dNOD TVYNOILD3HId ONIF '2°L

Y. A

u, (1+r)(r,-r,)

U4 _i¢4

U, 2(1+r)a+rr)

U, 9,

U, 2(1+r)(a+rr)

STA
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From the expression (Table 7.3) for input reflection coefficient it is
evident that any one input will be ideally matched if the two ports adja-
cent to the input are matched. Isolation of opposite ports will be perfect
when the reflection coefficients of the terminations connected to the two
other feeder lines are equal.

Graphs of operating parameters of the hybrid ring versus termination
reflection coefficients are shown in Figure 7.4. Note that VSWR' is practi-
cally independent of matching the termination connected to the decoupled
port 4. Input power (port 1) is equally divided if the termination reflection
coefficients at ports 2 and 3 are equal (|I",| = |I',]), independent of mis-
match of the termination connected to the decoupled port 4. Absolute val-
ues of reflection coefficients of terminations connected to adjacent ports
(with respect to the input) mainly affect the input matching, while the iso-
lation is determined by relative values of reflection coefficients.

Let us consider several commonly occurring relationships between
reflection coefficients of terminations connected to hybrid ring ports.

1. Well-matched terminations:

r,r,nr,;r,<01 (7.6)
In this case, from Table 7.3, we obtain

r1in = r4in = r2 * r3 ; r2in = r3in =- rl * r4 ' (77)
2 2
that is, reflection coefficients of opposite inputs are equal to the half-
sum of reflection coefficients of terminations connected to the two
adjacent ports. Thus, the VSWR" of any input is smaller than the VSWR
of the most mismatched termination, which means that a hybrid ring
improves matching.
Also, from Table 7.3, we can find

U _2+M,+F, U 2+, +1, U2+, +T,
“lx— 2 3 .S 2 3 —1xZ 2 3 (78)
U, iv2(1+r,)" Uy iV2(1+r,) U, T,-T,

It follows from (7.6) to (7.8) that, in the case of well-matched ter-
minations, the characteristics of a hybrid ring are practically deter-
mined by the reflection coefficients of terminations connected to ports
adjacent to the input.
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Figure 7.4. Graph of matching (a), insertion loss (b), and isolation (c) of hybrid ring as a function of
termination reflection coefficients.

2. ldentical terminations in opposite ports:
M=r,orl,=r,. (7.9)
From Table 7.3, by setting I, = I',, we obtain
Fin =T = - ERAFLCNEE , (7.10)
2+T,(M,+1,)
Mo =Tgn=-T=-T,,
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and, by setting I,=T,,

M =T =-T,=-T,
- _ _M+r,+2rr,r,
ain 3 2+T,(r,+1,) (7.11)
_l:i:—| 2’ &:oo
U, U, u,

From (7.9) to (7.11), it follows that opposite ports of a ring coupler
have equal matching.
3. All terminations identical:

r=r,=r,=r,=r.
In this case, from Table 7.3
r1in = r2in = r3in = r4in = r'

from which it follows that the VSWR"® of any input of a ring coupler
equals the VSWR of the termination [see the broken curve for |I7,| =|;|
=|I",| of Figure 7.4(a)].

It should be noted that the previously discussed characteristics of the
ring coupler do not account for power dissipated as a result of conductor,
dielectric, and radiation losses.

We can define the resistive losses in terms of normalized attenuation

m

al=——-oI(Ne 7.12

on (Nep) (7.12)

where Q = f2ais the quality factor of a quarter-wave resonator which is

shorted at one end, and = 271/ is the phase constant.
For | = A/4, (7.12) becomes

al = %Q = 0-78% (Nep). (7.13)

Characteristics of planar hybrid ring depending on transmission line
losses, al [5, 10], are
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VSWRR :M'
11320 + 4
CE :20|0gM(dB),
4ol ++2
6v2al +2
C} =20log————(dB), (7.14)
13 g 30'I+\/§( )
1220l + 4
CR =20log===—="—"(dB),
2 S o (dB)
ACR _cf;—c{;_20|og4a1 f( dB).

In practice, minimum losses that influence characteristics of a hybrid
ring depend on termination mismatching.

Consider the influence of fabrication tolerances on parameters of the
hybrid ring. In practice, real production tolerances influence the imped-
ance of a hybrid ring. The dependencies of scattering matrix elements
from normalized impedance Z [11] are

Z? -2 . 2Z
Sy = 771 S =5, = _lm’ S =0.

Thus, isolation and power split in the hybrid ring remain ideal inde-
pendently of the value of impedance Z.

In the ring directional coupler, it is often necessary to account for the
influence of discontinuities where the coupler connects to the input and
output lines. This is most important for the high-frequency range when
the size of the discontinuities is more than A/10.

This type of discontinuity is equivalent to a T-connection (see Chap-

ter 4).

7.2.2. Broadband Ring Directional Coupler

The ring coupler of length 3/2/\, has the disadvantage of a narrow band-
width (approximately 20%) due to the increased length of the three-quar-
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Figure7.5. A-ring directional coupler: schematic (a), print circuit (b).

ter-wavelength section [Figure 7.3(a)]. Also, it occupies a large circuit
area. There are modifications of this coupler in which the three-quarter-
wavelength section is replaced by a one-quarter-wavelength section with a
fixed 180° phase shifter (phase inverter) (Figure 7.5) [12]. The name of
this modified device is a ring coupler with phase overturn or A-ring.

The A-ring coupler has perfect isolation and is independent of fre-
guency. The phase difference between the two output ports (0° or 180°) is
also independent of frequency. In practice, bandwidth is equal to one
octave.

The broadband technique replaces the 3/4A, segment with a A,/4 cou-
pled line section with two diagonal grounded ends [12]. This hybrid ring
provides 20 dB of return loss over 40% bandwidth, and isolation greater
than 24 dB. Realization of this ring directional coupler requires very
tightly coupled lines that are difficult to fabricate with microstrip technol-
ogy using chemical etching techniques. This circuit also requires ground
vias for microstrip shorts. For the low-frequency band we can use the
miniature 180° phase shifter, which will be described in Chapter 11.
Other modified versions of A-ring that utilize a CPW-slotline, balun, and
T-junction are given in [13].

7.3. BRANCH-LINE DIRECTIONAL COUPLERS

The branch-line coupler consists of a main line that is coupled to a sec-
ondary line by A/4-long branches spaced by Ay/4.

The bandwidth of the branch coupler can be enlarged by increasing the
number of branches. Young [14, 15] has given a formulation to design
branch-line couplers of two to eight branches. Levi and Lind [16] have
given calculations for branch-line couplers of three to nine branches and
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synthesis for maximally flat responses and Chebyshev characteristics.
Most commonly used is the two-branch coupler.

7.3.1. Two-Branch Coupler

The two-branch couplers may be laid out in different ways. Some possi-
bilities are shown in Figure 7.6(a—c). A two-branch coupler is a four-port
network with complete symmetry about two perpendicular axes-XX and
-YY [Figure 7.6(d)]. Figure 7.6(e) displays one-quarter of a four-port net-
work, which consists of a cascade junction of an open-circuited (for the
even mode) or a short-circuited (for the odd mode) segment of length A,/8
and of a regular line of length A,/8. Multiplying transfer matrices of these
networks together and taking into account (6.17), we obtain for the mid-
band operating frequency [5]

-Z22+77722+72

S, =i .
b -azzi+i(z222 - 72)

(7.15)

In the case of perfect matching of input port 1, element S, (7.15) must
be equal to zero, which yields:

Y2=Y2 -1, (7.16)

where Y, = 1/Z,, Y, = 1/Z, are admittances normalized with respect to the
input admittance Y,

A two-branch coupler is ideally matched if (7.16) is true, and its scat-
tering matrix is

0 0 i Y
1 0 0 VY, i
Sl=- ) (7.17)
[ ] 1+ AL Y, 0 O
Y i 0 0

It follows from (7.17) that

S,=5,=0, arg( S J=17, (7.18)
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Figure 7.6. Two-branch coupler: rectangular format (a); circular format (b); with meander lines (c);
basic view of full symmetry coupler (d); quarter circuit cut off by two symmetrical planes XX and YY
for even- and odd mode (e).

which means that the two-branch coupler has an ideal directivity of type |
(see Table 7.2), and that there exists an inherent 90° phase difference
between the output ports.

Let us determine the two-branch coupler parameters when input signal
is applied to port 1:

e Insertion loss:

Ch = 20Iogﬁ =20log/1+Y;? (dB);
13
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» Coupling:

2
= 20l0g V1Y (aB);

| 14| 1

C} =20log—
» Power split between ports 3 and 4:

AC®=CE-Ck= 20|og|§i|= 20logY, (dB).

14

For the 3-dB two-branch coupler (hybrid) AC® = 0, the normalized
admittances of two segments are provided by

Y, =1 Y,=2. (7.19)

The isolation of the hybrid ring has wider bandwidth than the isolation
of the two-branch hybrid [5]. Two-branch hybrid isolation is usable only
over approximately 10% bandwidth.

Consider the parameters of a two-branch hybrid where the termina-
tions have reflection coefficients I, I, 5, and I",. Input reflection coeffi-
cients and voltage transmitter coefficients are [5]

2,r,r,+r,-r,

Fin =~ 2+r( -r,)
&_|[2(1+rrr)+(1 )(r:-T.)]
u, (1+1,)(r +1,) ’
u, -i[2(1+r,rr,)+(1-1,)(r,-T,)]
U, J2(1+1,)(1+1,r,)

The graphs of two-branch hybrid parameters versus modules of termi-
nation reflection coefficients are shown in Figure 7.7. Comparing the
parameters of the two-branch coupler with those of the ring coupler with
mismatched terminations leads to the following conclusions. In the ring
coupler, isolation is better, but matching is worse than in the two-branch
coupler. If output ports have identical terminations, the ring coupler isola-
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Figure 7.7. Graph of matching (a) and isolation (b) of two-branch hybrid as a function of termina-
tion reflection coefficients.

tion is ideal, but input matching is not, while for the two-branch coupler,
matching is perfect, but its isolation is not.

If the terminations have good matching (I",, I;, ', < 0.1), the power
split of the two-branch coupler is defined by the reflection coefficients of
terminations in the output ports. For identical terminations (I =T7),
there is an equal power split that is independent of mismatching value.

Consider the parameters of a branch hybrid with loss a; in the
branches and loss a, in the connection lines. The two-branch hybrid with
ideal matching of all ports has the following characteristics [5]:

» Matching:

VSWR. = 2+3al +32a,|
b 2+al+\2a) ]

e |solation:

2(1+ al + ﬁazl)

C. =20lo
. : al +\/§azl

dB);

e Insertion loss:

CE =CE =2010g+2 1+ ;] + 24,1 (dB).

The power split in the two-branch hybrid, Cg ‘Cﬁ =0, unlike the
hybrid-ring power split [see (7.14)], does not depend on losses. This is
generally characteristic of full symmetry couplers.
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For equal loss, a, = a, = a, parameters of the two-branch hybrid are
obtained by

VSWR® = 1+3621a1
1+1.207al

0.414)

al J(dB)'

CE =6.02+20 Iog[1+

CS =C} =3.0+20log(1+2.414al)(dB).

Table 7.4 illustrates comparative parameters of the two-branch hybrid
and the hybrid ring as a function of loss al and Q-factor, and shows that
the hybrid ring isolation is 10.7 dB greater than the two-branch hybrid
isolation.

TABLE 7.4. Comparative Parameters of the Two-Branch Hybrid and the
Hybrid Ring As a Function of Loss and Q-Factor

VSWR, Isolation (dB) Insertion Loss (dB)

Q- al
factor (Nep) VSWR® VSWR® (o)) (ol (o)) c. c.=cC’

14 12 12 13

10 0.078 1.04 1.17 33.6 22.9 3.76 4.17 4.52

20 0.039 1.02 1.09 38.5 27.8 3.43 3.65 3.79

40 0.02 1.013 1.04 43.8 33.1 3.23 3.35 341

60 0.013 1.01 1.03 471 36.4 3.16 3.24 3.27

80 0.01 1.006 1.02 49.5 38.8 3.12 3.19 3.21

100 0.008 1.005 1.02 514 40.7 3.10 3.15 3.17

1000 0.0008 1.000 1.00 71.2 60.5 3.02 3.02 3.02
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Elements of the scattering matrix of the two-branch hybrid depend on
characteristic impedances Z, and Z, of the two-branch coupler [11]:

zizi-(z2-22)
1 = !

q

22,23 (232} +2; - 27)
S, = ,

q

i2z77,(z27 -7} + 27)
13 ~ !

q

323
s =422

q

where
q=2222 (222 +222 +2222) + (22 - 22) .

Impedances Z, and Z, depend on fabrication tolerances AW (deviation
of strip width) and Ah (deviation of substrate thickness). The two-branch
hybrid is more sensitive to production tolerances than the hybrid ring [5].

Consider the effect of discontinuities that arise in T-connections
between branches, connecting lines, and input/output lines. In general, all
input/output lines at these T-connections have different characteristic
impedances. Analysis of the effects of discontinuities shows [5] that
parameters of the two-branch coupler are more sensitive to them than
ring-coupler characteristics.

Different designs of the branch couplers are shown in Figure 7.6. For
the sake of downsizing the circuit, low-frequency couplers are given the
meander shape [Figure 7.6(c)]. The high-frequency coupler is shown in
Figure 7.6(b). It consists of a ring of circumference A and four symmetri-
cal input/output lines. Chamfering of sharp corners [Figure 7.6(a)]
improves ring-configuration coupler performance.

Simultaneous use of different lines of the branch coupler provides sub-
stantially improved characteristics over a broad bandwidth as compared
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with conventional branch couplers. Configuration of uniplanar two-
branch couplers consisting of a microstrip line, a symmetrical slotline, a
nonsymmetrical slotline, and a coplanar line are given in [17].

The branch coupler has the advantage of adjacent output ports which
permits combining them in the planar design. For example, a balanced
mixer that has the two-branch hybrid and two diodes in output ports 3 and
4 can have one planar output intermediate-frequency (IF) port. Also, the
two-branch coupler has a net electrical path length of one wavelength as
compared with the ring coupler with 1.5 wavelengths.

If input/output impedances are equal to z,=50€, the horizontal arms of
the two-branch hybrid [see Figure 7.6(a)] should be realized with charac-

teristic impedance of
%/ =3530
/ﬁ .

which results in a wide conductor. At X-band and millimeter waves, the
width of these lines becomes comparable to their length and causes prob-
lems of line intersection. In the ring hybrid, which requires characteristic
impedance of arms at

72,32 =70.7Q,

the wide line-width problem of the two-branch hybrid is avoided.

7.3.2. Three-Branch Coupler

Consider the three-branch coupler whose circuit view is shown in Figure
7.8(a). This coupler can be calculated according to Figure 7.8(b). If the
three-branch coupler is perfectly matched (S,;, = 0), then it can be shown
[5] that

v o 20,

=T (7.20)

For the ideally matched coupler, using (7.20), the S-matrix can be
written as the following
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0 0 Y2-1 i2vy
_ 1 0 0 2y, Y2-1
[5]= T+Y2|Y2-1 i2y, 0 0o |
i2y, Y’-1 0 0

Similarly to the two-branch coupler, the three-branch coupler has the
ideal directivity of type I:

S12:821:0-

Thus, it is evident that port 2 is isolated and waves reaching ports 3
and 4 have a differential 90° phase shift:

S s
4 _
args— = E .
13
""""" X
: I~ :” e l 3
1 Y, Y, [T T -
Y y Y
Yod Yaf 7%377 7777777 ! f—/f\—%f—Y
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Figure7.8. Three-branch coupler: basic view of full symmetry coupler (a); circuits for even- and odd
mode (b).
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If port 1 is chosen as an input port, then parameters of the three-branch
coupler may be defined as

e Insertion loss:

2
C, = 2logT —20Iog$12 j(dB) ;
13 1
» Coupling:
2
Cu :20Iog| L | -20I0gYY (dB)
14 1

» Power split:

201013l = 201012
C34—20Iogs = 20log-L 1 o (dB)

| 14| 1

Several remarks on the three-branch coupler are in order. The band-
width of the three-branch coupler is similar to that of the ring coupler.
However, its parameters depend to a great extent on discontinuities and
tolerances of line dimensions.

The three-branch coupler has larger bandwidth than the two-branch
coupler. Additional branches can expand the bandwidth even further.
However, couplers with more than four branches are difficult in micro-
strip because the end branches require impedances that reach the upper
limits of practical realization.

The three-branch coupler with power split regulation is shown in Fig-
ure 7.9. It is the three-branch coupler in which two reactances (Y,) are
connected to the center branch. These reactances can be realized as open
or short stubs. If port 1 (or port 3) is input, the power split between ports 2
and 4 depends on the stub length. For perfect matching at the mid-fre-
quency band, the characteristic admittances Y, Y,, and Y, are given as

Y, =1 Y7-Y,=0.

These conditions do not depend on reactances. This three-branch cou-
pler has the ideal directivity of type |11 (see Table 7.2) and an inherent 90°
phase difference between the output ports.
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Figure 7.9. Three-branch coupler with power split regulation.

7.4. COUPLED-LINE DIRECTIONAL COUPLERS

7.4.1. N4 Coupler

One of the most useful structures of directional couplers is the four-port
network formed by two coupled lines close enough to each other to be
coupled by electric and magnetic fields (Figure 7.10).

The coupled-line directional coupler is a complete symmetry four-port
network. Analysis and synthesis of this coupler can be realized through
the mirror-reflection method discussed in Chapter 6. A coupler can be
represented by independent even and odd modes. The final results are
obtained by superposition of the two modes. In the even-mode case cur-
rents in both lines are equal and codirectional. In the odd-mode case cur-
rents are equal and opposite. We can see (Figure 3.1) that the coupling
between lines is caused by the odd mode. According to the mirror-reflec-
tion method, it is possible to calculate homogeneous coupled lines with
characteristic impedances z,, (even mode) and z,, (odd mode) (the last
subscript identifies the mode). It should be noted here that z,, is not equal
to z,, because partial capacitances between the lines are different for even
and odd modes. The theory of coupled lines was discussed in Chapter 3.

The equivalent circuit of these lines includes the cascade connection
of the following two-port networks [Figure 7.10(c, d)]:

1. Step from characteristic impedance z, of the input line to characteristic
impedance z,, (or z,,);
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Figure 7.10. Coupled line directional coupler: edge coupled line coupler (a); broadside coupled line
coupler (b); equivalent four-port network (c); circuit for even- and odd-mode analysis (d).

2. Line with characteristic impedance z,, (or z,,) with length I in the cou-
pled region;

3. Step from characteristic impedance z,, (or z,,) to the output line char-
acteristic impedance z,.

The resulting transfer matrices of the equivalent two-port networks for
even and odd modes are equal to the product of the transfer matrices of
the above component two-port networks in order of energy flow (from left
to right). Multiplying these matrices (see Appendix C) and using (6.17),
we obtain the following
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(20020, = 1)SINO[ =siNO 25,2y, +1) +i0sO (2, +2,, ) ]
Sy = : o\ - T . (7.22)
[22Oe CosO + |(1+ 20e)5|n G][2ZOO CosO + |(1+ 200)5|n G]

where © = 2ml/A\, is the electrical length of the coupled lines, and sub-
script 0 denotes the mid-band operating frequency.
Perfect matching (S,, = 0) occurs when [see (7.21)]

2,2, =1 (7.22)

Equation (7.22) is the ideal matched condition for the coupled line
coupler. The scattering matrix of the ideally matched coupler and its fre-
guency characteristics can be derived from (7.22) and [5]

0 S, S; O
s]=|2 © 0 | (7.23)

S; 0 0 S,

0 S; S, O

where
I Zy = 2y, )SINO irsi
S,z (Zu-Z)SinO ___ irsino__ (7.24)
2080 +i(Zy, +Z,,)sin®  cosO +ipsin®

2 1 (7.25)

813 = N N = N N .
2080 +i(Zy, +Z,,)sin®  cosO +ipsin®

where r and p can be defined from (5.20).
For the unitary condition (5.15) for a lossless network, we obtain

IS,|" +|Saf" =1. (7.26)

This equation satisfies energy conservation. The quadrature phase dif-
ference between output ports 2 and 3 is evidenced by multiple i by which
(7.24) differs from (7.25):

S _ T

ar =—, 1.27
9812 > (7.27)

*From this point on, Z,,,Z,, stand for normalized impedances: Z,,.= z,,/z,; Z,=2,,/Z,.
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Quadrature between output signals does not depend on frequency, or,
for fixed frequency, quadrature does not depend on coupled-line length.

Due to full symmetry consideration, we would expect similar opera-
tion if we were to drive any port (2, 3, or 4). Signal propagation from port
1 to port 3 on one transmission line produces a coupled signal in the oppo-
site direction—from port 4 to port 2—on the other transmission line. For
this reason, this coupler is called contradictional or backward-wave cou-
pler and corresponds to the directivity of type I1.

The coupled-line coupler has ideal matching and isolation indepen-
dent of frequency [see (7.23)], but the coupling and insertion losses [see
(7.24) and (7.25)] are changed with frequency. The maximum signal in
the coupled port occurs when the length of the coupling structure is Ay/4,
where A, is the mid-band guide wavelength in the coupled lines, which
depends on the parameters of the transmission lines, substrate permittiv-
ity, and center frequency.

The module of coupling (voltage coupling factor) for the mid-band
operating frequency is

ZOe ~ ZOo — L

. 7.28
ZOe + ZOo p ( )

K :|812|0 =

This equation can be rearranged to give

1+ K 1-K 1
o AR o 2K = . (729
Oe 1_K 1+K 1 Kz ,0 ,—l—Kz ( )

Using (7.29), (7.24) and (7.25) can be rewritten as follows:

K?sin’@
|312| PRy S (7.30)
1-K?%cos’®
1-K?
S.f=——" 7.31
S 1- K2 cos’® (7.31)

Evaluating the first equation at the mid-band frequency and using
(7.26), (7.31) gives

|812|§ =1_|513|§ =K*.
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The following are the working characteristics of the coupled-line cou-
pler with port 1 as the input:

C, =10 Iog%[ﬂ (1-K?)cot? @ ]CY, +AC, (dB), (7.32)
where

Cp =10|09%(d8); AC,, =10log[1+ (1~ K*)cot?© | (dB),

. (7.33)
C,, =10 Iogm(l— K? cos’ O) =Cp, + AC,,(dB),
where
Ciy =10log 1K2 (dB); AC,, =10log(1-K*cos’©)(dB),

- 1-K* _ o 7.34

C23 —10|0gm—023 +ACZ3(dB), ( . )
where

0 1-K?
C, =10log e (dB),

AC,, = -10logsin* ©(dB),

where the subscript 0 denotes the mid-band operating frequency.
In above equations, C,, C, and CJ, are the characteristics of the
coupled-line directional coupler at the mid-band frequency and AC,,,
AC,,, and AC,; are allowed deviations of characteristics as frequency is
varied. We can see that at the center frequency, for which ©, = n/4, the
coupling achieves its minimal value. The theoretical frequency response
of the coupling [see (7.32)] is shown in Figure 7.11 for tight and weak
coupling. The bandwidth of the quarter-wave coupler is approximately
one octave.

Let us consider a typical order of synthesis of a coupled-line direc-
tional coupler. In practice, certain values of coupling (C.,) and coupling
flatness (AC,,) are required. It is then necessary to determine Z,,, Z,, [See
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Figure7.11. Coupling vs. electrical length and relative frequency for coupled line couplers with tight
(a) and weak (b) coupling.

(7.29) and (7.32)]. After a transmission line is chosen, width (W) and
space (S) dimensions (see Figure 7.10) can be calculated by using their
dependence on Z,,, Z,, (see Chapter 3).

The characteristics of coupled-line couplers will be investigated where
terminations have reflection coefficients I',, I",, [';, and I, that are con-
nected correspondingly to ports 1, 2, 3, and 4. In this case, reflection coef-
ficients and voltage transfer coefficients are [5]

_ Frsl, (8122 - S123)2 - (I_28122 + r33123)

tin r(r,ss+r,s3)-1 ’
u, (s -sa) - (rust + rsi) |- sk + st
U, (1+1,)S, [ For,(s% - 83) 1] ’
u, 1+ :r2r3r4 (s3-s2) - (r.sz+ r3sf3): -1, (8% +1,82)
U, (1+1,)S,[ . (83 - 52) -1] ’
U 1-[r2r3r4 (82 -5%) ~(r,s%+ r3sfg)} +17, (1,85 + 1,8
u, (1+1,)8,5,(r, + 1) '

All terms containing reflection coefficient I', of isolated port termina-
tion can be neglected, which gives

Mo=FK2 =T, (1-K2). (7.35)
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The ideal matching condition of the first port (I, = 0) is achieved
when

— r2K2
1-K?

For the weak coupling (K<<1), the input reflection coefficient [see
(7.36)] depends mainly on matching I, of the third port:

r, (7.36)

r, =K. (7.37)
For the 3-dB coupler (K*=0.5), (7.36) gives
r,=r,.

Therefore, the 3-dB coupled-line coupler is ideally matched when out-
put port terminations are identical.

Figure 7.12(a) shows the VSWR, of the first port as a function of the
reflection coefficient of the third port termination when || = |I",|=0.

The plot of the VSWR, as a function of reflection coefficients of output
terminations is shown in Figure 7.12(b). As illustrated, the best matching
of the 3-dB coupler is realized when the reflection coefficients of loads in
ports adjacent to the input are equal.

Let us determine conditions for perfect matching, coupling, transmis-
sion losses, and directivity [5]. The results are summarized in Table 7.5. It
is evident that in a coupler with mismatched terminations, it is practically
impossible to meet the perfect values of all parameters simultaneously.
Only the conditions for ideal transmission losses and directivity can be
the same.

We can obtain the following with an accuracy sufficient for engineer-
ing applications:

1-T,K*+T,(1-K?
C% =20log ZK(1+;() )(dB),
: (7.38)
o =201 LK T (1K) (dB)
= 0 .
S T e ery)
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Figure 7.12. Coupled line directional coupler characteristics: matching vs. reflection coefficients for
|I,| =|I,| = 0 (a); matching vs. reflection coefficient for |I",| =0, |I",] =0 ... 0.2 (b); insertion loss devi-
ation (AC,,) (dashed lines) and coupling deviation (AC,,) (solid lines) versus reflection coefficient
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TABLE 7.5. Conditions for Perfect Matching, Coupling, Transmission Losses, and
Directivity for the Coupled Line Directional Coupler

Coupling Arbitrary Weak Tight
Ideal matching rK =r, (1_ KZ) r r, r=r

2 - Kz 2 3
Ideal couplin _ _

PING r (1+K7) = r=r, r,=r,/s
=r,(1-«’)

Ideal losses r,=-r, r,=-r, r,=-r,
Ideal directivity I =-T r =-r r =-r
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For perfect matching (I, = I', = 0), we can obtain

co = 20Iog% (dB),
(7.39)

C% = 20log (dB),

1
V1-K?
which coincide with mid-frequency band parameters of a directional cou-
pler given by (7.32) and (7.33). Figure 7.12(c) shows the dependence of
parameters AC,, = C,, — C_, (solid lines) and AC,; = C;, — C/, (dashed
lines) from coefficients |I",| and || for coupling C’, =3 dBand C’, =20
dB.

Characteristics of directivity versus reflection coefficients |I",| and |I,|
are plotted in Figure 7.12(d). For a particular C’,, curves corresponding to
different values of |I',| diverge in a fanlike pattern as |I,| decreases.

Calculations [5] have shown that directivity does not have strong
dependence on ©. For example, for C), = 20 dB, || = || = |I,|=0-0.2,
directivity deviates from CJ, by no more than 0.4 dB as © varies from 40°
to 140°. Directivity for identical mismatching of ports 2, 3, and 4 is plot-
ted in Figure 7.12(d) (dashed line) for two values of coupling C, =3 dB
and C_, =20 dB.

Let us define the main parameters of a directional coupler taking into
account losses in lines:

» Coupling:
1 1(8al+Z. +7Z )
C., =10lo =10log—| —— =% <00, =C% + AC (dB), (7.40)
12 g Slz|2 gK2k4a'I+ZOe+ZOOJ 12 ( )
where

c’, =10Iog%(dB), AC = 301+ 2o * 2o (4.

S 4al+2Z,+2Z,,

* Insertion loss:

+Z, +
C,; =10log 12=10Iog L 2(86” Zoe + Zo, |
1-K L40/I+ZOe+ZO0

13

=CY +AC (dB), (7.41)
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where
% =10log—~— (dB).  AC —10|09(M\ (dB);
1 1-K? ’ L4al+209+200 ’
» Matching:
_L+Sy|
VSWR, = =1
1-]s,|
» Isolation:
C, =10log 1 = 0o,

2
S
Therefore, the presence of loss in the transmission lines does not result
in a mismatch of the directional coupler and in a diminishing of its isola-
tion. Coupling and insertion loss vary in the same way as function loss in
lines—they change by same quantity AC [see (7.40) and (7.41)].

7.4.2. Miniature (I < A/4) Coupler That Shrinks
HF/VHF/UHF Designs

In the VHF and UHF range, the classic directional coupler with a cou-
pled-line length of A /4 has large dimensions, which makes it difficult to
build. Figure 7.13 shows a new microminiature directional coupler [18,
19] comprised of two coupled lines that have a very short geometric
length (less than A, /4).

This length depends on several requirements, including the mid-band
frequency, insertion loss, coupling, matching, and directivity.

The main problem of the short coupled-line directional coupler is that
its degree of coupling varies with frequency. A special compensation cir-
cuit is used to diminish this effect. The secondary line output is electri-
cally connected with series inductor L and shunt resistor R, (Figure 7.13).
The other end of the secondary line is terminated with resistor R,, where
the value is equal to the impedance of the secondary line. The inductance
value depends on the coupling flatness, mid-band frequency, and coupling
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Figure 7.13. Microminiature coupled line directional coupler with compensation circuit.

value. The value of the shunt resistor R, depends on the impedance of the
secondary line and inductance value.

Figure 7.14(a) illustrates the experimental relationship between induc-
tance (in nanohenries) and coupling flatness AC (in decibels) for a fre-
guency of 127 MHz and a bandwidth of 20%, and the relationship
between inductance and bandwidth for a coupling line having a length of
2.44 in. and a shunt resistor R, = 62Q. Figure 7.14(b) shows the experi-
mental relationship between coupling (in decibels), center frequency (in
megahertz) (or relative length of coupled lines I/A;), and inductance (in
nanohenries) for the same directional coupler.

Experiments have shown that for 20% bandwidth, the present micro-
strip directional coupler with length | = 0.05A, (five times less than a tra-
ditional directional coupler with 1 = A /4), L=180nH, R, =62 Q, f,= 120
MHz has a coupling flatness of +/-0.05 dB, a directivity of more than
23 dB, an insertion loss of less than 0.15 dB, and VSWR of less than 1.15.
Tuning of the mid-band frequency (f,) and coupling (C,) can be realized
by varying the inductance [19].

Unlike traditional A /4 directional couplers, the present coupler pro-
vides miniature dimensions in HF, VHF, and UHF bands. The level of
integration of the coupler is approximately five times greater than in other
well-known devices. The coupling flatness in an equally wide band is four
times better than in a coupler without the compensation circuit. Tuning of
the coupling and the mid-band frequency can be improved because there
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Figure 7.14. An experimental relationship of microstrip directional coupler with compensation net-
work: between inductance L and coupling flatness AC,, and bandwidth 2Af/f, x 100% for coupling
flatness of 0.1 dB (a); between coupling C,,, central frequency f,, and inductance L (b).

is no need to change the configuration or size of the coupled lines. Tuning
can be provided simply by varying the inductance value L.

7.4.3. Couplers with Tight Coupling

In many instances, especially in the design of broadband 3-dB directional
couplers, the circuits discussed above have some deficiencies. A planar
coupled-line directional coupler with tight coupling is difficult to realize
because the small gap between coupled lines is difficult to etch. For exam-
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ple, a planar 3-dB microstrip directional coupler has a gap of less than
0.5 uinch. Such gap spacing is not realizable because the fabrication tol-
erances are so tight. A broadside directional coupler [Figure 7.10(b)] has
a larger gap, but it requires a very thin dielectric substrate between two
coupled lines, which limits the maximum power. In addition, differences
in even- and odd-mode velocities can have a significant effect on direc-
tional coupler performance.

The noted deficiencies may be overcome by using a tandem intercon-
nection of directional couplers [11, 20, 21]. Why tandem, and not the
classic cascade network? A cascade network of directional couplers with
directivity of type | and fixed tight coupling includes directional couplers
with weak coupling. However, if we try to realize the same cascade net-
work for directional couplers with directivity of type I, we get a direc-
tional coupler with coupling equal to one directional coupler coupling and
the frequency band will remove to a high-frequency area.

We get a different picture for a tandem network of directional couplers
with directivity of type Il (Figure 7.15). In Figure 7.15(a) the direct port 3
and coupled port 2 of the left directional coupler are connected to the
input port 1 and isolated port 4 of the right directional coupler. This tan-
dem network can be seen as a cascade network of two identical four-port
networks with ports 2 and 4 renumbered. In this case, the directional cou-
pler with directivity of type Il transforms into a directional coupler with
directivity of type |. This change simplifies calculation of a tandem net-

O 00—
11 |, 31 Ll o llji 31 13
1 3 s 3
i 3T
20— 4 2 5 6 4
2 33 4 45 :T
a b
- 31 3 (IN) 4(1SOL)
|l oo =3 |
1 \%?1% \L
22| ot Mz I
DG 2
42 (-3dB) 2 3 (-3dB)
c d

Figure 7.15. Tandem connection of two coupled line couplers: circuit view (a); equivalent connec-
tion of two four-port networks (b); two four-port network with new port numeration data (c); tandem
of two 8.34 dB coupled line couplers (d).
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work by using known correlation with the cascade network of four-port
networks. The renumbering of ports by crossing transmission lines is
shown in Figure 7.15(c). We will illustrate this transformation and the
final results of the connection of two directional couplers with directivity
of type I 1.

The scattering matrix of the renumbered directional coupler is

0 0 S13 S14
[S] - 0 0 S14 S13 ,
S13 S14 0 0
Sl4 S13 0 0

where

SR SR . S—
Cos@ +ipsin®  /1-K?cosO +isin®

_ irsin® B iKsin®©

© cosO+ipsin®  \1-KZ cos® +isin@

The scattering matrix for the mid-frequency band becomes

0 0 2K?-1  -2iK\1-K? |

0 0 —2IKy1-K?  2K?-1
2K2-1  —2iKy1-K? 0 0
-2iK\1-K?  2K2-1 0 0

This yields conditions for the 3-dB coupling of the tandem network:

14

[s]: =

1
|513|:|Sl4|:_2'

NG
pKz—quKvl—Kz

which gives K = 0.3827 and CJ,=8.343 dB.

-1
==
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TABLE 7.6. Relationships Between the Tandem Network Coupling C,,
and Coupling C., of the Coupled Line Directional Coupler

C. (dB)

C,(B) n=2 n=3 n=4 n=>5

0 3.0 6.0 8.34 10.3
3 8.34 11.7 14.18 16.1
10 15.91 19.4 21.9 23.84

We have arrived at a valuable result: a 3-dB directional coupler can be
realized by the tandem connection of two directional couplers with direc-
tivity of type Il and coupling of

C’, =8.343dB.

Using the same procedure, we can find the relationship between the
tandem network coupling C,, and coupling C/, of one directional coupler
for n cascades (Table 7.6) [22].

Practically, the bandwidth of the tandem network does not depend on
the number of cascades. The above results enable us to choose the number
of cascades and coupling of every directional coupler for a specified total
coupling.

An original design of a 3-dB coupler was presented by Lange [23]: an
interdigital coupler consisting of several segments of stripline or micro-
strip line connected by cross wires as shown in Figure 7.16(a). The length
of short finger elements is approximately A,/4 (A, is the guide wave-
length, which corresponds to the highest frequency of the band). The
entire length of the center area is equal A,/4 (A, is the guide wavelength,
which corresponds to the lowest frequency of the band).

The Lange coupler provides tight coupling values with substantially
wider gaps than are required for the two coupled-line coupler. The inter-
digital coupling section compensates for even- and odd-mode phase
velocity dispersions over the wide frequency range. For nonhomogeneous
microstrip coupled lines, it is difficult to define A/4 precisely, because
even- and odd-mode phase velocities are unequal. The Lange coupler is
assumed to have infinity isolation of a perfect hybrid and ports that are
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Figure 7.16. Lange directional couplers: original configuration (a); modification (b).

matched perfectly. The signals at output ports 3 and 4 are in quadrature,
while port 2 is isolated. The Lange coupler offers an advantage in that
both output ports are on the space side, which is very useful for balanced
circuit application.

The bonding wires should be as electrically close as possible to short
circuit. Their lengths must be kept as short as possible: | << A,/4, where
N\, is the mid-band guide wavelength. Frequently, two or more wires are
connected in parallel in order to minimize bondwire inductance. For a
given coupling, the spacing between lines in this configuration is much
wider than if the same coupling was to be realized in a parallel edge-cou-
pled system. A large benefit to be derived from this coupler is that it can
work over an octave of bandwidth or more. The phase difference of the
Lange coupler is generally better than +/-2° on nominal 90° relative
phase shift. A development of the Lange coupler is shown in Figure
7.16(b). This coupler has fewer coupling lines and straps, but more phase-
shift variation over the band.

7.4.4. Multisection Couplers

The bandwidth of the coupled-line directional coupler can be increased by
increasing the number of sections with electrical length ©,. Multisection
couplers may be either symmetrical or asymmetrical.” The n-section sym-
metrical coupler is shown in Figure 7.17(a). Each coupler section is a
guarter-wave long at the center frequency. Symmetric couplers have an
odd number of sections. Analysis and synthesis of this coupler can be per-

TThe terms symmetrical and asymmetrical are used to denote a coupler that has end-to-end sym-
metry or asymmetry.
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Figure 7.17. Broadband coupled line directional coupler: multi-section (a); three-section (b); cou-
pling vs. electrical length © (in degree) for different coupling deviation AC,, (c).

formed using the theory of filters with step change of characteristic
impedance.

A fully symmetrical multisection coupler is calculated by the mirror-
reflection method (see Chapter 6). For perfect matching, normalized char-
acteristic impedances of even and odd modes are equal:

ZOeIZOOI = ZOeZZOOZ = ZOeSZOOB =Lyl =1. (742)

Oen“0on

From (7.28) and (7.42), the module of the coupling coefficient is

(z,.) -1
K, = ﬁ (7.43)

The relative bandwidth of the coupler is
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wetof_,f-f
f, f+f

where f,, f, f, are the upper, lower, and center frequencies, in between
which the coupling is within the amount AC,,. When calculating direc-
tional couplers, we use the frequency bandwidth ratio B:

B=-*. (7.44)

Tables of parameters W, B, and other multisection couplers with differ-
ent couplings and with Chebyshev and Butterworth frequency characteris-
tics are given in [24, 25]. The bandwidth increases with the number of
sections and also with the amount of ripple.

Let us consider in more detail the characteristics of a three-section
coupled line directional coupler [Figure 7.17(b)]. According to (7.42), the
condition for ideal matching of the three-section coupler is

Z.Lo,=2,.,Z

0e1“-001 0e2-002

1 (7.45)

where Z,,, and Z,, are characteristic impedances of edge sections for the
even- and odd-modes, respectively; Z,,, and Z,, are characteristic imped-
ances of the middle section for the even and odd modes, respectively.

Characteristics of the three-section directional coupler are determined
in the same way as those for a one-section Ay/4 directional coupler. A
Chebyshev or a Butterworth frequency response of coupling can be
obtained with the correct choice of coupling of middle and edge sections.
The ripple is equal to half the difference between maximum and mini-
mum coupling in a given bandwidth. The frequency response of the 3-dB
three-section coupler with different ripples (AC,, = +/-0.1, 0.2, 0.3, 0.4,
0.5 dB) is shown in Figure 7.17(c). The bandwidth increases with the
amount of ripple.

The symmetrical coupler has a nominal phase of 90° unbalance
between output ports. This phase relationship is theoretically independent
of the frequency.

The asymmetrical coupler is also built using a series of quarter-wave
coupled sections, and it has the highest coupling section at one end [26].
Asymmetrical couplers can have any number of sections. For a given
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overall length, the result is a greater bandwidth than in corresponding
symmetrical couplers. However, asymmetrical couplers have a phase-fre-
guency dependence, which limits their application. The asymmetrical
coupler cannot be used in circumstances where a fixed phase response of
the output coupled lines is required. The asymmetrical coupler has a vary-
ing phase response as a function of the number of sections. The two-sec-
tion design has a 180° unbalance between the output ports at the center
frequency and varies to each side of 180° as a function of frequency. The
three-section coupler is centered at a nominal 90° phase response and var-
ies 0° to 180°over an octave.

7.4.5. Particularities of Microstrip Coupled-Line
Directional Couplers

Design of microstrip coupled-line directional couplers is tied to specific
difficulties. In such couplers, odd-mode oscillations propagate in air and
dielectric substrate, while even-mode oscillations propagate in the dielec-
tric substrate only. This gives rise to the difference between propagation
constants for odd and even modes, a difference which grows with
increased coupling. In conventional microstrip coupled lines, the odd-
mode velocity is greater then the even-mode velocity. As a result, a codi-
rectional propagation (forward direction) appears in the secondary line. In
addition, the nonuniform dielectric of the microstrip line increases the dif-
ference in dispersion for even and odd modes. Thus, the microstrip cou-
pled-line directional coupler has a low directivity (10 to 15 dB), which
drops even further as the coupling becomes weaker or the dielectric per-
mittivity is increased. For example, a 10% difference in phase velocities
reduces the directivity of 10-dB and 15-dB couplers to 13 dB and 8 dB,
respectively, from the theoretical infinity with equal-phase velocities [27].

One version with overlay dielectric is shown in Figure 7.18(a). This
additional dielectric substrate is fixed in the region above the coupled
microstrip lines. It serves to match the values of phase velocities for even
and odd modes by reducing the odd-mode phase velocity without consid-
erably affecting the even-mode phase velocity. The effective dielectric
constant for even and odd modes should be equal to the right amount of
overlay thickness. The use of a dielectric overlay also tightens the mid-
band coupling, as compared with a coupled microstrip directional coupler
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Figure 7.18. Microstrip coupled-line coupler sections: with additional dielectric layer (a); with addi-
tional free potential conductor (b); with intermediate dielectric layer (c).

without additional dielectric. Coupling of a compensated coupler depends
on the ratio €,/€q,.

In practice, 4-GHz microstrip directional coupler with dielectric over-
lay of the same type as the substrate (Duroid 5880, ¢ = 2.2) provides
directivity of 35 dB and losses of 0.1 dB. The same directional coupler
without dielectric overlay has directivity of 15 dB and losses of 0.05 dB.

An even better matching of phase velocities is reached with the use of an
additional conductor of free potential [Figure 7.18(b)], placed above the
coupled lines, separated from them by the additional dielectric substrate.

The length of the conductor is equal to the length of the coupled lines.
The conductor increases the capacitance between the coupled lines in the
odd mode, while having little or no effect on the capacitance in the even
mode. The wider the free conductor, the stronger the additional coupling.
However, the width is limited by the value at which the conductor essen-
tially becomes a ground plane. The overlap of the conductor with each of
the coupled lines must be equal to at least half the width of the coupled
lines.

Let us consider another microstrip directional coupler [Figure
7.18(c)]. In this design, an additional dielectric substrate with small per-
mittivity &, (&, < &) is placed between the main substrate and the ground
plane. This additional substrate reduces the effective dielectric constant
for the even mode considerably more than it does for the odd mode.
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Figure 7.19. Microstrip coupled-line couplers: with additional lumped-element capacitor connected
at the midde (a); with additional lumped-element capacitors at the ends (b); with sawtooth shape of
coupled lines (c); with periodic step shape of coupled liness (d).

The compensation of difference in phase velocities is achieved by add-
ing lumped-element capacitors connected at the middle [Figure 7.19(a)]
or at the ends of the coupled section [Figure 7.19(b)] [28, 29]. These
capacitors do not affect the even-mode signal, but affect the odd-mode
signal, reducing its phase velocity. The capacitors might be formed either
as chip components or as a planar configuration using the interdigital
structure (see Chapter 4). These techniques increase directivity, but
decrease the overall bandwidth of the coupler.

Another directional coupler design uses a sawtooth shape of coupled
lines [Figure 7.19(c)]. The odd-mode currents are concentrated at the sur-
face of the conductor facing the coupled region, while the even-mode cur-
rents are concentrated at the outside surface. Thus, the sawtooth shape
increases the path of odd-mode currents, having a minimum effect on
even-mode currents, thereby again leading to a closer matching of phase
velocities. An analogous structure utilizes a periodic step shape [Figure
7.19(d)]. These wiggly-line couplers [Figure 7.19(c, d)] increase the cou-
pling for a given line spacing and slightly increase the loss [30, 31].

The geometrical parameters of sawtooths are defined in [32]. One
great advantage of directional couplers (Figure 7.19) is that we retain a
totally planar circuit.

The geometric length of the microstrip lines in the coupled region
depends on the wavelength, which is a function of the substrate permittiv-
ity, geometric dimensions, and mid-band frequency. The length of cou-
pled lines equal to A/4 depends on the degree of coupling. On the other
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hand, the wavelength in microstrip coupled lines depends on the width W
of the lines, which is in turn a function of coupling.

Parameters of microstrip directional couplers in the microwave range
turn out to be rather sensitive to discontinuities arising in places of con-
nection with input (output) lines and also in places of connection between
adjacent sections of a multisection directional coupler. Such discontinui-
ties are of an inductive character. They can be compensated for by
increasing the width of the conductor in places of connection.

7.5. COMPARISON OF PRINT DIRECTIONAL COUPLERS

Table 7.7 illustrates the performance and equations of the print directional
couplers that are described in this chapter.
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CHAPTER 8

Dividers and Combiners

A reciprocal divider can provide an equal or unequal power split between
two or more channels [1-4]. Because of their reciprocity, these networks
may also be employed to combine a number of oscillators or amplifiers at
a single port. Dividers and combiners are used in feed networks in
antenna arrays, balanced mixers, high-power transmitters, balanced
amplifiers, and test instrumentation.

8.1. - AND Y-JUNCTIONS

The simplest printed single-layer three-port divider is analogous to coax
and waveguide T-junctions. It can have a series or a parallel connection of
one input and two outputs. In a series planar connection, the signal splits
out of phase; in a parallel connection, it splits in-phase between two out-
puts.

For improvement of matching, lines can be connected at 120° to each
other. Circuits connected in this way are called Y-junction. Dividers with
equal characteristic impedances are frequently useful. Matching in such
dividers is realized with quarter-wave transformers. Various power divi-
sion ratios can be provided by selecting the appropriate output imped-
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ances. The power split is inversely proportional to the output impedance
ratio.

Some useful uniplanar and multilayer T-junctions with different input
and output transmission lines are illustrated in Table 8.1. Multilayer
microstrip T-junction is shown in Figure 1 of Table 8.1. An input ML is
realized on double substrate and connected with a symmetrical segment
that includes two strips. These strips are connected with two output
microstrip lines having their ground plane between two dielectric sub-
strates.

Figure 2 of Table 8.1 illustrates the case where the input transmission
line is an ML and two output lines are nonsymmetrical slotlines (SLLS)
that are realized on two sides of the dielectric substrate. The slotline arms
and microstrip arm are connected parallel to each other.

Figure 3 of Table 8.1 shows a T-junction between an input ML with
guarter-wavelength open stub and two output coplanar waveguides

TABLE 8.1. Uniplanar and Multilayer T-Junctions with
Different Input and Output Transmission Lines

MICROSTRIP SLOTLINE COPLANAR WAVEGUIDE

SLL 3

MICROSTRIP

SLL

SLOTLINE

S

CPW g CPW

Via

COPLANAR WAVEGUIDE
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(CPW). In the center of the junction, the center conductor of the CPW has
a via hole.

The T-junction of Figure 4 (Table 8.1) includes an input top slotline
open circuit through a nonuniform circular slotline and two output MLs
on the bottom substrate side. The microstrip arms and slotline arm are
connected in series to each other.

The T-junction of three SSLs is displayed in Figure 5 of Table 8.1.

The case in Figure 6 of Table 8.1 shows a T-junction that acts as an
out-of-phase divider.

Figure 7 of Table 8.1 depicts the CPW-ML T-junction with a CPW
quarter-wavelength short stub.

Figure 8 of Table 8.1 shows the CPW-slotline T-junction with quarter-
wavelength ML open stub. In the center of the junction, the center con-
ductor of the CPW has a via hole.

Figure 9 of Table 8.1 illustrates the CPW T-junction for in-phase
power division. Bridges insure the same potential on each side of the
ground plane. Bridges are made by thin wires (d = 25 ym).

The simple three-port network structure of T- and Y-junctions has two
significant drawbacks: the absence of isolation between output ports and
the imperfect matching of all ports. Theoretically, the reciprocal three-
port network without loss cannot be matched at all ports simultaneously.
The power dividers/combiners discussed next are free of these disadvan-
tages.

8.2. DIVIDERS AND COMBINERS ON THE DIRECTIONAL
COUPLER BASE

8.2.1. Power Dividers

A directional coupler is a reciprocal four-port network, which provides
two different amplitude outputs when a signal is applied to its input. This
definition of a directional coupler speaks of its possible use for split
power from one port between two other ports. Let us consider various
dividers/combiners based on directional couplers. The divider based on a
ring directional coupler is shown in Figure 8.1(a). Power P, flows into
port 1 and splits between ports 2 and 3. As a result, powers P, and P, are
dissipated in corresponding terminations R, and R,. A matched ballast
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Figure 8.1. Power dividers and combiners: power divider with ring directional coupler (a); power
divider with two-branch directional coupler (b); power combiner with ring directional coupler (c);
power combiner with two- branch directional coupler (d).

termination R, is connected to port 4 to which, theoretically, there is no
flow of power. (In practice, there is a significantly diminished power
flow.) This termination is “ballast” only from a structural point of view;
functionally, it is essential, with a precise optimum value, to ensure the
proper performance of the network.

The advantage of a 3-dB directional coupler is its power handling
capability (in the range of several hundred watts of CW). The only limita-
tions to power handling are heat generated by internal dissipation losses
of the transmission line and the power capability of the ballast external
termination.

Let us specify the square of the admittance ratio:

PARVAE:
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Then, using (7.2), we obtain

_ m _ 1
yl_yodm_l_l’ Y, _y‘”/m+1'

169

(8.1)

Substituting (8.1) in (7.1), we obtain the scattering matrix of the ring

divider

.l m . 1
0 —|,/ —|/
m+1 m+1
- |- 0 0
m+1

1
m+1

\/ 1 \/ m
0 =i i
m+1 m+1

=i 0 0

1

m+1

m
m+1

0

(8.2)

As can be seen from (8.2), the energy of the source connected to one
of the ports of the ring divider is distributed between the adjacent ports
according to the square of the admittances ratio m:

where P, and P, are signal powers in ports 2 and 3 when the ring is ener-

gized from port 1.

If the power split for the two-branch divider shown in Figure 8.1(b) is

specified at

then the normalized admittances are equal such that

m+1
Y7 = .
m m

(8.3)
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The square of the admittance ratio is

Y, 1

Y2 m+l
The scattering matrix of a two-branch divider is

0 0 i }/JH
e 0 0 (]
Ji-m?| i }(/ﬁ 0

VA

From (8.1) and (8.3) we can define normalized admittances of ring and
two-branch dividers (see Table 8.2). For m > 3, it is difficult to realize the
corresponding ratio of admittances; therefore, the maximum practical
power split used is m = 3.

The important advantage of the branch dividers is achieving good
input matching because reflected signals from identical outputs are
absorbed in a ballast termination. In addition, the branch dividers/combin-
ers are effective for planar fabrication of balanced circuits because the
output ports from the network are on one side.

In this respect, directional couplers have an advantage over T- and Y-
junctions: in directional couplers, the split coefficient m is proportional to
the square of the ratio of admittances, which gives more room for increas-
ing m. However, a decrease in admittance and a corresponding decrease in
the width of the conductor lead to increased losses. In this case, unequal
losses take place on different segments of a directional coupler which
results in deviation from the specified m, mismatching, and a decrease in
isolation.

8.2.2. Power Combiners

Ring and branch directional couplers can be used as combiners of a num-
ber of coherent oscillators at a single port. Due to the reciprocity of divid-
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TABLE 8.2. Normalized Admittances of Ring and Two-Branch Dividers

Power Split
Circuit m=1 m=2 m=3
Ring coupler
1 2 1 3 1
YEYZZT Yo=Y, == Y1=£;Y ==
2 3 J3 2 2
Two-branch coupler
Vetv, =2 1 3 yeLuy-2
f NG

ers, relationships obtained for them are also true for combiners. However,
the combining mode has a series of particulars. To get lossless combining,
the input signals should be coherent and of equal amplitude.

Combining the powers P, and P, of two oscillators is realized in a ring
combiner, as shown in Figure 8.1(c). Ballast termination R, is connected
to the ring combiner. From the analysis of the scattering matrix (8.2), it
follows that signals from two in-phase oscillators are in phase at port 2
and out of phase at port 3. Power flowing into port 3 is zero when

P1|813|2 = P2|S43|2'

The main condition for high-efficiency power combining in the com-
mon termination is the equality of different oscillators’ frequencies and
phases. These conditions can be satisfied by the mutual synchronization
of oscillators using signals that leak through because of the imperfect cou-
pler isolation. The coupler’s imperfect isolation is caused by the mis-
matched terminations and manufacturing tolerances (see Chapter 7). Due
to the uncontrolled variations of these parameters, it is difficult in practice
to ensure constant coupling between oscillators. Thus, additional tuning is
required to provide the optimum synchronizing signal that maximizes
efficiency. The part of such a tuning element can be played by a variable
reactive termination connected to the ballast port. An example of this cir-
cuit is shown in Figure 8.1(d). In this circuit, equal quadrature signals of
two identical-frequency oscillators connected to ports 1 and 2 of a 3-dB
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two-branch coupler are combined. In the ideal case, the combined power
appears only on port 3, while port 4 is isolated. If any of the above condi-
tions (equal powers, phase quadrature, and equal frequencies) are not sat-
isfied, then an unbalanced signal appears in port 4.

A specified coupling between oscillators can be realized in the net-
work. Due to the specially introduced mismatching element (short or open
segment |, of adjustable length), the unbalanced signal is reflected from
the end of line I, and travels into the two oscillators for mutual synchroni-
zation. Another possibility is to use an additional synchronizing oscillator
connected to port 4.

A coupled-line directional coupler (Chapter 7) can be used for broad-
band power division or combining. The edge-coupled-line printed coupler
cannot be manufactured for a power division m < 10 because of etching
tolerances. For the ratio 1 < m < 10, the broadside coupled-line coupler
can be used. The 3-dB broadband Lange directional coupler is used for
equal power division (m = 1). The scattering matrix of the ideally matched
coupled-line divider or combiner can be derived from [4]

0 S,  —iS,</m 0
[s]=| > 0 0 cispdm| (8.4)
~iS,</m 0 0 S,
0 -iS,vm S, 0 |
where
(24 = Zy,)sinG o= 27!
#2000 +i(Z,, +Z,,)c0s0’ A

is electrical length of the coupled lines, A is the guide wavelength, Z,, is
normalized characteristic impedance for the even mode, Z,, is normalized
characteristic impedance for the odd mode, and

Gl 2

1Su|  (Zoe =Zo,)sINO
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The disadvantages of couplers used for dividers or combiners are the
complexity of the circuit, the significant dependence of parameters of the
circuit on frequency, and the need for additional ballast terminations.

The advantages of these couplers are convenience of adjustment with a
ballast output and good electrical characteristics (high isolation, good
matching, low loss, and equal power split).

8.3. IN-PHASE QUARTER-WAVELENGTH
POWER DIVIDERS/COMBINERS

8.3.1. Brief History

In-phase quarter-wavelength power dividers and combiners are important
components widely used in various applications such as feed networks in
antenna arrays, balanced power amplifiers, mixers, phase shifters, vector
modulators, and combiners.

The simplest quarter-wavelength multiport divider, known as the
Wilkinson divider [5, 6], provides matching of all ports, low loss, in-phase
split, and high isolation between output ports. Historically, this device has
been reported earlier [7-11]. It was also described in [9], together with the
so-called Gysel-type combiner [12], based on a conventional hybrid ring
(“rat race™) (see Chapter 7 and [13, 14]).

Over the past 40 years, several different circuit configurations of in-
phase quarter-wavelength dividers/combiners have been developed. They
have specific connection lines (type, impedance, and length), quantity of
outputs/inputs, and stages. These modifications, which provide wide
bandwidth and arbitrary power-division ratios, are briefly summarized in
Table 8.3.

8.3.2. Equal Power-Split Ratio Divider

The well-known Wilkinson power divider/combiner in Figure 8.2(a) con-
sists of two transmission lines, which have a physical length | = A /4 rela-
tive to the mid-band frequency of the divider (A, is the guide wavelength).
The lumped resistor R, is connected between outputs of the two quarter-
wavelength lines. If the signal flows into port 3, it is split equally between
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TABLE 8.3. Characteristics of In-Phase Quarter-Wavelength Dividers/Combiners

Simplest In-Phase

Quarter-Wavelength Modified
Parameters Divider/Combiner [5-11]  Dividers/Combiners
Bandwidth Narrow Wide [15-19]
Power Low High [7-12]
Power ratio Equal Unequal [20]
Number of outputs/inputs (N)  Binary (N = 2") Any N [5, 6, 10, 21-24]
Type of transmission lines Regular Irregular or coupled

[16, 17, 25, 26]

Type of isolating resistor For maximum isolation For specified isolation [27]
and switchable [24, 28]

ports 1 and 2. In this case, due to symmetry, points B and C are equipoten-
tial; therefore, there is no dissipation on resistor R,. If the signal flows into
port 1, it gets to point C in two ways: through lumped resistor R, and
through two quarter-wave segments. Thus, these two parts of the input
signal are out of phase at point C. With certain values (with respect to
characteristic impedance z,) of R, and characteristic impedances z, of
guarter-wave segments, the two parts of the input signal are equal in
amplitude and, therefore, cancel each other out at point C. In this way,
isolation of ports 1 and 2 is ensured, as half of the input power travels into
port 3 and the other half is dissipated on R,.

The power-handling capability of the Wilkinson divider is determined
by the power-dissipation capacity limits of the internal lumped-element
resistor R,. Typically, the CW input power is several watts and is also a
function of the impedance match between the divider and external sys-
tems.

Let us consider in more detail the equal power-split divider.

The mirror reflection method (see Chapter 6) will be applied to the
Wilkinson divider/combiner [Figure 8.2(a)]. Accordingly, the equivalent
three-port network [Figure 8.2(b)] is split into two two-port networks,
symmetrical relative to the YY-axis and operating with even mode [Figure
8.2(c)] and odd mode [Figure 8.2(d)].
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Figure 8.2. Wilkinson equal-split power divider: basic view (a); equivalent three- port network (b);
even-mode excitation model (c); odd-mode excitation model (d).

The normalized classical transfer matrices of even-mode and odd-
mode two-ports are given by [29]

J2c0os@ i Sin®
(A" = J2Y,
. . cos® |
|\/§Y sin®
A V2

- (8.5)
NA?
icosG) iY2sin®
Y, Y

1

[A]” ,
A CoSO +i Yy sin® ﬂcos@ﬂmsin@

where Y, = z,/z, is the normalized admittance of line segments of length I,
z, is the characteristic impedance of the input (output) lines, © = 271/A is
the electrical length of line segments, A is the guide wavelength, and Y, =
2z,/R, is twice the normalized admittance of resistor R, and is the normal-
ized admittance of the short-circuit segment (it will be assumed hence-
forth that Y, = ).
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The elements of the three-port scattering matrix at its center frequency
may be found by means of (8.5) and Appendix C:

o 1-2Y?
833=—2,
1+2Y,
1 — - 2 -
e A 66)
2(1+2Y2 1+Y,

= 1(1—2\(12 _1—Y2J
. .

2 ==
1+2Y7  1+Y,
It follows from this that perfect matching of all divider ports
(| (| (|
311 =S2 =Sz

1
and perfect isolation between the first and second ports (Slz =0) are
obtained if

1
Y,=—, Y,=1
1 \/5 2
or
2,=7,2, R,=2z, (8.7)

The scattering matrix of the ideally matched Wilkinson divider at the
center frequency is

1

]

_ 1

[§]=-il o o 1|
ERRET
Z 2

Differing from no less reciprocal T-junctions, the Wilkinson divider
can be matched at all ports simultaneously because this three-port net-
work uses a lossy element (resistor R,).
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The Wilkinson power divider is a network with outputs whose phase
relationship is 0°. This characteristic is a necessity, for example, in phased
arrays. Another advantage of the Wilkinson divider is its superior ampli-
tude balance as compared with a 3-dB directional coupler.

Using (8.6) and conditions (8.7), we can find [29] the frequency
response of the Wilkinson divider parameters: matching, insertion loss,
and isolation:

1
1+|Sy W
_ ~ _ 64t +80t2 +9+1
VSWR, =VSWR, = —— = oo o1
1_ Sll
1
1+ 833 l9+8t2 +1
VSWR, = — 1= ~——,
1-1|Ss3 9+8t" -1 (8.8)
2
Cpy =Cpy =20l0g = = 20|og—“8+C2°‘°'e (dB),
Sis

\64t* +80t* +9
2/2t% +1

C,= 20Iogi =20log

1

S

(aB),

where t = tan271/A.

The maximum isolation theoretically goes to infinity. However, the
real divider characteristics deviate from the ideal, due to manufacture tol-
erances, losses, discontinuities, and mismatching of the terminations, as
well as the physical quality of the resistor. The influence of these different
factors on the parameters of the divider will be examined. In particular,
the frequency dependencies quoted above can be used to describe the
divider parameters at a fixed frequency when the section lengths deviate
from nominal (when I/A, # 0.25).

The normalized admittances Y, and Y, can deviate from their nominal
values, as given by (8.7). If one of the conditions in (8.7) is satisfied (e.g.,
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R,=2z,), then, from (8.6) and (8.8), the dependencies of parameters of the
divider on admittance Y, will be given by

VSR, ~VSIR, = 2(1+2v2)|+-2v7|

(e 2v?) -p-2vf
o 2] ez

T2 -p-2vf 8.9)
C,=C,, :10Iog‘1+ 201 (aB),
1
2(1+2Y;

C,, =20log (11_+—2\Z21) (aB).

The influence of the resistance R, (with Y, = 1/ J2) on the parameters
may be found similarly:

_|2(1+Y2)|+|1—Y2|

VSWR, =VSWR, = A=

VSWR, =1,
C,, =C,, =3.01dB,
2(1+

Y,)

2

(8.10)

C, =20log

(aB).

According to (8.9) and (8.10), the admittance Y, influences all the
divider parameters, while Y, only affects the matching of the first and sec-
ond ports and the amount of isolation (C,,). The input return loss (of port
3) and insertion losses are independent of R,.

Resistive losses in the quarter-wave segments of the divider will be
characterized by the normalized loss al (see Chapter 7). When al < 0.1,
under conditions (8.7), divider parameters:
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2(¢f|2 +242 o +2)
VSWR, =VSWR, = ,
' 2 lP+42ad+4
VSWR, = 2911
al+1 (8.11)

C, =C;; =20log (L5l ++/2) (dB),

Cp, =20|0930'2I2 +8\/§a| +8( )
2(a2|2+ 201)

If al is in the range 0.001 to 0.1 Nep, then VSWR, = VSWR, < 1.002,
VSWR, = 1.09, C,, = C,, < 3.08 dB, and C,, = 29.7 dB. Such influence
only needs to be taken into account when designing a complicated feeder
system with a large number of dividers (combiners).

Let us consider the effect on the divider operation if the terminations
connected to ports 1, 2, and 3 are mismatched. The divider parameters are
found [30] to be (see Table 8.4)

ink

1+
VSWR, =

ink

(8.12)
R

C, =10log|—
ik g Pk

(aB).

If the termination of the third port is matched (I'; = 0), we obtain per-
fect isolation (C,, = o) and matching of the first and second ports
(VSWR, = VSWR, = 1) regardless of the amount of mismatch in the termi-
nations of ports 1 and 2.

However, such mismatch influences the mismatching of the third port.
The curves of Figure 8.3 show how the divider parameters depend on the
purely real termination factors. If the output ports 1 and 2 are loaded with
terminations of nearly identical, reflection coefficients (I, = I',), the input
match (I",;,) degrades according to the magnitude of the reflection coeffi-
cients: |[,| =1, = 1.
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TABLE 8.4. Reflection Coefficients and Power Transmission Coefficients
of the In-Phase Quarter-Wavelength Dividers/Combiners

Transmission from

Port 1 Port 2 Port 3
__ r, __ r, r :_F1+F2
24T, "2+, 2
P_l+rrf-Inf  p_ Prrrf-n [ R _a-|r+r.f
P (1-Irf)irf P (-In)inf P 21— f)
R _Prrr[-rf P, _frrr - f Po_a-r+r]
S R e O
VSWR, C12(dB)
I T
|F=0.2
1.2 | 35
\ﬁ\ﬁ‘?\, /
1.1 <C}e 25
10 I~
0.05 0.1 0.15 Il
VSWR,
1.8
14 \Vz\;o'z;
///////
1.0 La—1—1
0.05 0.1 0.15 ]
b

Figure 8.3. Characteristics of power divider as a function from: |I;| (a); |I",] and |I",| (b).
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When laying out the divider ports 1 and 2, discontinuities may appear
at points where transmission lines with different impedances (z, and z,)
are connected. These discontinuities can be taken into account in the
divider equivalent circuit by introducing an impedance Z, shunting the
first and the second ports. On performing calculations similar to the
above, for the divider with discontinuities, we obtain

24, 4|1,
VSWR, =VSWR, =VSWR, = -——+ 4
|2+Y4|_|Y4|
2+Y,
C,, =C,, = 20log JEA (dB),

C,=w (dB).

The isolation between the first and the second ports thus remains per-
fect whatever the degree of their mismatch, provided that it is identical for
each port.

8.3.3. Power Combiner with Specified Isolation

In some applications a specified value of isolation is required. For exam-
ple, for combining power of oscillators, specified isolation provides
mutual synchronization of the oscillators [4, 25, 27].

This combiner with specified isolation between ports 1 and 2 can be
realized as shown in Figure 8.4(a). In this circuit, the value of the isolation
resistor is R # 2z, and the coupling between ports 1 and 2 becomes depen-
dent on the value of R. The influence of the resistance R (with Y, = 1/42)
on the parameters may be found from [27]

2(1+Y) +(2-Y)|
2(1+Y)-(1-Y)|
2(1+Y)

VSWR, = VSWR, =
, (8.13)

C,, =20log (dB)

where Y = 2z,/R is twice the normalized admittance of isolation resistor R.
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Figure 8.4. Power combiner with specified isolation: schematic (a); characteristics as function from
isolating resistor admittance variation (b).

Input return loss at port 3 and insertion loss are independent of R. The-
oretical and experimental characteristics of isolation C,, and matching
VSWR, = VSWR, [see (8.13)] versus admittance deviation AY/Y x 100%,
are shown in Figure 8.4(b).

In the circuit [Figure 8.4(a)] with the specified isolation and ideal
matching of port 3, ports 1 and 2 are mismatched. For the normal func-
tioning of oscillators, good matching of the ports 1 and 2 is required. For
the perfect matching of ports 1 and 2 for a specified isolation, it is neces-
sary that

that is,

|z
2, =1, ZEO(Q)'
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8.3.4. Broadband Dividers/Combiners
N-Section Network

Dr. Seymour Cohn [15] described an in-line power divider consisting of a
number of quarter-wavelength sections with resistive terminations at the
end of each section, as shown in Figure 8.5(a).

Let us consider the n-section broadband divider [Figure 8.5(a)] with
equal terminations z, (characteristic impedances of input/output lines).
The power divider can be represented by an equivalent symmetrical with
respect to a YY-plane three-port network [Figure 8.5(b)].

a
| |
jzd _
1 2o Z ) Zn
a ) o
3
YR% """ %R """ %R:,,%R """""""""""" 7y T Y
o ,
2 % Z; Z3 Zn
oL _
b
— .
Zy z, zy z, 2z,
o ,

— i ——!

Q( H H o H
zoRl/Z% ZF;Z/Z% 22R3/2% %R"/Z 2, short
/@/ -

d
Figure 8.5. Broadband n-section power divider: total view (a); equivalent circuit (b); even-mode
two-port (c); odd-mode two-port (d).
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The three-port network can be represented by equivalent two-port net-
works [Figure 8.5, (c, d)] for even and odd modes (see Chapter 6). The
circuit in Figure 8.5(c) can be interpreted as a step connection between
active terminations with R = 2z,/z, = 2. In this case, the main parameters
of the multisection power divider are dependent solely on the module of
the input (output) reflection coefficient of the impedance transformer:
st |=[sw

=Ir].

Based on the above, we can use the well-known theory of impedance
transformers [31] to calculate the broadband power dividers. In particular,
let us determine the number of sections (n) necessary for the realization of
the permissible reflection coefficient

—_ — ++
- - S11

|r|max - |S33|max

S++
22 max

max

and the relative bandwidth W, for the specified Chebyshev frequency

response
\/1_ |S33|fnax

2\/§|S33 |max

I
sin(”WB)
4

and the Butterworth (maximally flat) frequency response

arcch

arcch

2\/§|S33| max

log
\/1_ |S33|r2nax
Iog[cos”(l— WBH
2 2

n=

where
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No_y

w, =29 9% -y g e=21l/
©:+0,; Ny
/\B

is the electrical length of segments; ©, and © _; are upper and lower band-
edge O; and A; and A ; are upper and lower band-edge wavelength,
respectively.

As the number of sections increases, the bandwidth of the divider/
combiner also increases. Power dividers with bandwidths from one octave
up to one decade have been designed.

Coupled-Line Divider/Combiner

Consider a simple in-phase coupled-line divider/combiner [Figure 8.6(a)]
[25], in which the isolating resistor is connected through the coupled lines
and is dc isolated from the in-phase transfer path. Figure 8.6(c) represents
the equivalent interconnection of three fractional lines with self-imped-
ance z,, (conductor 1-ground plane), self-impedance z,, (conductor 2-
ground plane), and mutual impedance z,, (between conductors 1 and 2).
All three lines are assumed to have identical electrical length © and form
a quarter-wavelength impedance transformers. Considering, the simplest
case of symmetrical coupled lines (z,, = z,, = z), the resulting characteris-
tic impedance of the quarter-wavelength transformer is

_z(z+1,)

Zo. = .
Oe
27+,

(8.14)
Because only the value z,, is specified for in-phase impedance trans-
formation between R® and z, at ports 1 and 2

2y, =422, REZ)i

there exists some freedom in choosing of fractional impedances z and z,,,.
This freedom can be used for the optimization of the odd-mode decompo-
sition circuit [Figure 8.6(d, €)] as a result of being short-circuited at the
axis of symmetry YY in Figure 8.6(a) to provide maximum isolation
between ports 1 and 2.
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Figure 8.6. Two-way coupled-line power combiner/divider: total view (a); even mode circuit (b);
even-mode equivalent schematic with uncoupled lines (c); odd-mode circuit (d); odd-mode equivalent
schematic with uncoupled lines (e).

Let us consider, for example, the simplest case when the load imped-
ance at port 3 is equal to
2) _1Z
RY =",

for which the even-mode impedance z,, = z, provides full matching inde-
pendent of frequency (I",, = 0). The odd-mode impedance z,, should be
optimized to provide the minimum odd-mode reflection coefficient (I";,).
It can be obtained by analysis of the circuit in Figure 8.6(d, e):

_ -k*-Cctg@ +iC?

r, = , 8.15
% k?-Cctg’®@+2C ctg® +iC? (8.15)
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where

k= z = ZOe_ZOo

Z+ Z12 ZOe + ZOo

is the voltage coupling coefficient between the coupled lines, C = 1 - k?,
© =27/, is electrical length of coupled lines, and A, is the guide wave-
length at the center frequency. Some results of the calculation are shown
in Figure 8.7. Because of I, = 0, the reflection coefficient at ports 1 and 2
is equal to I",/2.

The isolation between ports 1 and 2 is defined as

ISO=20log _2

0o Oe

(dB). (8.16)

A significantly broader bandwidth of this type of coupled-line com-
biner is achieved in two or more stage devices [25]. A schematic of a two-
way, two-stage combiner is shown in Figure 8.7. Consider the practical
case, when

R¥ =Ry, =Ry, =2, =50Q (I, #0) .

The results of numerical optimization using software GENESYSv. 8.1
(Eagleware Corporation) are shown in Table 8.5. Typical characteristics
are illustrated in Figure 8.8 for F,_/F,., = 2.33.

~— |:/\0/4 — |:/\0/4 —

X k25,21, @ X Ky, 23, 20,0

X k2,21, X Ky 29,2150

2

il

Figure 8.7. Two-way, two-stage coupled-line power combiner/divider.
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TABLE 8.5. Parameters of Two-Way Two-Stage Divider/Combiner with
Symmetrical Coupled Lines

FoolFon Q) 7,(Q k  2,(Q  z,Q)  k Ir,] 1SO (dB)
15 14687 453 0764 8385 1266 0398 0018 56
20 14547 426 0773 8697 1171 0426 0050 42
233 14430 406 0780 88.94 1124 0442 0074 36
25 14388 393 0786 9028 1082 0455 0086 34
30 14261 361 0798 9356 99.23 0485 0118 30

8.3.5. Unequal Power-Split Ratio Divider

Unequal power-split ratio power dividers (combiners) are frequently
employed in array antennas and different types of receivers.

The unequal power-split ratio divider is described in [20]. It consists
(see Figure 8.9) of two branches of different impedances, z, and z,, that

0.5

0.090
0.075
—0.060
®
£0.045
0.030
0.015
0.000

|
|
‘ f f
70 80 90 100 110 120 130 140
Electrical length ©, deg

54 63 72 81 90 99 108117 126
Electrical length ©, deg

b

Figure 8.8. Frequency response of coupled line power divider: for odd-mode reflection coefficient
(a); for two-stage divider reflection coefficient and isolation (b).
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O O e 0,

Figure 8.9. Microstrip Wilkinson power divider with unequal power-split ratio.

realize the desired power division. These two branches have an electrical
length of 90° at the center frequency of the divider. For a microstrip
divider ©, # O, because &4, # &4, Quarter-wave output transformers
match the outputs/inputs of the divider to the characteristic impedance z,.
This unequal power-split ratio divider has normalized impedances and
lumped resistor [20] determined by

P
m=—-,
P2
3
m )¢ 3 1
7, =1, 1 J , 2:ZO|:m8(l+m)4:|’
+m
i 1
_(@m)e g,
z,=1, ——1, z,=z,m*, z,=—"2,
k8 m*

A power divider with unequal division ratios provides matched input
and matched in-phase outputs with theoretically perfect isolation between
the output ports.

8.3.6. Lumped Element Divider

The Wilkinson power divider is relatively large for low-frequency appli-
cations. Let us substitute A/4 segments of the divider with equivalent
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s = /Z(; [ mo
a b
1 -

Figure 8.10. The segment of the transmission line (a) and its 7~section (b) and T-section (c) equiva-
lent.

lumped-element circuits. A short segment of transmission line of charac-
teristic impedance z and electrical length © [Figure 8.10(a)] is equivalent
to a m-section circuit [Figure 8.10(b)] or a T-section circuit [Figure
8.10(c)]. The classic non-normalized transfer matrix of /section, includ-
ing cascade connection of the three simplest two-port networks [I, 11, and
I11; see Figure 8.10(b)], is [see Chapter 5, (6.1), and Appendix C]

1-x2 iX
(8.17)

i— 1-X—
2

2

[2], =[al [a],[a]., = B[z-xB] 5|

The section of the uniform line of characteristic impedance z and geo-
metric length | without losses has a non-normalized transfer matrix (see
Appendix C):

cos® izsin®

[a] = iSinTe 050 | (8.18)

Comparing (8.17) and (8.18), we obtain
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B
1-X—=c0sO®
2 0™, (8.19)
X =zsin0G.
Therefore,
B_1-00s0 _yian[ 2], (8.20)
2 zsin® 2

For the quarter-wavelength segments of the Wilkinson divider [from
(8.19) and (8.20)], the equivalent lumped elements of the 7~section [Fig-
ure 8.10(b)] are

B 1 1
X=z —=ZorlL=—"", C= . (8.21)
2 1z 2 f, 2 fyz

The equivalent lumped-element circuit can be used for each quarter-
wavelength segment. The 7=section equivalent can be realized with mean-
der-line inductor and two capacitors in each section. Capacitors of two

A

= =

l

c Groundl

Figure8.11. Low-frequency lumped element power divider/combiner.
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segments at the input of the power divider may be replaced by a single
capacitor of twice the value.

One version of a lumped element divider was constructed on a 0.005-
in. Kapton substrate (£ = 3.45), designed to operate on a frequency of 100
MHz. Figure 8.11 shows the layout of the lumped-element divider. A
combination of suspended stripline (SS) inductors and microstrip input/
output lines offers certain advantages. The SS structure provides a low
parasitic capacitance between the meander line and ground. This divider
occupied an area of 1.5 in°—a factor of 10 reduction as compared to the
conventional distributed Wilkinson divider. The measured performance
parameters of this divider in bandwidth of 30% were: return losses at all
ports better than 20 dB, isolation between output ports of 22 dB, and
losses of 0.1 dB.

8.4. N-WAY DIVIDERS/COMBINERS

8.4.1. Chain-Like Dividers/Combiners Based on
Directional Couplers

Power combining of more than two oscillators can be realized by a chain-
like connection of ring combiners in which each consecutive ring com-
biner acts as a load for the preceding one, as shown in Figure 8.12. Char-
acteristic admittances of different segments of a ring coupler are
determined in accordance with Table 8.2, while admittances of ballast and
output termination are equal to each other.

Power combining of more than two oscillators can be realized, for
example, by the network displayed in Figure 8.13. This network ensures
power combining of four oscillators using three two-branch combiners.
These combiners are interconnected by line segments I, and 1,. Line seg-
ments of length I, (i = I, 1, 111) performing the same functions as segment
I, [Figure 8.1(d)] are connected to port 4 of each two-branch combiner.
Analysis of elements of the scattering matrix [27] leads to the following
conclusion. Scattering matrix elements S, S,., S,:, and S, which charac-
terize voltage transmission coefficients from the corresponding oscillator
to the load, are independent of mismatching of ports 4, 4,, and 4,,.
Reflection coefficients I', I, and I',,, of the adjustable segments con-
nected to these ports determine only the coupling between oscillators. The
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Figure 8.12. Combiner using ring directional couplers for combining power of four oscillators.

mutual synchronization can be regulated by varying reflection coefficients
r, r,, and I',,. Mutual coupling between oscillators from different pairs
(e.g., between oscillators connected to ports 1 and 3) does not depend on
terminations in ports 4, and 4,, and is determined only by the mismatching
of termination in port 4,, (I",,)).

Based on the above, we can recommend the following procedure for
adjustment of a combiner in Figure 8.13. First, using an adjustable seg-
ment connected to port 4,, we establish a mutual synchronization of the
pair of oscillators connected to the first branch coupler. The same is done
for the pair of oscillators connected to the second branch coupler using
the adjustable segment connected to port 4,. Then, using the adjustable
element connected to port 4,,,, we establish the mutual synchronization of
all four oscillators.

The given network also can be used for splitting the power of one
source at port 3,,,.
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Figure 8.13. Combiner using two-branch directional couplers for four oscillators.

8.4.2. Networks Based on Wilkinson Dividers

In multichannel dividers and combiners, the connection of several Wilkin-
son dividers is used as shown in Figure 8.14. The best parameters of such
a circuit are attained when the distance between dividers is | = A,/2

(where A\, is the guide wavelength relative to the center frequency of the
divider).

Z1

Figure 8.14. Four-way divider/combiner.
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Modules of scattering matrix elements of this circuit are [27]

S.]= cos’® | [288+cos’@
"8+ cos’ @]\ 8+cos’@
4
S.|=
S| 8+cos’O|
1 \/(900529+4)2 +72sin? 29‘ (8.22)
S, |= ;
5 J64t* +80t% +9 8+c0s’© ‘
e 8 [ 22 +1
#1 8+cos’ @[\ 64t* +80t° + 9|

Figure 8.15(a) shows the circuit’s frequency characteristics, as well as
the frequency response of the single divider (dashed lines) for compari-
son. These characteristics show that the matching of input/output ports of
a three-divider network is more sensitive to frequency change than the
matching of a single divider. The obtained frequency characteristics of an
ideal connection may be interpreted as characteristics of a nonideal con-
nection working at a fixed frequency, in which lengths of segments devi-
ate from the nominal values. Thus, the required production tolerances of
length | are stricter for the three-divider connection.

From (8.22) it follows that insertion losses of the circuit in Figure 8.14
are equal to double the losses of a single divider. The isolation between
input ports of different power dividers (C,, = C,, = C,, = C,;) is equal to
the sum of isolation between output ports of a single divider and the inser-
tion losses of the three-divider connection C,,.

In practice, characteristics of the three-divider connection differ from
the ideal characteristics due to production tolerances, losses in transmis-
sion line, and mismatching of terminations. Production tolerances of the
dielectric constant of the substrate, of line widths of the divider, and of
substrate thickness cause a deviation of admittance Y, from the nominal

(%= Y5)
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Figure 8.15. Frequency response of isolation (a), insertion loss (b), and matching (c) of three power
dividers (solid lines) and single power divider (dotted lines).

The influence of Y, on the parameters of the three-divider connection can
be seen from the following relationships [27]:

1-2Y;
S]= 1+2Y12 !
2Y7 (3+4v2 +12Y,%)
|312|: o\ ,
(1+2¥7)

S,|=[s |=|1-2Yf|1_Y12(3+4Y12+12Y14)
22 33 |1+2Y12| 2 (1+2Y12)4 ‘,
|2v(1-2v?)

| (1+2v)

Sz
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A comparison of this network with the single divider shows that the
degree of mismatch of all ports of the connection is less sensitive to the
variation of Y, than the degree of mismatch of ports of the single divider.
Dependencies of parameters of the three-divider connection on the devia-
tion of R, from the nominal value, when

TA\
le}{/iandll: %
are determined by the following relationships:

1 1
|Sll| =0, |512| = > |Szz| = |SZ4| = n

1-Y,
1+Y,

Comparing the characteristics of the three-divider connection and
parameters of a single divider [27], we conclude that the matching of out-
put ports of the three-divider connection (VSWR,) is more sensitive to the
deviation of VSWR, from the nominal value than that of a single divider.
Isolation between any two output ports of the three-divider connection
(C,, = C,,) is greater than the isolation between output ports of a single
divider by 6.02 dB.

In sum, in the three-divider connection Y, influences all parameters,
while Y, influences only the matching and isolation of output ports. More-
over, matching and isolation turn out to be more sensitive to Y, than to Y,

The described circuit of the three-divider connection can be used as an
elementary module for the design of dividers/combiners with a bigger
number of channels.

Let us consider dividers with an odd number of three or more output
ports. In the basic three-way divider, the power level at each of the three
output ports is 4.77 dB below that of the input power level. Planar micro-
wave power dividers are shown in Figure 8.16(a, b). The divider in Figure
8.16(a) [21] is obtained by using two sections of three transmission lines
and four isolation resistors. The characteristic impedances of the input
and three output ports are 50Q. The characteristic impedances of trans-
mission lines of the two sections are z, = 114.0Q and z, = 65.8Q, and the
resistances are R, = 65Q and R, = 200Q. At the 5-GHz frequency range,
the isolation characteristic between ports 2 and 3 and 1 and 2 is more than
28 dB, the isolation between ports 1 and 3 is more than 20 dB, and VSWR
is less than 1.3 in 1.5:1 bandwidth. In a microstrip realization, the 114Q
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)

Figure8.16. Layouts of three-way power dividers: with three transmission lines (a); recombinant cir-
cuit (b).

transmission lines are very narrow and substantially increase the insertion
loss (~0.5 dB).

The other divider in Figure 8.16(b) requires a maximum line imped-
ance of 80Q, and only three isolation resistors [22]. The first section pro-
vides equal power split. The second section in a corporate feed is
designed to provide a 1:2 unequal power split (-1.77 dB, -4.77 dB) and
the two lower power arms are recombined into a single center arm using
an equal combiner. In this recombinant divider, the characteristic imped-
ances of transmission lines are z, = 50Q, z, = 36Q, z, = z, = z, = z, = 40Q,
and z, = 80Q. The isolation resistors are R, = 50Q, R, = 100Q. At the 5.0-
GHz frequency range over 1.5:1 bandwidth, isolation exceeds 20 dB and
insertion loss is less than 0.3 dB.
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Figure8.17. Coupled line N-way power divider/combiner.

8.4.3. N-Way Coupled-Line Combiner

A two-way coupled-line power combiner [Figure 8.6(a)] can be consid-
ered as a result of the specific interconnection of two identical 90° direc-
tional couplers and can also be extended to an N-way in-phase combiner/
divider, as shown in Figure 8.17 [25]. In this case, N identical 90° direc-
tional couplers are interconnected in the same manner. The resulting cir-
cuit in Figure 8.30 has the same circular symmetry as the circuit in Figure
8.7, or the Wilkinson-type combiner and, in this case, there is additional
freedom: N identical coupled lines can be chosen as symmetrical or non-
symmetrical. For the particular case of symmetrical coupled lines (z,, = z,,
=72), (8.14) is valid. If the load resistance is equal to

R =%/

(8.15) is also valid. In the common case, the isolation between any two
ports 1...N is equal to

N
1SO = 20log T (dB), (8.23)

0o Oe
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where values ") and ") should be defined for proper N. For the case
considered above, when
R =%/

rM=0andrr =1,

we have

from (8.15). Expression (8.23) is a result of the same circular symmetry
as for the circuit in Figure 8.7 and can be used for any values of I',, and
Iy, depending on the chosen ratio

RM
Z, '

TABLE 8.6. Normalized Impedance Values for Different Dividers/Combiners

Power Split
Divider m=1 m=2 m=3 m=10 m =100
Wilkinson 7, =7, =<2 z,=2060 2z, =2630 N/A N/A
R,=2 Z,=0.612 (Difficult to
R =2121 realize)
z,=0.385
R, =2.309
Ring z2=2,=\2 2,=\|¥ z-= y N/A N/A
2 V3
z,=\3 z,=2
Two- z =1 z,=\2  z,=3 N/A N/A
branch 1 5 3
Z = = =
VAR AR AN
Coupled  Z =2414 Z _=1931 Z =1732 Z =1365 Z, =1060
line
z,=0414 Z =0518 Z =0577 Z, =0732 Z, =0.905
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TABLE 8.7. Parameters of Different Dividers/Combiners

Power Application
Divider/ Division Phase for Balanced
Combiner  (m) Bandwidth  Matching Isolation Balance Amplifiers  Size
T-Junction 1...2 Broadband  Pure No In-phase No Very small
Wilkinson 1...2 Broadband  Good Yes In-phase Yes Small
Ring 1...3 Narrowband Good Yes In-phase— No Large

out-of-phase
Branch 1...3 Narrowband Good Yes Quadrature  Yes Moderate

Coupled  1...100 Broadband Good Yes Quadrature  Yes Small
line

8.5. COMPARISON OF DIFFERENT DIVIDERS/COMBINERS

Using (8.1) and (8.4), normalized impedance values for different dividers
having isolation of output ports are listed in Table 8.6. The power split m
> 3 is difficult to realize in Wilkinson, ring, and branch dividers. The lim-
iting factor here is the impossibility of manufacturing narrow printed con-
ductors of high impedance segments. In addition, an increase in
impedance and a corresponding decrease of the conductor width lead to
increased losses (see Chapter 2). Table 8.7 illustrates comparison of dif-
ferent dividers/combiners.
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CHAPTER 9

Filters

RF and microwave filters suppress unwanted signals and separate signals
of different frequencies. RF and microwave receivers and transmitters
require numerous miniature filters for such functions as preselection in
the case of a receiver front end, suppression of mixer spurious products,
and suppression of transmitter parasitic signals, providing access to the
passhand and stopband characteristics in multiplexers.

9.1. CLASSIFICATION

Filters can be classified into five different categories of characteristics:

1. Frequency selection:
e Lowpass frequency (LPF),
« Highpass frequency (HPF),
» Bandpass frequency (BPF),
» Bandstop frequency (BSF);
2. Filter response:
e Chebyshev,
e Butterworth,
e Other (elliptical, Bessel, Gaussian, and so forth);
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3. Percentage bandwidth:
» Narrowband (0%-20%),
» Moderate band (10%-50%),
* Wideband (over 50%);
4. Type of elements:
« Distributed elements,
e Lumped elements;
5. Construction types:
e Stepped impedance,
« Parallel coupled line,
e End-coupled line,
« Interdigital,
*  Comb-line,
e Hairpin,
e lrregular line.

In addition, there are some different types of filters which are not con-
sidered in this book: active, electromechanical, with piezoelectric (sur-
face-acoustic wave), monolithic crystal, magnetostrictive resonators,
ceramic-resonator, and Y1G-tuned.

The lowpass and highpass characteristics have the cutoff frequency,
defined by the specified insertion loss in decibels, at which the passband
ends. The LPF transfers energy to the load at frequencies lower than the
cutoff frequency with minimal attenuation and reflects an increasing frac-
tion of the energy back to the source as the frequency is increased above
the cutoff frequency. The HPF transfers energy to the load at frequencies
higher than the cutoff frequency with minimal attenuation and reflects an
increasing fraction of the energy back to the source as the frequency is
decreased below the cutoff frequency.

The bandpass and bandstop filter characteristics have two cutoff fre-
guencies, or band-edge frequencies, which are defined by the specified
insertion loss in decibels. In the BPF, energy is transferred to the load in a
band of frequencies between the lower and upper cutoff frequencies. In
the BSF energy transfers to the load in two frequency bands: from dc to
the lower bandstop cutoff and from the upper bandstop cutoff to infinite
frequency.

The most popular solutions for the filter transfer function are the Che-
byshev and Butterworth responses [1-9]. Butterworth function filters have
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no ripples—insertion loss is flat in the frequency band (thus, the popular
name “maximally flat”) and rises monotonously with changing frequency.
The insertion loss for this response may be expressed as

a =10Iog[1+ hz(ﬁ} n](dB), (9.1)

w,

where

is the ripple factor, a, is the passband attenuation ripple in decibels, w is
the desired angular frequency, w, is the cutoff angular frequency, and n is
the order of the filter (the number of reactive elements required to obtain
the desired response). The Butterworth filter phase response is nonlinear
about the cutoff region, with group delay that increases slightly toward the
band edges.

A Chebyshev function filter provides the sharpest possible rise of the
insertion loss with frequency for a maximum specified passband insertion
loss ripple (small changes in the attenuation characteristic of a passband).
Since increased ripple results in better selectivity, this approximation
offers a compromise between passband ripple and selectivity. The Cheby-
shev function produces greater rejection amplitude response than the But-
terworth function, but has a slight ripple in the passband and greater phase
shift and time- or group-delay variations. The phase response of the Che-
byshev filter tends to be poor, with a rapid increase in the group-delay
variations at the band edges. For the Chebyshev response, the insertion
loss may be expressed by the following formula:

a:lOIog{1+ h’C? (wﬁﬂ(dB), (9.2)

where
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is the Chebyshev polynomial of the first kind and of the order n. In most
applications Chebyshev responses are preferred because of higher rejec-
tion, but at the cost of slight ripple in the passband.

The elliptic function approximation is equiripple in both the passband
and the stopband. The elliptic filter provides a much steeper stopband
shape for a given value n, and greater losses as compared to the Butter-
worth and Chebyshev filters. The price for this performance is paid in
stopband ripple levels. A Bessel response is maximally flat in phase
within the passband and relative equal-ripple response, but this filter sac-
rifices somewhat in the sharpness of its rolloff region.

9.2. FILTER SYNTHESIS

The general synthesis of filters proceeds from tabulated lowpass filter
prototypes. The lowpass prototype filter synthesis has been most popular
and consists of the following steps.

The first step is the design of a prototype lowpass filter with the
desired passband characteristics. Lumped-element lowpass filters consist
of a ladder network of series inductors and shunt capacitors. Normaliza-
tion in impedance and frequency is used. The synthesized lowpass filter,
normalized for a system impedance of 1Q, with a cutoff frequency of
1 radian/s, has series inductors in henries and shunt capacitors in farads.
These values are referred to as prototype, or g, values.

The design procedure for LPF consists of calculation of the filter order
based upon a maximum attenuation in the stopband, a minimum level of
ripples in the passband, and the cutoff frequency.

The order of the Chebyshev lowpass filter prototype is equal to

cosh'l[ /A'“ax:ﬂ
Amin , (93)
(w
cosh 1[")
a)S

Am — 10amax /10

n=

where
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is the maximum attenuation in the stopband above a certain limiting fre-
quency w, (normalized stopband angular frequency),

8nmin
Ay, =10 78

is the minimum level of ripples in the passband attenuation in the pass-
band, w, is normalized angular passband frequency, and a;,,, and a;, are
attenuation in decibels.

The order of the Butterworth lowpass filter prototype is

Iog[ Anae 71 IJ
VAWl (9.4)

Also, microwave filters can be synthesized using stepped impedance
elements [6, 10].

The second step of filter synthesis is the transformation of the lowpass
lumped-element filter prototype to the required filter type (LPF, HPF,
BPF, or BSF). Equations for frequency and element transformations are
givenin [1, 8].

The third step is the practical design of a microwave filter.

Because of the limited scope of this book, we will consider RF and
microwave LPFs and BPFs only.

9.3. LPFs

In the case of LPF, all frequencies below a set frequency are selected, and
all frequencies above this same set frequency are unwanted.

9.3.1. Stepped-Impedance LPF

TEM structures of stripline and microstrip lines are ideal for LPFs. A
waveguide LPF is not possible because waveguides have low cutoff fre-
guencies. The design of a microwave LPF closely follows the idealized
lumped-element circuit.
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Figure 9.1. Stepped impedance microstrip LPF: layout of 5th order filter (a); equivalent circuit (b);
insertion loss frequency response (c)

9.3. LPFs

Figure 9.1 illustrates the relationship between a microwave lowpass
filter and a low-frequency lowpass filter prototype. A short section of a
high-impedance transmission line can approximate a series inductance. A
short section of a low-impedance transmission line can approximate a

shunt capacitor.

Let us consider a section of transmission line of characteristic imped-
ance z and length | (electrical length © = 271/A) [see Figure 8.10(a)]. The
/-section equivalent circuit of the line is shown in Figure 8.10(b). If the
length of a high-impedance section is less than A/8(© < 774), from (8.19)
we have the following: for the prototype X = al, where w = 1, and for a

real section

X =1zsin® =zsin

C
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where v is the velocity of signal propagating along the line, and w, is the
band edge in the microwave filter. Thus,

L=zsin[%°lj. (9.5)

Likewise, for shunt capacitors in the T-section [Figure 8.10(c)], we
have

VT A
C—Ysm[ g J . (9.6)

If we connect 7~ and T-sections, or cascade the equivalent high- and
low-impedance transmission lines using these elements as basic building
blocks, we obtain a lowpass filter. The filter selectivity increases with the
number of sections. A shorter section electrical length provides a broader
stopband.

The input can be either a shunt capacitor or a series inductor. Shunt
capacitances should be realized by sections having the lowest possible
characteristic impedance, while series inductances should be realized by
sections with the highest possible impedance. However, one has to keep in
mind the etching tolerance. The narrower high-impedance lines have
greater sensitivity to the etching factor. For the low-impedance line, the
line width must not allow any transverse resonance to occur at the operat-
ing frequency.

The width steps are significant discontinuities (see Chapter 4) that can
be reduced by using thinner dielectric substrates. However, for higher Q,
we have to use thicker substrates.

It accounts for the electrical length of the microstrip junction and the
parasitic effects of the discontinuity, primarily a small shunt capacitance.
The experimental characteristics of a microstrip fifth-order lowpass filter
that uses a Duroid substrate (& = 2.2) with thickness of 30 mil are shown
in Figure 9.1(c). Insertion losses of this filter are less than 0.15 dB,
VSWR is less than 1.1 in the frequency range up to 4.3 GHz, and the sec-
ond harmonic (f = 8.6 GHz) attenuation is greater than 32 dB.

Microstrip line has a relatively low Q-factor, and if a lower loss LPF is
required, higher Q transmission lines are more suitable. The layout of a
stepped-impedance lowpass filter realized on a combination of microstrip
and suspended striplines is shown in Figure 9.2 [11]. This design uses
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series high-impedance SS inductive elements and low-impedance shunt
microstrip capacitive elements. This combination of two different lines
allows a very large impedance ratio and, therefore, very good stopband
performance, in addition to small size. The capacitive element is formed
with the ground plane metallization of the PCB bottom side under the
low-impedance line. The PCB is supported in these areas by a housing
pedestal [see Figure 9.2(b)]. The inductor element is realized by meander
SS in order to minimize size.

The measured insertion loss and rejection characteristics are shown in
Figure 9.2(c) for an 11-order LPF fabricated on a 10-mil TLE-95 (from

substrate cover

L 7 2 2
N N

b housing

CH1S21 log MAG 20 dB/ REFO0 dB 4:-43.944 dB
1 740.000 000 MHz

T —1078 dB
gﬁALE 2: —2012 dB
20 dB/div

3: —.3305 dB
1.359 GHz

>
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23\

S

\\ Ulv Ly A'VA.AVAV | Yr\v v
START  500.000 000 MHz STOP 6 000. 000 000 MHz

Cc

Figure 9.2. Stepped impedance microstrip-suspended stripline LPF: filter layout (top and bottom
sides) (a); filter assembly (side view) (b); insertion loss frequency response (c).

x2




9.3. LPFs 213

“Taconic”) substrate. This filter provides an insertion loss of less than 0.3
dB, a VSWR of less than 1.2 in the frequency range up to 1.1 GHz, and
attenuation of more than 70 dB in the frequency range between 2.0 and
5.0 GHz.

9.3.2. Lumped-Element LPF

At lower frequencies, lumped-element LPFs are more practical. Lumped-
element filters exceded distributed filters in size and spurious-free rejec-
tion characteristics. Lumped-element LPF can be realized based on
lumped-element capacitors and print planar inductors (see Chapter 4).
Circuit elements in this filter must be much smaller than the wavelength
in the transmission line. Therefore, the application of lumped-element fil-
ters is limited by the extremely small dimensions required.

Real lumped-element filters are designed in the range of up to 2 GHz.
We have to remember that at high frequencies, lumped elements have a
low Q-factor, and filters have higher losses than distributed element fil-
ters. Lumped-element filters require the fabrication of high-Q inductors.
Unfortunately, parasitic capacitances, as well as series resistance, limit the
usefulness of lumped inductors. The performance of lumped-element fil-
ters is usually limited by the conductor loss of the inductive elements.

A miniature LPF (Figure 9.3) was designed at VHF range. This Che-
byshev LPF was realized with three single-layer spiral series inductors
(see Chapter 4) and four shunt ceramic capacitors. Ground connections of
the shunt capacitors were achieved by built-in vias. LPF was fabricated on
the G-10 dielectric substrate with a 65-mil thickness. The parasitic capac-
itances to ground in the spiral can be significant for filter design. There-
fore, in this design there is no ground on the bottom side of the spiral
inductors [see Figure 9.3(b)]. This LPF operates at a frequency of around
110 to 140 MHz, with a bandpass loss less than 0.6 dB [Figure 9.3(c)] and
input and output return loss greater than 20 dB. It provides second- and
third-harmonic attenuation at greater than 30 dB and 65 dB, respectively.

9.3.3. Irregular-Line LPF

Filters with irregular lines (see Chapter 3) in UHF and L-frequency ranges
have small physical dimensions and low cost [12, 13]. One cascade of this
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Figure 9.3. Lowpass filter with single-layer inductors: top PCB view (a); bottom PCB view (b);
insertion loss frequency response ().

filter and its classic transfer matrix [a] is shown in Table 3.3, row 5. Elec-
trical length © of this cascade is small; therefore, tan(©/2) = ©/2 (when k,
= 0.8-1.0), and the non-normalized classic transfer matrix becomes

1 |Z%(1—km)
al= , | 9.7)
[ ] © 1—(1—km)e—
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The relationships between parameters Z, ® and prototype parameters
L, C are

Z0=wLl =2wL |(1-k,)

, 9.8
9= wCl ©8)
Z

where C and L are capacitance and inductance per unit length, L, is self-
inductance per unit length of an isolated conductor of irregular lines, and |
is the physical length of irregular lines.

Using (9.8), we can rewrite (9.7) as follows:

1 iwL, |

1= ie 1+ (ioL)iecl | ©.9)

Matrix (9.9) describes the circuit of Figure 9.4(a) with parallel capaci-
tance Cl and series inductance L,l. A lowpass filter based on irregular
lines can be realized by a cascade connection of such circuits [see Figure
9.4(b)], with parameters chosen to meet the required characteristics of the
prototype. This lowpass ladder network can be optimized by the known
method [1]. The first step is to use the prototype ladder network of Figure
9.4(c), where parameters correspond to the required frequency character-
istic of the insertion losses:

a=10 Iog{1+ h2p2 (Q)} (aB),

where P(Q) is the extremum polynomial (Butterworth, Chebyshev, and so
forth), Q = w/w, is the normalized frequency, and w, is the cutoff fre-
quency.

The relationships between g; and the real parameters of LPF are

g =-wCR, ¢,=wL,R, 9,=wC,R, 0,=wL,R ..,

where C, = (Cl),, L, = (Ll),, C; = (Cl);, L, = (L)), -..
From tabulated parameters of g, [1], we can find elements of LPF:

_ g _GR _ 9% _AR
(C|)1_wR, (LOI)Z-wC, (CI)3 oR' (LOI)4 o (9.10)

C
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Figure9.4. LPF with irregular lines and equivalent circuit of irregular lines with horizontal isolation
of one port (a); LPF ladder network (b); prototype LPF ladder network (c); ladder LPF with irregular
lines (d).

Parameters g; are given for w, =1 rad/sec, R = 1Q, different values of
prototype cascades n (i = 1, 2, 3, ..., n), and different values of real LPF
cascades m (j =1, 2, 3, ..., m). Relationships between Z, ©, and Cl, LI are

z,= (1), /(c1),, &, =awy(u) (c), (9.11)

where Z; and ©, are characteristic impedance and electrical length, respec-
tively, of the jth cascade of LPF.

From (9.8), (9.10), and (9.11), we can find relationships between nor-
malized filter parameters and parameters of the lowpass filter prototype
for all cascades (except for two, which are near the axis of symmetry),
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_j 2
R 2]1

9;

?; Vz mlv

and for two cascades near the axis of symmetry,

2]1

_J
R
9,
Q
The multipliers
2(1-k,) and /(1-k,)
influence the contraction of electrical length and the decrease of charac-

teristic impedance. For example, if k, = 0.9, the length of the irregular line
cascade decreases by a factor of 2.2.

9.4. BPFs

BPFs are important components in different systems. They provide fre-
guency selectivity and affect receiver sensitivity.

9.4.1. Integration Index

The integration quality of the BPF is characterized by the following
parameters: volume V (cubed inches or cubed centimeters), minimum of
dissipated losses in the bandwidth A, (in decibels), bandwidth (Af/f,)
100%, and number of sections n. The relationship between these parame-
ters is described by the integration index (or integration factor) [6]:
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c=Y%24 5 (dB x cm?)
nnf

0

Va, A, (dB x in3) (9.12)
nnf,

= 0.061AY, (dB x in°),

=0.061

where a, is loss of BPF and V, = V/n is the average volume of one BPF
resonator; V is the total volume of BPF, including resonators, package,
screens, heat sink out, and so forth:

a, Af a 1
=—2—100=—=—100 (dB), 9.13
AT o100 (d8) (9.13)

where a,/n is in decibels.

Parameter A, is a function of resonator Q-factor. Figure 9.5(a) illus-
trates the relationship between A, and Q-factor for Chebyshev (1) and
Butterworth (2) frequency responses of BPF. For Af/f, 100% = 1%, from
(9.13), a,/n can be interpreted as the average loss in the BPF resonator of
1% bandwidth. This average loss as a function of bandwidth and Q-factor
are shown in Figure 9.5(b) for Chebyshev and Figure 9.5(c) for Butter-
worth frequency characteristics [6]. We can see that these curves are
hyperbolas. The rightmost flat parts of the curves are typical characteris-
tics of broadband elements, while the leftmost sharp parts correspond to
narrowband elements, which have more losses and more sensitivity to tol-
erances. One of the problems of BPF design is that the passband loss is
inversely proportional to the passband bandwidth.

The BPF with a minimum integration index G is the optimum filter.
Parameter G and average losses for different popular BPFs at the S-band
are given in Figure 9.6. All BPFs have G > 0.1, which indicates the limit
of combining the smallest physical dimensions with the best electrical
characteristics. It is important to keep in mind that the integration index
varies linearly with frequency.

Let us consider the most popular configuration of printed circuit band-
pass filters and its new modifications.
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Figure 9.5. Bandpass filter characteristics: relationship between losses and Q-factor for Chebyshev
(1) and Batterworth (2) frequency responses (a); average losses vs. bandwidth and Q-factor for Che-
byshev frequency response (b); average losses vs. bandwidth and Q-factor for Batterworth frequency
response (C).

9.4.2. Parallel Coupled-Line BPF

The typical planar bandpass filter (Figure 9.7) consists of a cascade of par-
allel coupled half-wavelength-long printed resonators that are open cir-
cuited at both ends [1, 2, 7, 11, 12, 14-16]. The resonators are positioned
parallel to each other, so that adjacent resonators are coupled along a
length equal to the quarter-wavelength of the center frequency of the filter.
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We have to remember that for microstrip resonators, wavelength in the
line depends on €,

NSV
L \/ geff J

which in turn varies with cross-sectional physical dimensions (W, S, h).

Therefore, for resonators with different cross-sectional dimensions, the

lengths will also be different. Conventional microstrip coupled resonators
typically have Q on the order of 200.

Figure 9.7. Parallel-coupled line bandpass filter.
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Parallel-coupled microstrip bandpass filters are small in size and easy
to fabricate due to the absence of short circuits. The disadvantages of
these filters are parasitic bandwidths, the difficulty of obtaining a narrow
band, and the radiation from open ends.

The open end of a strip conductor emits some radiation that can be
seen as either adding to capacitance or increasing the effective length of
the resonator (see Chapter 4). The open-edge effect on both ends of each
resonator increases the electrical length of the resonator and decreases the
operating frequency of the filter. Parasitic reactances of opened resonators
can be compensated for by shortening resonator lengths by Al..

Resonator length has to equal

L =1 -Al,

where |/ is the calculated length of the ideal resonator without radiation.

Most coupled-line filter designs involve gaps between coupled lines,
which can be just several thousandths of an inch wide. Physical parame-
ters that are critical to filter performance are coupled-line width, gaps
between coupled lines, trace thickness, ground-plane spacing, and the
dielectric constant of the substrate material. For example, as the band-
width is increased, the gaps become smaller, which may increase produc-
tion difficulties and the tolerance effect.

Tighter tolerances are available at a higher cost. Typical PCB on the
PTFE material has etching tolerance of £1 mil, dielectric constant +2%,
and dielectric thickness +1 mil. Due to the functional etching tolerances,
changes in resonator width produce the opposite changes in the gap. For
instance, overetching a filter would typically result in narrower traces
with a correspondingly wider gap between the resonators. Since charac-
teristic impedance of coupled lines increases with decreasing line width
and decreases as the gap increases (see Figure 3.4), the two effects par-
tially compensate for each other, and the influence of etching tolerances
can usually be neglected.

For BPF with a bandwidth above 5%, the spacing of the end resonators
to external lines becomes very small and the etching tolerance may be sig-
nificant. The dielectric constant tolerance on real substrate material has
the most dramatic effect on filter performance: It shifts the filter passband,
especially in narrow bandwidth circuits.
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The spacing of the ground planes affects filter bandwidth and pass-
band insertion loss. The tolerance of this spacing especially influences the
wide bandwidth design.

Let us consider a parallel coupled-line BPF that includes n+1 cascade-
connected two-ports. Every two-port is transformed from a four-port net-
work with identical coupled lines with diagonal ports 2 and 3 opened
[Figure 5.5(b)]. Matrices for this two-port network were given in Chapter
5. This two-port network can also be represented by a two-port with a cas-
cade connection of two segments of transmission line with electrical
length © and an impedance inverter with transformer coefficient k. Com-
paring the results of Chapter 5 and the parameters of the impedance
inverter, we can obtain the following results for even-mode and odd-mode
characteristic impedances of the ith cascade of BPF [1, 2, 6]:

2
Zéi)zzo 1+ Z, N Z,
) ki—li ki—li (9 14)

2
Z, +[ Z, } |
I(i—l,i ki—l,i ]

In these equations, index i varies betweeni=1andi=n + 1. A two-
port network with n + 1 cascades corresponds to the lowpass filter proto-
type with n cascades.

The relationship between (9.14) and terminating g-values of the low-
pass prototype structure may be written as [2, 6]

z, _n[f-f, L 1 J% (9.15)
ki—1,i a)p fp + f—p gi—lgi

where g-values can be defined from [1]. The g-values of the edge ele-
ments of the prototype lowpass filter are described by

1-

(9.16)




9.4. BPFs 223

where k =1 in all cases, except for an even number of cascades in a Che-
byshev LPF prototype.

Thus, we have a relationship between prototype parameters and char-
acteristic impedances of the even and odd modes of cascaded coupled res-
onators. The last stage of the synthesis procedure for a BPF is calculating
the physical dimensions of all coupled lines for the chosen transmission
line (see Chapter 2).

Taking into account fabrication tolerances, we have to reserve a band-
pass 20% greater and a bandstop 10% smaller than the specified values.
Besides, the specified values of ripples in bandpass should be reduced by
50% for the Butterworth response and by 70% for the Chebyshev
response. The minimum attenuation in bandstop should be increased by
20%. These corrections create a sufficient margin for meeting require-
ments on a filter with all possible production tolerances.

9.4.3. Wiggly Coupled-Line BPF: Useful “Zig-Zag”

There are some problems associated with the coupled-line BPF design.
Theoretically, the first spurious response of a coupled-line BPF occurs at
three times the center frequency. This is true in pure TEM-mode media
such as stripline filters. In a practical microstrip parallel-coupled BPF, a
spurious mode occurs at approximately twice the passband frequency due
to the different even-mode and odd-mode propagation velocities of the
coupled resonators.

The large imbalance between the effective dielectric constants and the
related phase velocities for the even and odd modes can lead to some lim-
itations in the application of microstrip coupled lines. Two methods can
be used to resolve this problem: equalizing the phase velocities and pro-
viding different lengths for even and odd modes [16]. However, all of
these methods increase the loss and cost and provide imperfect attenua-
tion for higher-order modes. Also, as with many microelectronic circuit
components, the required physical size of a conventional microstrip BPF
limits circuit miniaturization.

The microstrip wiggly coupled-line BPF [Figure 9.8(a)] [17] improves
the performance of conventional microstrip BPFs. This filter is comprised
of microstrip coupled lines (1) and open-circuited microstrip lines (2).
The coupled-line resonators cd and ga have physical length equal to A /4,
where A, is the center-guided wavelength at the microstrip coupled lines.
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Figure 9.8. The novel microstrip wiggly coupled-line BPF: total view (a); simulation results com-
pare the second-harmonic attenuation (b); simulation results of bandpass responses for microstrip
conventional and wiggly coupled-line BPF’s (c).

Generally, the banding angle, a, between different coupled resonators
is substantially less than 180° to reduce the overall physical length of the
filter. In many applications, this angle should be between 25° and ~100°.
Angles smaller than 25° are more difficult to implement, while angles
larger than 100° do not provide a length-reduction benefit for this filter.

The open-circuited line 2 is formed with a physical length equal to the
guided quarter-wavelength of an input signal’s second harmonic to pro-
vide good second-harmonic signal attenuation. Good third-harmonic
attenuation can be realized if the physical length ab of open-circuited line
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2 is equal to the guided quarter-wavelength of the input signal’s third har-
monic. The length of the open-circuited line 2 may vary, depending on the
characteristics required.

The open-circuited line 2 does not significantly increase signal loss
because the open-ended line input impedance is very high for the main
frequency signal. Also, the open-circuited line 2 is located at the mini-
mum EM-field position of the resonators.

For the line cd coupled to the line ag, the electrical phase, @,, of the
signal in the open end, d, and the phase of radiation signal, @, ,.,, from the
open end d, relative to open end c, can be calculated by:

2Zsin©, cos© V4
= = arct L L -
b= s 9 o8 ©,-Zsin’@, 2

where Z is the normalized impedance of the line,

0,=2/

is the electrical length of the line, and |, is the physical length of the line.
Parameter ©, for the quarter-wavelength input line cd is equal to 7/2,
therefore making

=P = _%-

For the line fh, the electrical phase, ¢,, of the signal in the open end is

¢2:¢1:_%'

However, the phase of the radiation signal is equal to @,.., = @, = —@,...
Therefore, resonators that contain open-circuited lines reduce free-space
radiation due to the phase cancellation of fields at the ends d and f.

The total physical length of the microstrip wiggly coupled-line filter
[Figure 9.8(a)] is approximately 20% less than that of a conventional cou-
pled line filter because the half-wavelength resonators that contain open-
circuited lines are banded. As discussed earlier, the reduction in length
depends on the banding angle, a.

Figure 9.8(b, c) illustrates simulated frequency responses of the
microstrip wiggly coupled-line four-pole BPF as compared with a con-
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ventional microstrip four-pole BPF (Figure 9.7). The simulated data for
the microstrip wiggly filter is signified with a solid line, while the conven-
tional filter data is identified with a dashed line. As illustrated in Figure
9.8(b), the microstrip wiggly coupled line BPF provides significantly
improved second-harmonic attenuation of 95 dB, while the conventional
BPF provides second-harmonic attenuation of only 3.9 dB. Bandpass
losses for the microstrip wiggly BPF are less than 2 dB [Figure 9.8(c)].
The 30-dB attenuation level of the microstrip wiggly BPF is 9.5%, as
compared with 12% in the conventional filter. The 3-dB level is 4.4%
using the wiggly filter, as compared with 5% for the conventional BPF.
Three different microstrip wiggly BPFs are shown in Figure 9.9. To
improve frequency response, radial stubs [Figure 9.9(c)] can be used
instead of regular stubs. Figure 9.9(d) illustrates comparison of frequency
responses for three different microstrip wiggly coupled-line BPFs. The
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d

Figure 9.9. Microstrip wiggly coupled line BPFs: without stubs (a); with regular stubs (b); with
radial stubs (c); experimental insertion loss frequency response for three BPFs (d).



9.4. BPFs 227

substrate material for the filters in these experiments was TLE-95 from
“Taconic” with a thickness of 0.010 in. and a dielectric constant of 2.95.
Performance measurements of the microstrip filter indicated that attenua-
tion of the second harmonics was 68 dB.

9.4.4. End-Coupled BPF

A basic end-coupled microstrip or stripline BPF [Figure 9.10(a)] [1] con-
sists of a series of half-wavelength-long strip resonators spaced by capac-
itive gaps. An advantage of this filter is constant, narrow width. The long
and narrow end-coupled filters can fit into a long metal housing, which
has a higher cutoff frequency for undesired waveguide modes. Therefore,
it is possible to build high-frequency microstrip filters. However, the end-
coupled BPF becomes extremely long as the frequency is decreased. Its
length is two times greater than the length of the parallel coupled filter.
This may create difficulties in fabrication on hard ceramics, such as alu-
mina. It may also lead to an increased number of defects in production
due to breakage, which raises the filter’s cost.

Resonators in an end-coupled BPF are close in length. The distances
between the centers of the gaps are equal to:

N A
2 2[e,

The reactive loading of the resonators causes the electrical length of every
resonator to be slightly less than Ay/2. This shortening increases with
increasing bandwidth. The equivalent circuit of a gap was illustrated in
Figure 4.1(b). The space depends on the type of transmission line, physi-
cal dimensions, and dielectric constant (see Chapter 4).

The number of resonators is calculated by (9.3) for the Chebyshev fre-
guency response, and by (9.4) for the Butterworth response. These filters
have a spurious response at 2f,.

An end-coupled single-layer BPF provides only a narrow bandpass.
Medium-band and wideband filters require a tighter coupling. Filters
based on a two-layer configuration of suspended stripline [Figure 9.10(b)]
[15, 18] provide a compact structure with wide passbands. In this circuit,
every resonator is replaced by a double-strip structure on the two sides of
the dielectric substrate. The capacitances are formed by the coupled ends
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Figure 9.10. End-coupled bandpass filters: microstrip configuration (a); suspended stripline configu-
ration (b).

of strip resonators placed on different sides of the dielectric substrate. In
contrast to end-coupled BPF [Figure 9.10(a)], a wide range of coupling
coefficients is possible. Therefore, this design produces compact filters
with low losses in a wide passband.

9.4.5. Interdigital BPF

An interdigital filter is constructed from an array of quarter-wave long
coupled lines by alternately short- and open-circuiting opposite ends of
each conductor (Figure 9.11). Interdigital filters are usually designed for
fixed frequencies. A typical construction is realized by stripline suspend-
ing resonators in an air-filled metal case. Microstrip interdigital filters are
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input
Figure9.11. Interdigital bandpass filter.

compact, but suffer from severe asymmetry of the filter response due to
the effect of coupling between nonadjacent resonators.

Coupling between resonators is realized by fringing fields. Coupled-
stripline self- and mutual capacitances [1] are the starting point for the
determination of the resonator widths and spacing. The mutual coupling
between the resonators causes the resonator width to be less than the
width of uncoupled lines. The resonator impedance should be approxi-
mately 60Q if the input and output lines have impedances at 50Q [19].

Interdigital filters achieve good electrical characteristics (low losses
and narrow or wide passbands). The integration index of these filters is
equal to G = 0.14-0.2 (decibel x cubed inch) at the S-band (see Figure
9.6). The bandwidth of interdigital filters can vary between 1% and 70%.
The filter has the maximum attenuation in the areas of even harmonics.
All interdigital filters have the nearest spurious response at 3f, because the
resonators are a quarter-wavelength long using the grounding.

While this type of filter construction is very solid and reliable, it is
expensive due to the required machining and extremely tight tolerances. It
is difficult in practice to build a shorted resonator of exactly the desired
guarter guide wavelength.

9.4.6. Comb-Line BPF

Comb-line BPF [1, 7, 20-23] [Figure 9.12(a)] consists of set of parallel
grounded resonators that are short-circuited at one end, with a lumped
capacitance between the other end and ground. The original comb-line
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Figure 9.12. Tunable print comb-line bandpass filter: plane view (a); cross section of suspended
stripline resonators (b).

filters used stab-line construction, which included machined rectangular
bars or round-road center resonators between metallic ground planes. A
comb-line filter with these capacitors and stab-line resonators has very
low losses. However, the machined stab-line round-rod filter is expensive
and large.

Progress in transmission lines and dielectric materials resulted in
major advances in comb-line filter miniaturization and unit cost reduc-
tion. A comb-line filter can be realized on the different print transmission
lines. SS provides high Q-factor, stability over a wide temperature range,
high impedance range, and low cost (see Chapter 2). In the high-Q SS, the
parallel strips are printed on both sides of the dielectric substrate in a sym-
metrical configuration [see Figure 9.12(b)]. Plated through-holes (vias)
provide electrical connection between the top and bottom conductors.

SS resonators are placed between two parallel ground planes. Adja-
cent SS resonators are coupled by the fringing fields between resonators.
The typical length of the comb-line filter resonators is between | = A/16
and | =/A,/8, where A, is the center guided wavelength at the resonator.
For this resonator length, magnetic coupling predominates (see Chapter
3). The minimum practical length of the resonators is limited by a
decreased Q-factor. Practical Q-factor is dependent on ground-plane spac-
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ing (base), frequency, ground surface finish, plating material of PCB, and
SS structure.

The short length of resonators results in a compact structure with
excellent stopband performance. For example, when resonator length is |
= /\,/8, then the second passband will appear at over four times the operat-
ing frequency, and when length | = A/16, the second passband will be
located at over eight times the operating frequency. The minimum resona-
tor length could be limited by the decrease of the unloaded Q-factor of the
resonator. Comb-line filter trade offs for different resonator lengths have
been described in [23].

The bandwidth of comb-line filters is a function of the ground-plane
spacing, b, to the wavelength ratio (b/A\;) and spacing, S, between resona-
tors. The bandwidth is greater for greater b/A, and S. A bandwidth of
comb-line filters from 2% to 50% can be obtained. Positioning the resona-
tor closer together provides wider bandwidth if necessary.

The spacing, b, between two ground planes (cover and housing)
defines resonator impedances and lengths, as well as the maximum power
rating and Q-factor. In practice, impedances of resonators are equal to 70
to 140Q at frequencies f < 1 GHz. A larger base leads to higher power and
Q-factor; however, it also leads to the unfavorable increase in resonator
lengths and housing height.

The loading capacitance for each resonator (see Figure 9.12) is [1]

cot®
Cs =Y, o 9.17
> p (9.17)

where Y, is the admittance of the ith resonator when (i — 1)th and (i + 1)th
resonators are shorted, and ©, = 2771/A, is the electrical length at the cen-
ter frequency.

Usually, capacitors are also used to adjust for a range of center fre-
guencies or as tunable elements to compensate for production tolerances,
which becomes especially critical for narrow bandwidth. For low frequen-
cies, the Q of capacitors is higher than the Q of resonators. However, at
microwave frequencies and for greater capacitor values, the Q-factor of
capacitors can be lower than that of the resonators and dominates when
filter losses are calculated. Commercially available air trimmer capacitors
from Johanson and Voltronics provide high Q-factor, high voltage rating,
and precise mechanical tuning. The trimmer capacitor can be positioned
head on to the resonator or perpendicularly to the resonator.
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capacitors.

Figure 9.13 shows three-pole tunable comb-line SS BPF with vertical
mounted trimmer capacitors. Table 9.1 illustrates experimental results of
the tunable comb-line filters with two, three, and five SS resonators hav-

TABLE 9.1. Experimental Results of the Tunable Comb-Line Filters

BPF Two Poles Three Poles Five Poles
Parameters — — —
Insertion loss @ 1030 MHz (dB) 12 2.1 3.4
Bandwidth @ 3-dB level (MHz) 41.0 29.0 25.0
Return loss (dB) 20.3 235 20.7
Second-harmonic rejection @ 2060 MHz (dB) — — 94.8

Third-harmonic rejection @ 3090 MHz (dB) — — 94.6
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ing length A/12 and air trimmer capacitors Giga-Trim (Johanson) with
capacitance range of 0.4 to 2.5 pF [22]. In the tuning frequency band 962
to 1213 MHz, the filter bandwidth remains approximately constant.

The comb-line filter compared with the interdigital filter is compact
due to shorter resonators and is closer together. The interdigital filters
have the advantages of a broad stopband, a relatively symmetrical fre-
guency response, and greater-percentage bandwidths than their comb-line
counterparts.

9.4.7. Hairpin BPF

At UHF and lower microwave frequencies, parallel-coupled BPF with
half-wavelength resonators is very long. In the miniature hairpin structure
(see Figure 9.14), the half-wavelength resonators are folded into a U-
shape. The line between two bends tends to shorten the physical length of
the coupling sections. The coupled section is less than a quarter-wave-
length [24]. The reduction of the coupled-line lengths reduces the cou-
pling between resonators.

The interdigital or comb-line filters require the grounding of resona-
tors, leading to higher production costs. The hairpin filter does not require
any ground connection. Open-circuit resonators reduce free-space radia-
tion due to phase cancellation of fields at the ends. The radiation
decreases with decreasing space between the folded lines of the hairpin
(see Chapter 4). However, when this space is small, self-resonator cou-
pling causes a decrease in filter bandwidth and in the center frequency and
an increase in losses. When the space between the lines is changed, the
lengths of uncoupled lines of resonators must also be changed, which
affects the resonant frequencies of the resonators. A reasonable spacing is

Dielectric
Tuning
Element

Figure 9.14. Hairpin bandpass filter.
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two to three times the inter-resonator spacing, or five times the substrate
thickness. Microstrip narrowband hairpin filters require quite large reso-
nator spacing in order to achieve the desired narrowband.

The center frequency can be adjusted by the special dielectric plate
(see Figure 9.14) placed near the symmetry plane. At high frequencies,
there are two problems: the decrease of the length-to-width ratio (folding
of resonators is difficult) and the influence of the bend discontinuities.
Therefore, hairpin filters are useful for low-frequency applications.

In the microstrip hairpin BPF, a spurious mode occurs at approxi-
mately twice the passband frequency due to the different even- and odd-
mode propagation velocities of coupled resonators. To resove this prob-
lem, the length | (see Figure 9.14) of the input/output lines should be
approximately A\/8.
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CHAPTER 10

Diode Control Devices

10.1. PIN DIODE PARAMETERS

Diode control devices (switches, attenuators, and limiters) utilize PIN
diodes. A PIN diode is a semiconductor device that operates as a variable
resistor at RF and microwave frequencies. Equivalent circuits of a PIN
diode for reverse and forward biases are shown in Figure 10.1 [1-6]. In
these circuits,

» R is the series resistance under forward bias.

« C, isthe junction capacitance.

» L, is the package inductance.

» C, is the package capacitance.

* R, is the parallel resistance at zero or reverse bias.

With reverse bias, the PIN diode exhibits very high resistance, but
when forward bias is applied across the PIN diode, resistance is very low.
It makes the PIN diode attractive for switches and attenuators.

237
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Re Re

a
Figure 10.1. Equivalent PIN diode circuits for forward (a) and reverse (b) biases.

The frequency at which the reactance of C; is numerically equal to the
geometric mean of the forward and reverse resistance is

1

f=e——
27C,\[ReR,

c

(10.1)

This cutoff frequency determines diode efficiency for switch devices.
Diode capacitance limits signal control circuit performance at high fre-
guencies. For good linearity and low distortion, the minimum signal fre-
quency should be 10 x f.. At frequencies below f_, the PIN diode rectifies
the signal like a simple PN junction diode. Typically, f, can be in the range
of 0.05 MHz to 30 MHz.

Another parameter of a diode is the diode quality factor [7]:

_—z[—J , (10.2)

where

is the diode isolation in decibels;

Ains = 10a|r%01 ain

S

is the diode insertion loss in decibels;
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f is the operating frequency; and A, and A, are attenuations (not a deci-
bel notation) numerical ratios of input to output power. The diode quality
factor decreases with increasing frequency.

The maximum RF power that a PIN diode can handle is limited by two
factors. The first is the power dissipation capability that is determined by
the maximum junction temperature (at which the device can operate with
full reliability) and the thermal resistance of the diode and packaging. The
second factor is the breakdown voltage that the device can be subjected to
without causing damage to the junction. The amount of maximum RF
power is usually much larger than the power dissipation in the diode
because PIN diodes are usually operated in a reflective mode. The break-
down voltage of PIN diodes must exceed the value of reverse bias plus
twice the peak RF voltage to prevent nonlinear loss.

Another important PIN diode parameter is the switching time. The
switching time of a PIN diode is determined by the characteristics of the
diode and by the bias wave forms supplied to the diode. The transition for
the PIN diode from nonconduction to conduction is bounded by the transit
time of a charge carrier across the diode’s I-layer thickness. Reverse-to-
forward switching time, T, decreases as the forward current, I,
increases it.

The transition for the PIN diode from conduction to nonconduction is
determined by the amount of charge that is stored in the PIN diode’s
I-layer and by the rate at which this charge is removed. This transition
time, T, is approximated by

T = rln[1+ :—F] (sec),

R

where 7is the diode minority carrier lifetime, and I, is the peak reverse-
bias current (immediately following the bias polarity change).

Real PIN diode-switching speed from one position to another is in the
range of 5 ns to a few microseconds. They are faster than ferrite switches
and electromechanical switches, which take from 20 ms to 100 ms to
switch.

The PIN diode is a nonlinear element, so it will generate harmonics,
intermodulation, and cross-modulation distortion in switching circuits.
In order to minimize intermodulation distortion, the carrier lifetime of
the diode must be much longer than the period of the lowest operating
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frequency. For some applications we have to specify the required distor-
tion [8].

10.2. SWITCHES

10.2.1. Classification
Switches can be classified according to seven types of characteristics:

1. Number of input/output channels:
« Single-pole, single-throw (SPST),
« Single-pole, double-throw (SPDT),
» Double-pole, double-throw (DPDT),
* Multithrow;
2. Type of connection with the transmission line:
e Series,
e Shunt,
e Series-shunt,
e Tee,
e Stub;
3. Number of stages;
» Single (one stage),
» Two stages;
4. Maximum power:
e Low,
e High;
5. Input matching in the isolated state:
* Reflective,
« Nonreflective;
6. Configuration of elements:
e Lumped elements,
* Distributed elements,
e Combination of lumped and distributed elements;
7. Bandwidth:
« Narrowband,
« Broadband.
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Figure 10.2. Basic configurations of switches: SPST shunt (a); SPST series (b); SPST series-shunt
(c); SPST TEE stub (d); SPST stub (e); SP3T series (f); SP3T shunt (g).

input

10.2.2. Basic Configurations

Basic configurations of PIN diode switches are shown in Figure 10.2. The
main equations for different switches in Figure 10.2 are given in Table
10.1 [9].

Let us consider the simplest shunt SPST switch [Figure 10.2(a)] that
can be represented by parallel complex diode normalized admittance Y =
G + iB. From Appendix C (Table C.3), the scattering matrix coefficients
of this circuit are

-Y 2
=— =—, 10.
S11 2+Y' SZl 2+Y ( 03)
Attenuation (insertion loss) in the circuit of Figure 10.2(a) is
1 Yy’
A=[T,[ = ; :[“Ej . (10.4)



TABLE 10.1. Isolation and Insertion Loss for Different Types of PIN Diode Switches
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Therefore,

or
Y =2(JZ—1). (10.5)

The admittance Y varies as the bias on the diode is varied. Microwave
power incident on the switch is reflected back and is partly dissipated in
the PIN diode. As can be seen from (10.4), the attenuation does not
depend on frequency and is a function of the normalized diode admit-
tance. However, when a real diode is used, the attenuation is frequency-
dependent because a real diode contains reactance elements (see Figure
10.1).

According to the principle of the conservation of energy, the normal-
ized dissipated power [from (10.3)] is

P, 2 2 4y
=== =1-1S,| —|Sy| =——-
Avis P | 11| | 21| (2+Y)2 (10.6)
where P,, is the incident power.
Dissipated losses are
2, = 20100 200 @) (10.7)

Figure 10.3 shows the plot of power distribution versus resistance R
(for B << 1) in a shunt SPST single diode switch where (P /P,,) is the
normalized dissipated power, (P,/P;,) is the normalized reflected power,
and (P,,/P;,) is the normalized output power. The dissipated power will be
at its maximum (50%) when the normalized resistance R = (1/G) = 0.5.
For example, for a 50Q input line, maximum dissipated power will occur
when R is equal to 25Q.

From (10.5) and (10.6), the normalized dissipated power is

A = Z(Ji'l) . (10.8)
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Figure 10.3. Power distribution in a shunt SPST single diode switch as a function of R.

Let us consider two different states of this SPST switch. In the ON
state, when the diode is zero or reverse biased, we have Y = G << 1. From

(10.6), we have

0

o _dis - G,
Ajls F)in
and from Appendix C, we have
GZ
I =[saf ==~
According to (10.4),
A=1+G.

Therefore, in the ON state from (10.9) and (10.10), for Y
obtain

|r|2 << Ajis‘

(10.9)

(10.10)

(10.11)

=Ye<< 1, we
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This means that for the above conditions, the dissipated power is much
greater than the reflected power (see also the right-side region of the plot
in Figure 10.3).

Using the same procedure, we can get relationships for the OFF state
when the diode is forward biased (Y = G >> 1) (left side of Figure 10.3).
In this case, the reflected power is much higher than the dissipated power;
therefore [see (10.6)], the isolation is

2
a,, =10log A, =10 IogGT (dB). (10.12)

In this full reflection mode, return loss (RL) may be computed from
the following equation:

1
2R

where z, is the impedance of the input line. The full reflection mode of the
shunt switch can be used in phase shifters (Chapter 11).

Let us consider the series SPST single diode switch [Figure 10.2(b)].
In the ON state when the diode is forward biased, the equivalent circuit
represents a low series resistance R.. In this case, insertion loss is a func-
tion of the diode resistance. In the OFF state, the diode is at zero or
reverse biased, and it presents a high series impedance. In this state, max-
imum isolation depends on the capacitance of the PIN diode.

From Appendix C, for a series configuration, coefficients of the scat-
tering matrix become

RL =-20log (aB),

S =———, S,= (10.13)
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The attenuation in this switch [Figure 10.2(b)] is

2

A=t - =[E] . (10.14)
Suf N 2
Therefore,
Z+2 _ \/K
2
or

zZ= 2(J_A—1). (10.15)

According to the principle of the conservation of energy [(5.8) and
(10.13)], the normalized dissipated power is

P, 4z
Ags =S5 =——, 10.16
P. (z+2) (10.16)

and dissipated losses are

2Nz
- =-201 dB). 10.17
a‘dIS Og Z+2 ( ) ( )

From (10.15) and (10.16), we can obtain:
_ Z(ﬁ _1) (10.18)
Ajis A '

This equation is the same as (10.8) for the shunt configuration. The
shunt diode switches are commonly used for devices with high isolation
and are capable of handling higher power because heat dissipation in a
shunt diode (which has one grounded end) is much better than for a diode
in a series-type switch due to good heat sinking. The series diode switches
are commonly used in broadband circuits.

The series-shunt configuration [Figure 10.2(c)] of the switch provides
the ON state when the series diode has a low impedance and the shunt
diode has a high impedance. In the OFF state, the series diode has a high
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impedance and the shunt diode has a low impedance. Formulas for the
isolation and the insertion loss of series-shunt configuration are given in
Table 10.1.

A comparison of shunt, series, and series-shunt configurations shows
that the isolation of a series-shunt switch is more than twice (in decibels)
that for a series or shunt switch. A series-shunt configuration requires a
bias current from both positive and negative sources. This would signifi-
cantly increase dc power dissipation.

A TEE-configuration switch is shown in Figure 10.2(d), and equations
for the isolation and the insertion loss are given in Table 10.1. In the ON
state of the switch, the two series diodes are in the low-impedance state
and the shunt diode is in the high-impedance state. In the OFF state the
series diodes are in the high-impedance state, and the shunt diode is in the
low-impedance state.

In a stub circuit [see Figure 10.2(e)], the PIN diode is connected with
the main transmission line through the transforming stub with characteris-
tic impedance z and electrical length © < 77/2. In the OFF state of the
switch, the diode has a high impedance, which transforms (through the
stub) to the junction as the high active conductivity. In the ON state of the
switch, input capacitance appears in the junction area. This capacitance
can be compensated for by an additional open-circuited stub [see Figure
10.2(e)]. The electrical length of this stub should be equal to 7/2 - ©, and
the sum of the electrical lengths of the two stubs should be 7/2.

Multithrow switches can be of series, shunt, or series-shunt configura-
tion. Figure 10.2(f) shows a single pole, three-throw (SP3T) switch using
series-mounted diodes. This configuration is useful for design of wide-
band switches. Figure 10.2(g) illustrates SP3T switch using shunt-
mounted diodes. In the shunt configuration, the shunt diodes must be
mounted a quarter-wavelength from the common junction to minimize
reactive loading of the open port by the closed port. Therefore, the band-
width of the SP3T switch is limited. The series SP3T switch can control
less power than one using shunt diodes.

10.2.3. Multiple-Diode Switch

Multiple-diode switches can be used when the maximum isolation
requirements are greater than what can be obtained by the above basic cir-
cuit configurations. A simple connection of two diodes with a zero dis-
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Figure 10.4. Two-diode shunt-iterated SPST switch: schematic (a); equivalent circuit (b).

tance between them will only increase the attenuation by a maximum
6 dB (as compared with the isolation of a single diode) and will increase
the insertion loss. However, if diodes are spaced at approximately quarter-
wavelength intervals, as shown in Figure 10.4, the overall attenuation can

be increased, and the insertion loss may also decrease.

Figure 10.4 illustrates a two-diode shunt-iterated SPST switch and its
equivalent circuit. Transfer matrix [T] of this equivalent circuit is the
product of the individual matrices (see Appendix C) of the shunt element
Y, (first diode susceptance for diode OFF or admittance for diode ON), of
the uniform line with electrical length © = 27l/A,, and of the shunt
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element Y, (second diode susceptance for diode OFF or admittance for
diode ON):

[T1=[T1 7] [T, (10.19)

C1(2+Y, Y, [[e® 0 ||2+Y, Y,
T4l -y, 2-Y, |0 e®|l -y, 2-v,
_1{ (2+Y,)(2+Y,)e° -Yy,e™® |y, (2+Y,)e® +Y,(2- Y)e"o}

A CEAT A PA P I ACE ey ERrA P

For diode OFF,
Y, =z7,jwC,, Y, = zoiijz;

i

YA Z
Y. :/ , Y. :/ :
! F1 2 Re.

z, is impedance of input/output lines and the transmission line between
diodes.
For diodes OFF, the ideal matching condition is

0, |T,=0.

for diode ON,

21

[Sul =7
From (10.19), we obtain

Tl = ‘%[Yl (2+Y,)e® +Y,(2-Y,)e™ | =0. (10.20)

From (10.20), we can obtain the ideal matching condition:

(10.21)
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For identical diodes (Y, =Y, =),

O=tan™ [é) . (10.22)

For real PIN diodes with C;#0, there is an additional phase shift of the
propagation wave in the switch. In this case, the optimum spacing
between diodes that provides the minimum insertion loss should be less
than a quarter-wavelength (© < 90°). This spacing depends on C, and the
operating frequency. In other words, it is possible to compensate for the
parasitic capacitance C; by correction of the spacing between diodes. For
example, for two diodes with C; = 1 pF at frequency 1 GHz, optimum
spacing is 81° (I//\, = 0.225). The insertion loss of the shunt diode switch
also may be reduced by making the dc high-impedance conductor length
shorter than /A\,/4 to realize the parallel resonance of this equivalent induc-
tance and the diode junction capacitance.

Using (10.19) for the ON diode mode (when Y = 1/R;), we find the
relationships between the isolation of the two-diode shunt-iterated switch
and both the spacing between PIN diodes and resistance of the diodes
under forward bias:

. = 20log— (dB) = 20log|T,,| (dB)

| zll
=20 logz\(Z +Y,)(2+Y,)e° - Y,Y,e | (dB).

For identical diodes with R, = R, = R (or Y, =Y, =), we obtain

(2+Y) i® _Yze—ie

a, = 20log., (dB)

(10.23)

=10log Tsinze+Y3sin3®+stin2®+Y2 +2Y +1| (dB).

The maximum isolation occurs at the spacing of | = A\ /4 (© = 71/2).
For this spacing, from (10.23), we obtain

4 2 2

a, :fl.OlOgYT =10 '09YT+10|09YT+10I0g4 (dB).
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For R, = 1/Y <<z, isolation is

Y4 Y2 YZ
a,, =10 IogT =10 IogT +10 IogT +10log4 (dB). (10.24)

Comparing (10.24) with (10.12), we can see that the isolation of the
two shunt-iterated diodes separated by a spacing of | = A,/4 is double that
of a single device, plus 6 dB [10 log 4 (dB)] extra. The isolation of the
n-diode shunt-iterated SPST switch is

2

a,, =N10 IogYT+ (n-1)6 (dB). (10.25)

Figure 10.5 illustrates the frequency response of the isolation in a very
broad frequency range [10]. The characteristics are given for two, three,
and four series-iterated diodes with the spacing of | = A,/4, frequency 10
GHz, characteristic impedance of 50Q and C; = 0.03 pF. In the low-fre-
guency range, the isolation depends on the frequency characteristic of C..
The influence of spacing variation here is less than that at high frequen-
cies. At extremely low frequencies, spacing | << A, and the switch looks
like a cascade connection of series-iterated diodes with no spacing
between them. In this region, the isolation depends on Ry

The multiple-diode switch can be reflective or nonreflective. The
reflective switch reflects incident power back to the source when in the
isolated state. In the nonreflective switch (or “matched switch”), input and
output shunt diodes connect in series with resistors. Resistor value is
equal to impedance of input/output lines. These resistors provide absorp-
tion of the RF energy when the switch in the isolated state. In this circuit,
the maximum RF power is limited to the power dissipation capabilities of
the resistor. Compromise between maximum dissipation power and input
matching is possible when the resistor value is different from the switch
input/output impedance.

10.2.4. Transmit-Receive Switch

An SPDT transmit-receive TX/RCV antenna switch is a network used in
transceiver applications whose function is to connect the single antenna to
the transmitter in the transmit mode and to the receiver in the receive
mode. The circuit of the TX/RCV switch consists of a PIN diode D, con-
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Figure 10.5. Isolation vs. frequency for two-, three-, and four-diode series-iterated switches with
spacing A\y/4 at frequency 10 GHz.

nected in series with the transmitter and a shunt PIN diode D, placed a
quarter-wavelength away from the TX/RCV antenna in the direction of
the receiver section [see Figure 10.6(a)]. When the switch is in the trans-
mit mode, each diode becomes forward biased. The series diode appears
as a low impedance to the signal heading toward the antenna, and the
shunt diode effectively shorts antenna terminals of the receiver to prevent
overloading. In receive mode, the quarter-wavelength section (with char-
acteristic impedance z) transforms the short circuit formed by the shunt
diode into an open circuit at the common junction. This section narrows
the bandwidth to approximately 20%. The OFF transmitter is isolated
from the antenna by the high capacitive reactance of the series diode.

The insertion loss of the transmitter and the isolation of the receiver
depend on the diode resistance. In order to protect the receiver from high
power, a high transmitter isolation (more than 20 dB) is required, but in
receive mode such high isolation is not necessary. In this circuit, both
transmitter insertion loss and receiver isolation depend on the forward
resistance, R, of the diode employed. In the narrowband, greater than 30-
dB isolation and less than 0.3-dB insertion loss can be expected for a
diode R; at 1.0Q or less. To minimize insertion loss in the receiver port,
the distance from the series diode D, to the common junction should be at
the absolute minimum.

At VHF, UHF, and the L-band, in order to save board space, the quar-
ter-wavelength section can be realized by an equivalent lumped-element
7=circuit (see Figure 8.10). Figure 10.6(b) shows a switch configuration
that consists of two PIN diodes and a lumped 7-circuit (equivalent to a
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Figure 10.6. Transmit-receive switch: with quarter-wavelength section (a); with lumped element
7-section (b).

guarter-wavelength transmission line section with impedance z). The
J=circuit has parameters

- Z —
L= 2rf,’ G _%ZITfO'

10.3. ATTENUATORS

Analog and digital attenuators can be built using PIN diodes. A PIN diode
acts as a variable resistor controlled by dc current. The main difference
between an attenuator and a switch is that in a switch attenuation changes
abruptly between the two levels a, and a,,, while in an attenuator the
change is continuous. Linearity of resistance with bias makes the PIN
diodes attractive for attenuation applications. Digital attenuators can pro-

vide a linear attenuation versus a digital step.
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A variable attenuator is characterized by attenuation range, return loss,
attenuation flatness, frequency range, and input power. Attenuators can be
reflective or nonreflective.

10.3.1. Reflective Attenuators

The insertion loss (attenuation) for different circuits is given in Table
10.1. Attenuation is achieved by reflection and partly by dissipation in the
PIN diode. As can be seen, the attenuation is not dependent on frequency
and is a function of the ratio of the transmission line impedance to the
diode resistance. Real diodes have reactance elements (see Figure 10.1);
therefore, the attenuation characteristics become frequency dependent.
For some applications the poor matching at the input/output of reflective
attenuators cannot be tolerated. For these cases, nonreflective attenuators
can be built.

10.3.2. Nonreflective Attenuators

The basic circuits of nonreflective (absorptive) diode attenuators are
shown in Figure 10.7. In the bridged TEE-attenuator circuit [Figure
10.7(a)], the required attenuation is provided by absorbing RF power in
the PIN diodes D, and D,. PIN diodes are used as current controlled vari-
able resistors. The design equations of this attenuator are

a=20log (1+ %Hj (dB),

Zcz) =RaRe, (QZ):

where R, and R, are resistances of the two diodes with the forward bias.
The resistances of the two series resistors [Figure 10.7(a)] are equal to the
input/output characteristic impedances z,,.

The m-attenuator circuit is shown in Figure 10.7(b). The design equa-
tions of this circuit are
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R.. +
a=20|og{”—20] (dB),
RFl_ZO
Re; = Rg, (Q),
2R_.z2
R_. = —F170_ ().
F3 Rél_zg( )

Unlike the bridged TEE-attenuator, the 7-attenuator has a rather com-
plicated bias network (two different biases). Both lumped-element struc-
tures are very compact and are used at relatively low frequencies up to
1 GHz. Also, in these circuits the impedances at both RF ports remain
constant, while the overall attenuation can be varied over a range of less
than 1 dB to greater than 20 dB.

Nonreflective distributed attenuators are useful in the microwave fre-
guency range. Figure 10.7(c, d) illustrates some distributed configurations
of variable attenuators. In the attenuator of Figure 10.7(c), two PIN diodes
are connected with a quadrature hybrid, such as a branch hybrid, Lange
coupler, and so forth (see Chapter 7). In this circuit, the power incident on
port 1 divides equally between ports 3 and 4 and passes to the two PIN
diodes D, and D, connected in parallel with the loads. The diodes must be
spaced equally from ports 3 and 4. The purpose of the loads is both to
make the attenuator less sensitive to individual diode differences and to
increase the power handling by a factor of 2. Because the incident power

Dl
(2 % ] Ds
e N S
input ¥ D, output input thput
& 2
a b

. 1 3 . 1 3 1 3
input #— input =] T
putZ QUADRATURE | Dy Z, putZs QUADRATURE |py % QUADRATURE !
2| hverD |4 =L ) HYBRID 172 HYBRID
Z— 7 =5 ! 4 I 14z
output D, X Z, Dz% output
c d

Figure 10.7. PIN diode attenuators: TEE-circuit (a); 7~circuit (b); quadrature hybrid matched attenu-
ator (c); matched attenuator with two quadrature hybrids (d).
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is divided into two paths, this attenuator is capable of handling twice the
power of the simple diode configuration. Resistances of the loads are
equal to the characteristic impedances of the output lines. PIN diodes are
used as mismatched elements.

The amount of reflected power from the diodes depends on the bias
voltage. Powers reflected at ports 3 and 4 combine in port 2. Ideally, the
reflected signal does not pass through to port 1; therefore, this port has
good matching. Using the results for the two-branch 3-dB coupler or for
the 3-dB coupled-line directional coupler (see Chapter 7), we can see that
for perfect hybrids and diodes with identical S-parameters, input matching
(at port 1) of this nonreflective attenuator depends only on the mismatch-
ing of the isolated port. From Chapter 7 we can find the maximum attenu-
ation, the insertion loss, and the mismatching of this circuit for real
conditions (mismatching of loads, losses in transmission line, fabrication
tolerances, and discontinuities).

A nonreflective attenuator with two quadrature hybrids is shown in
Figure 10.7(d). This attenuator consists of two shunt PIN diodes D, and
D, located between two quadrature hybrids. The first hybrid splits the
input power from input port 1 to ports 3 and 4, which are connected to the
PIN diodes. When the PIN diodes are zero biased, or reverse biased
(equivalent open circuit), nearly all input power divides between ports 1
and 2 of the second quadrature hybrid. This hybrid combines input signals
to output port 4. Whenever the diodes draw bias current, they absorb a
portion of the input power, while reflecting some of the input power back
to ports 3 and 4 of the first hybrid. The reflected power is combined with
and absorbed into the 50Q termination in port 2 of the first hybrid. Unlike
the single-hybrid attenuator [Figure 10.7(c)], this attenuator ensures good
input/output VSWR and decreases ripple, dependency of attenuation on
hybrid directivity, and variation of attenuation with frequency.

10.3.3. Switched Channel Attenuators

The switched attenuator structure is shown in Figure 10.8. The basic form
of the switched attenuator [see Figure 10.8(a)] [11] has an attenuator pass
(7, 5, 8) and reference pass (bypass) (6). The attenuator includes an input
transmission line 1 and an output transmission line 2. Both lines have
characteristic impedances Z,. These transmission lines are connected to
the attenuator pass and bypass line through two SPDT switches 3 and 4,
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Figure 10.8. Switched attenuators: with two SPDT switches (a); with SPST switches (b); with SPST
switches and different impedance transmission lines (c).

which switch an input and output to the attenuator path or to the bypass
line. The bypass and attenuator path lines have the same impedances Z,,.
Figure 10.8(b) illustrates a switched channel attenuator with shunt PIN
diodes [12]. The PIN diodes operate as SPST switches that are ON when
reverse-biased and OFF when current flows through the diodes (forward
biased). The bypass section includes a shunt diode D, located at the center
of a half-wavelength transmission line abc. When the diode D, is forward
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biased, an RF signal is not permitted to flow through the bypass section
abc. When the diode D, is reverse-biased, the RF signal is permitted to
flow through this bypass section. Within attenuation section adec, two
shunt PIN diodes, D, and D,, are disposed a distance |, of one quarter-
wavelength from junctions a and c, respectively. When the diodes D, and
D, are reverse biased, the RF signal passes through the attenuation section
and is attenuated according to the insertion loss value of the attenuator
cell (ATT). When the diodes D, and D, are forward biased, the RF signal
does not pass through the attenuator cell. Properly actuating or biasing
diodes D,, D,, and D, allows the direction of the RF signal exclusively and
selectively through either the attenuator cell or the bypass section.

Typical isolations of the bypass and the attenuator pass of the net-
works in Figure 10.8(a, b) are identical. In practical application of the step
attenuators, insertion losses of the bypass and isolation of the attenuator
pass are accordingly more critical than insertion losses of the attenuator
pass and isolation of the bypass. For many applications, the primary
design concern is to minimize bypass losses.

The microstrip switched channel attenuator [Figure 10.8(c)] includes
the bypass and the attenuator pass with different transmission line imped-
ances: low impedance of the bypass line and high-impedance transmis-
sion line of the attenuator pass. The input and output of the switched
attenuator are connected with low-impedance transmission lines and
transformers, which provide input and output matching. The T- or 7-resis-
tive circuit of the attenuator pass is matched with the high-impedance
input and output transmission lines.

From a power division of the T-junctions [a and ¢ of Figure 10.8(c)] in
proportion to the ratio of admittances, we have

AGY R,

IfZ,<Z,and Z, < Z,, we can obtain the desired minimum insertion losses
at the bypass.

The insertion losses of the bypass depend on the power division of the
input and output junctions a and c, transmission line losses, and PIN
diode losses. To minimize bypass losses, the junctions a and ¢ are realized
with the unequal power division: The bypass RF signal power should be
greater than the attenuator path RF signal power. In this case, the trans-
mission-line impedance of the bypass should be less than the transmis-
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sion-line impedance of the attenuator path. Therefore, at the bypass mode,
the bypass losses are less and influence of the attenuator pass is less than
in the conventional network [Figure 10.8(b)]. Mismatching between the
bypass line and input (output) transmission lines can be avoided by addi-
tional quarter-wavelength transformers with length I, and impedance Z,
[see Figure 10.8(c)].

For the shunt PIN diode switches (with diodes D,, D,, and D,), the iso-
lation is

a,, = 20log[1+ (Zo ZRFH (dB), (10.26)

and the insertion loss is

IL=10I09{1+(202X ﬂ (dB), (10.27)

where Z, is the characteristic impedance of the input/output transmission
lines, R is the PIN diode resistance at under forward bias, X; = llia)Cj,
and C; is the diode junction capacitance at under zero or reverse bias. It
can be seen from (10.26) and (10.27) that isolation is a function of the
diode’s forward resistance R;, and the insertion losses are primarily
dependent on the junction capacitance C;. To minimize insertion loss
through the bypass section, the PIN diode D, needs to have the low junc-
tion capacitance C;. The PIN diodes D, and D, must exhibit the low for-
ward resistance R to maximize isolation of the attenuator path. With
respect to the attenuation section, higher insertion losses of the diodes D,
and D, with moderate junction capacitances should be compensated by
correction of the resistive network attenuation.

In practical high-power microstrip attenuator networks, errors of the
attenuation steps are observed due to parasitic capacitance between high-
power resistors of the attenuator cell and underlying ground plane. These
parasitic shunt capacitances and the PIN diode junction capacitance C,
can be compensated for by a series inductance between each PIN diode
and the resistive network. This inductance can be realized by an additional
high-impedance [Z,in Figure 10.8(c)] short microstrip line that is coupled
to the diode section and the resistive network. The combination of this
series inductance and two shunt capacitances (diode junction capacitance
and total resistors capacitance) forms a matched three-element low-pass
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filter. If the length |, of the high impedance (Z,) microstrip line is less than
the eighth wavelength, the equivalent series inductance can be obtained

from
Z, wl
wL =B

where v is the velocity of signal propagation along the line and w, is the
band edge of the LPF frequency characteristic.

The practical 1-GHz attenuator [Figure 10.8(c)] has been built using a
microstrip line based on the dielectric substrate with thickness of 25 mil
and dielectric constant of 10.2. The circuit includes diodes D,, D, with
junction capacitance 0.9 pF, series resistance 0.32Q, and diode D, with
junction capacitance 0.5 pF, and series resistance 0.75Q. The input and
output transmission lines with impedance Z, = 50Q are connected to
transmission lines having low impedance Z, = 30Q by quarter-wavelength
transformers with impedance Z, = 38.7Q. At the attenuator pass, the 50Q
quarter-wavelength transmission lines 1, are coupled to lines with imped-
ance Z, and short transmission lines I, having impedance Z, = 83.3Q.

The 7-circuit resistor attenuator cell with input/output impedance Z,, =
Z,, = 83.3Q provides the necessary attenuation of the attenuator path and
good input/output matching. The 1-GHz attenuator provides the insertion
loss of the low-loss path (bypass) at 0.25-dB maximum and the input/out-
put return loss at 20 dB minimum. At the attenuator path the return loss is
20 dB minimum.

10.4. LIMITERS

Limiters are primarily used to protect power-sensitive components and
devices (for example, LNA and mixer) from nearby high-power sources.
A diode limiter is a power-sensitive variable attenuator that uses the non-
linear properties of a diode to provide an impedance mismatch when a
sufficient amount of RF power is incident on the device. The output
power is reduced to the level protecting receivers from high-power leak-
age.

Practically any varactor or PIN diode can be used in a limiter. The
basic design for limiters is the same as for PIN diode switches. The main
difference between the two designs is the rectification transients.
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Figure 10.9. Limiter characteristics: typical transfer characteristic for an ideal and practical limiter
(a); transmitter power pulse vs. time (b).

Figure 10.9(a) shows a typical plot of the output power (P,,) versus
input power (P,) for an ideal limiter. This plot has three operating
regions. In the first linear region (1), signals below a threshold power (P,)
pass through the limiter with minimum losses. In the second compression
region (1), when input power levels exceed the diode threshold level (P,
< P < P,), the output power tends to remain constant with increase of
input power. The 1-dB compression is usually used to mark the onset of
the compression region. For an input power beyond the maximum level of
isolation P,, the output power starts to rise again (region I11), until the
diode reaches its burnout temperature.

Figure 10.9(b) illustrates spike leakage. After the spike leakage is
complete, the limiter transmits a constant power. The spike leakage would
be for a nanosecond rise-time signal.

There are three types of limiter configuration [Figure 10.10(a—c)]. In
practice, limiters are based on shunt configurations, which can handle a
higher power.

In a passive (self-bias) limiter [Figure 11.10(a)], output power
depends on the variable diode resistance. Limiter diodes are turned on by
the RF signal itself. A passive limiter is a self-activating switch that is
activated by high-level incident power. When the self-rectified bias is
increasing (with increasing of P, ), diode impedance is decreasing. The
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speed of this process depends on the diode lifetime (20-200 ns). This rel-
atively slow process leads to a high dissipation power on the diode: its
maximum is approximately 50% of input power (see Figure 10.3). After
this, diode impedance becomes very low, the rectified current increases
rapidly, and the output power saturates. This process causes spike leakage
power nearly equal to the incident power level [Figure 10.9(b)]. The
amplitude and length of this spike depend on the rise time of the input
pulse and the lifetime of the diode. The maximum signal RF power that a
limiter diode can handle is limited by either the diode’s breakdown volt-
age or its power-dissipation capability.

The active limiter [Figure 10.10(c)] works on separate current sources.
One of the uses of the limiter is in the sensitive time control (STC) sys-
tems, where it also provides the passive limiting mode [13].
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The quasi-active limiter [Figure 10.10(b)] uses a high-power Schottky
barrier diode detector that supplies dc current to the limiter diode. The
Schottky diode rectification process is much faster than limiter diode self-
bias. The limiter diode is turned on primarily by the external bias current
from the Schottky detector diode, which is sensitive to the incident signal.

Figure 10.11 shows a two-stage limiter with limiter diodes D, and D,
and two Schottky detector diodes D, and D,. The Schottky diodes D, and
D, are coupled (—20 dB) with the main 50Q transmission line through
high-impedance (~120Q) conductors. Diodes D, and D, detect the inci-
dent microwave power and rapidly apply self-rectified current to the lim-
iter diodes D, and D,, causing a rapid increase in attenuation. The first
Schottky diode D, starts activating the first high-power limiter diode D, at
15-dBm incident power. Diode D, is used as a prelimiter of the high-inci-
dent microwave power. The right type of Schottky diode (barrier diameter,
breakdown voltage, or package) should protect this diode against burnout.

The second low-power limiter diode D, has a faster response and,
therefore, provides protection during the initial stages of pulse rise time.
For example, the limiter diode with a lifetime of 10 to 20 ns reaches the
10-dB isolation point in about 4 ns [14]. Thus, the second limiter diode is
the first ON. At the end of the pulse, the process reverses, and the limiter
diodes “recover” the high impedance to the first limiter diode D,, reduc-
ing the turn-on time. The first limiter diode absorbs either an equal or a
greater amount of power than the second diode, depending upon the elec-
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trical spacing of two diodes and diode resistance. The spacing between
two limiter diodes should be A,/4 or 3\, /4.

The bias injection port is provided to drive the limiter diodes during
the isolation test mode and can also be used during the regular high-isola-
tion mode.

The parasitic reactances of the limiter diodes can be compensated for
by choosing the optimum spacing and characteristic impedance of the
transmission line between them.

The diode package for the microstrip limiter includes two bonding
wires (straps), which are equivalent to inductances. The values of these
inductances (~0.1 nH) depend on the widths and lengths of the straps [see
(4.3)]. These inductances, in conjunction with limiter diode junction
capacitance (0.1 pF), or with an additional chip capacitor, form a matched
three-element low-pass filter. This filter provides broadband matching and
flat leakage characteristics.
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CHAPTER 11

Phase Shifters

RF and microwave phase shifters have many applications in various
equipment. For example, they play a very important role in phased-array
antennas. Changing the phase of each array element allows the main
antenna beam to be steered. Phase shifters utilize diodes, FETS, ferrites,
transmission line segments, and hybrids. The final choice of a phase
shifter network depends on the required bandwidth, insertion loss, switch-
ing speed, power handling accuracy, and resolution. A choice between
analog and digital control must also be made.

11.1. DIODE PHASE SHIFTERS

The general principle of the diode digital phase shifter is that either the
signal is switched between two networks that have a fixed phase differ-
ence or the phase shift of a single network is controlled by switching ele-
ments in or out of the network. The switching elements are usually PIN
diodes with varied resistance values from approximately 10,000Q to less
than 1Q (see Chapter 10). The high-speed PIN diodes make it very popu-
lar for high-speed, current-controlled phase shifters. In MMIC design the
switching elements are often realized with FETS.

267
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Analog phase shifters are devices whose phase shift changes continu-
ously as the control input. The most commonly used semiconductor con-
trol elements in analog phase shifters are varactor diodes. Varactor diodes
operating in a reverse-biased condition provide a junction capacitance that
varies with applied voltage and can be used as an “electrically variable”
capacitor in tuned circuits. The variable capacitance of a varactor diode is
a nonlinear function of voltage; therefore, the drive voltage is too dis-
torted for a linear relationship between dc voltage and phase. The varactor
capacitance changes rapidly (in less than a nanosecond) with voltage
around zero volt bias; therefore, the continuous phase shifters generate
harmonics and increase losses for higher-incident power levels at a low
bias voltages. The dc voltage has to be larger than the RF voltage to con-
trol the phase shift.

Varactor continuous phase shifters can achieve a large amount of
phase shift and high speed and require fewer diodes than digital phase
shifters, but at the cost of decreased accuracy, relatively narrow band, and
low input power levels (less than 1W).

11.1.1. Switched-Line Phase Shifters

In the switched-line phase shifter [Figure 11.1(a)] two (or several) lines of
different lengths are switched by two single-pole, double-throw PIN diode
switches. When the PIN diodes D1 and D2 are ON while PIN diodes D3
and D4 are OFF, the reference transmission line | is in the circuit. When
the diodes D3 and D4 are ON, the transmission line 1 is in the circuit. By
switching a signal between two lines of different lengths, it is possible to
realize a specific phase shift. The difference in physical length Al between
these two stages gives the phase shift

A¢:2/TA|,

AN
where A is the guide wavelength. The resulting phase shift varies linearly
with frequency.

Because the phase shift in the switched-line configuration is well
defined by differences in the line length only, this phase shifter is useful in
devices without adjustments, and it is very stable over time and tempera-
ture.
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Figure 11.1. Switched-channel phase shifters: with switching of transmission lines (a); with fixed
phase shifter (b).

The isolation per switch in the OFF state must be greater than 20 dB to
avoid phase error. Insertion loss of the switched-line phase shifter is equal
to the loss of the single-pole, double-throw switches plus line losses.
Because of the unequal transmission line paths, the loss depends on the
phase shift. A practical problem in this phase shifter is that of insertion
loss resonances [1]. These resonances appear where the effective length of
the off-diode mode (electrical length of the line plus the equivalent
lengths of the capacitive off-diodes) is equal to nA/2 (n =1, 2, ...). At res-
onant frequencies there are large phase errors and insertion loss spikes.
Therefore, the length of the two lines should be chosen with this effect
taken into account.

Switched-line digital phase shifters providing a certain phase incre-
ment can be made by a series connection of individual switched-line
phase shifters. Switched bit phase shifters are generally used where there
are requirements for very high switching speeds and moderate-to-high
power handling capability. If the number of stages is n for a phase shifter



270 11.1. DIODE PHASE SHIFTERS

giving up to ¢, degrees of phase shift, then the smallest phase increment
Agis given by

B
2n

Multibit switched line phase shifters can be used to vary phase shift up
to 360°. Figure 11.2 illustrates the 4-bit switched-line phase shifters con-
sisting of a cascade of digital phase shifters and covering 180° in nominal
steps of 22.5°. PIN diodes or FET devices may be used as switching ele-
ments.

The problem with multibit phase shifters is a large variation in the
return loss across the phase states. Also, more bits add insertion loss and
accumulate phase error. The mismatch effect limits the phase resolution
and accuracy of the phase shifter. The only solution is to provide good
return loss of each individual bit.

The other device is a switch-channel circuit with a fixed phase shifter
[Figure 11.1(b)]. This switchable phase shifter includes a reference pass
(bypass) abc and fixed phase shifter pass adec. The bypass line has one
diode section D3, which is located at the center b of the half-wavelength
transmission line . = 21, = A,/2. When this diode is forward biased, sig-
nal flows through the fixed phase shifter pass, and when it is reverse

IVE

Bit #4 Bit #3 Bit #2 Bit #1

|nput r] n n m oulput
1

~ - or ~ or o~
225 90° 80°

Figure11.2. 4-bit phase shifter.
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biased, signal passes through the bypass line. The fixed phase shifter is
connected to the input and output by diode sections D1 and D2, which are
at a distance of a quarter-wavelength (I, = A,/4) from the junctions a and
c. When these diodes are forward biased, signal flows through the bypass
line, and when they are reversed biased, signal passes through the adec
pass and has a fixed phase shift.

11.1.2. Loaded-Line Phase Shifters

In the loaded-line phase shifter Figure 11.3(a), the transmission line is
loaded by variable susceptances iB and —iB. Adjacent loading susceptan-
ces are equal and are switched into either a capacitive or an inductive
state. The shunt capacitive element electrically lengthens a transmission
line, while an inductive element shortens it, and switching from an induc-
tive to a capacitive element produces an increase in electrical length (or
corresponding phase shift). Susceptance can be switched between two
states with a PIN diode switch. Usually only one control signal for
switching is required for this phase shifter, since the loads can be biased
simultaneously.

The susceptances are spaced about a quarter-wavelength apart (© =
90°) to improve input matching: reflections from the reactive elements
cancel out at the input terminal of the phase shifter. Using the results in
Chapter 10 [see (10.19)] for Y = iB (G = 0), we can obtain the voltage
transmission coefficient:

iz[e‘@ (1+iB)—%stin®}
. (11.1)

2

= (cos© - Bsin®) + i{sin@ +BcosO —%sinGJ,

where B is the normalized shunting susceptance.

Comparing (11.1) with the corresponding matrix coefficient of the
equivalent regular line (see Appendix C), we obtain the phase shift of the
loaded-line phase shifter:

cos¢@ = cos® — Bsin©. (11.2)
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input output  input 5 output

Figure 11.3. Loaded-line phase shifter: with capacitive and inductance elements (a); with short-cir-
cuited stubs (b).

For two distinct values of B, and B,, we have

cos¢@, = cosO - B, sin0,
cos¢@, = cosO - B, sinO,

and the required phase shift is

Ap=¢, -9,

The lumped-element loaded-line phase shifter [Figure 11.3(a)] pro-
vides small dimensions for relatively low frequencies, where compact
design could be achieved with the lumped-element equivalent of the trans-
mission line. For higher frequencies, the loaded-line phase shifter with
short-circuited stubs [Figure 11.3(b)] can be used.

The loaded-line phase shifter can be used for high-power and narrow-
band devices for small amounts of phase shift (generally 45° or less). For
a specified phase error and VSWR, the smaller the phase shift, the larger
the bandwidth. For example, within a phase shift error of +/-2° and a
VSWR of 1.5, a 22.5° phase shift is reported at nearly an octave band-
width, whereas for a 45° phase shift, the bandwidth reduces to about 25%.

The extremely high-power capability of this phase shifter is due partly
to the use of shunt-mounted switch PIN diodes, plus the fact that the
diodes are never in the direct path of the full microwave power. The limit-
ing factor of the highest power-handling capability is the linear operating
range of the PIN switches.

11.1.3. High-Pass/Low-Pass Phase Shifters

High-pass/low-pass phase shifters are shown in Figure 11.4(a, b). This
type of phase shifter consists of three elements associated in a T-network
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Figure 11.4. Switched-element phase shifters: with high-low pass T-circuit (a); with high-low pass
7-circuit (b).

[Figure 11.4(a)] or a /~network [Figure 11.4(b)]. A phase shift of these
lumped-element phase shifters results from the difference between the
phase of two filters (high-pass or low-pass). This circuit provides phase
delay in the low-pass mode and phase advance in the high-pass mode.

These phase shifters use SPDT switches to switch the signal between a
high-pass filter and a low-pass filter. The three switches are controlled in
synchronization.

For the 7~circuit [1, 2, 3],

2B
Ag=tan'| ——|,
oo ()
X = ﬂz
1+B
X and B can be expressed in terms of phase shift as

X= sin[A—ﬂ,
2

B=tan[A—¢j.
2
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For the T-circuit,

2X
Agp=2tant| =" |,
$ (Xz‘lj

B:Z_X_
1+ X?

X and B can be expressed in terms of phase shift as

X =tan(A—¢J,
4

B=sin(A—¢J.
2

The high-pass/low-pass phase shifter provides wide bandwidth (over
an octave) and can be realized much smaller than the other types because
lumped elements are typically used instead of transmission lines. This
phase shifter is suited to low frequencies, particularly in the VHF and
UHF bands. The cutoff frequencies of the two filter networks must be out-
side of the phase shift band. A disadvantage of this approach is that the
circuit requires three diodes per stage and usually requires two control
signals. Also, the amplitude difference varies with frequency, since the
band-edge slopes of the two filters are rolling in opposite directions.

11.1.4. Reflection-Type Phase Shifters

The reflection-type phase shifters use either a circulator or a hybrid and
require minimum diodes per stage. Figure 11.5 shows a reflection phase
shifter of the circulator type. The basic principle is that the reflection
coefficient S,, of the reflection circulator load becomes the transmission
coefficient S,, of the circuit. The phase shift of this phase shifter is

21l
ANp=——,
¢ N

where Al is twice the transmission line length.
To minimize phase error, it is very important to have good matching
between the circulator and the terminating impedance. The finite isolation
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Figure 11.5. Reflection circulator-type phase shifter.

is caused by internal reflections in the circuit. It has been reported by
Garver [2, 4] that a circulator having 20-dB isolation gives +/-22.8° max-
imum phase error and 30-dB isolation gives +/-7.2° maximum phase
error. This type of phase shifter is usually more expensive (circulator
cost).

Figure 11.6(a, b) illustrates two configurations of reflection-type
phase shifters with different hybrids. In the circuit of Figure 11.6(a), sepa-
rating the incident and reflected signals is realized by a quadrature hybrid,
such as the 3-dB branch-line or Lange coupler (see Chapter 7). The input
signal is divided into two quadrature components with equal amplitudes
on the output ports. These two signals are reflected from the identical ter-
minations (controlled loads) in the two output ports and recombined in
phase on the normally decoupled port. In the ideal case, there is no
reflected signal on the input port (see Chapter 7). This circuit provides a
signal phase shift of between 0° and —180°. The terminations can be either
short or open or have another impedance.

Switching the diodes ON or OFF positions the total path length for
both reflected signals by twice the electrical length between diodes and
grounds, producing a phase shift of Ag at the output.

The reflection phase shifter that uses the in-phase—out-of-phase
hybrid, such as the hybrid ring (see Chapter 7), is shown in Figure
11.6(b). In this configuration, a 90° line section is added to one of its out-
put ports. Using the results of Chapter 7, we can find the main characteris-
tics of the different reflection phase shifters (see Table 11.1). The two-
branch hybrid and hybrid ring have a bandwidth limited to about 10%.
The broadest bandwidth (up to an octave) can be realized by the coupled-
line hybrid.
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Figure 11.6. Reflection hybrid type phase shifters: with quadrature hybrid (a); with in-phase—out-of-
phase hybrid (b); controlled load with varactor diodes (c); controlled load with two reactances (d);
controlled load with regular line (e).

If the output reflection coefficients are equal, then the input port is per-
fectly matched. This is true even for such drastic output conditions as
open or short circuits. Insertion losses are limited by losses of the hybrid
and the forward and reverse resistances of the diodes. The bandwidth of
these phase shifters depends on the bandwidth of the coupler as well as

TABLE 11.1. Transition and Reflection Coefficients of the
Reflection Phase Shifters

TR

R I =ty

2o el
PARAMETERS
Transmission y My+T, y M+l | M+Tlg
Coefficient 2+T4-T, 2+4T,-Ty 2+T5-T3

Reflection M3—Ty P -

Coefficient 2 2 2
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the reflection circuits. The phase shift depends on the reactance values of
the two controlled loads. The different types of controlled loads are
shown in Figure 11.6(c—e). The controlled loads should be very similar,
which is easily achieved with the fabrication of a phase shifter on the
same die.

A continuous variation of phase shift can be realized by using varactor
diodes [Figure 11.6(c)]. These diodes are in effect capacitors, the value of
which depends upon the reverse voltage. The output signal is that
reflected from the two varactor diodes. In the ideal case, the magnitude of
the diode reflection coefficient is fixed at unity. The phase varies from
zero (zero capacitance) to —180° (maximum capacitance). As a result, the
output signal phase is varied continuously by changing the bias voltage on
the varactor diodes. In practice, the phase-shift range is limited by the
capacitance ratio of the varactor diodes; the maximum phase shift that can
be achieved is limited to around 160°. When more phase shift is desired,
several identical stages should be cascaded.

The control load with two reactances and the SPDT switch is shown in
Figure 11.6(d). Figure 11.6(e) illustrates control load using a regular
transmission line with an electrical length equal to © = A@/2.

The hybrid reflection phase shifter requires only one control signal,
because the loads can be biased simultaneously. In comparison with the
circulator-type phase shifter, the reflection phase shifter with hybrids can
handle up to twice the average or peak power when using the same
diodes, but requires twice as many diodes.

11.2. FERRITE PHASE SHIFTERS

Ferrite phase shifters are based on a variation of the propagation constant
of the transmission line built on a magnetized ferrite substrate. Varying
the magnetic field applied to a ferrite will change the permeability, caus-
ing the corresponding phase shift.

To minimize physical dimensions, the center conductor of the micros-
trip or stripline has a meandered configuration (Figure 11.7) [3, 5-7]. This
meander line consists of tightly coupled quarter-wave-length at the center
frequency. It provides circularly polarized magnetic field in the ferrite
medium and is used for nonreciprocal phase shifters.
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Figure11.7. Digital latching control phase shifter.

The space S between adjacent lines is approximately equal to substrate
thickness. The smaller gap between the adjacent meander conductors
results in a higher maximum differential phase shift. The total number of
meander legs is determined by the total desired phase shift.

If the ferrite substrate is magnetized along the direction of the mean-
der lines (i.e., perpendicular to the RF magnetic field), a nonreciprocal
differential interaction is obtained if the direction of the magnetization is
reversed. When the ferrite substrate is magnetized in a direction perpen-
dicular to the meander lines (i.e., parallel to the RF magnetic field), there
is a minimum interaction between the ferrite and the RF magnetic field.

Two holes (one on either side of the meander line) are drilled in the
substrate and latching wires are passed through the holes (Figure 11.7).
Reversing the polarity of the pulse changes the direction of magnetiza-
tion.

The slotline and the coplanar waveguide produce elliptically polarized
RF magnetic fields and can be used for nonreciprocal phase shifters with
a magnetized ferrite substrate [3, 8, 9]. The dc magnetic field is oriented
in the plane of the ferrite substrate, but perpendicular to the direction of
propagation.

In reciprocal phase shifters, the meander line is also used to reduce
dimensions. To minimize nonreciprocal effects, the meandered conduc-
tors must be separated by at least five times the ground plane spacing (S >
5h) and the length of each section is not equal to a quarter wavelength.

The reciprocal ferrite phase shifter (Figure 11.7) operates by switching
between two orthogonal states of magnetization, one parallel and the
other perpendicular to the direction of propagation. Ferrite substrate can
be magnetized circumferentially in its plane by means of the current pulse
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applied to a control wire that is passed through the hole in the substrate
(see Figure 11.7).

Ferrite phase shifters have good performance: lower loss and higher
power than diode phase shifters. For example, ferrite phase shifters can
have losses of less than 1 dB at 44 GHz, while diode phase shifters typi-
cally have 1-dB losses at 5 GHz and several decibel losses at 44 GHz [7].
The disadvantages of ferrite phase shifters are greater size and weight,
higher cost, more sensitive to temperature variation, and slower speeds
(by a few microseconds to tens of microseconds). The switching time for
PIN diodes is less than 1 ws.

Another type of phase shifter is a composite ferrite-dielectric-substrate
device [10-12]. The phase shift is obtained by the relative change in the
dielectric constant of the ferroelectric material (Ba-Sr)TiO, due to the
change in the dc biasing voltage. The dielectric constant can be modulated
under the effect of an externally applied electric field perpendicular to the
direction of propagation of a microwave signal. These ferroelectric phase
shifters are reciprocal devices. Ferroelectric can generally handle high
peak power levels and low switching times (typically 100 ns). The use of
ferroelectric materials in the microwave frequency range has been limited
due to the high losses of these materials and high electric field necessary
to bias the structure in order to obtain substantial dielectric constant
change [12].

11.3. DIFFERENTIAL PHASE SHIFTERS

11.3.1. Schiffman 90° Phase Shifter

The basic Schiffman phase shifter [13, 14] is shown in Figure 11.8(a). It
consists of two separate sections, one of which (1) is a reference uniform
line. The other (I1) is a pair of equal length parallel coupled lines directly
connected to each other at one end. The coupled section has the length L
of one-quarter wavelength at the central frequency.

The matching condition for the output impedance of coupled sections
is

Z, =4/Z

0 Z

0e™00"

where z,, and z,,,are even-mode and odd-mode impedances, respectively.
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Figure 11.8. Schiffman 90-degree phase shifter: basic view (a); frequency response of phase shift

(b).

The phase-shift function is determined by the phase difference of sig-
nals transmitted through the coupled section 11 and the reference line I:

Ag=argS), —argS),,

where S/, and S]} are the scattering matrix elements of two-ports | and
I, respectively.
The phase shift of the coupled-line section is determined by [11]

[j’e} -tan’©

cos@, =

Y (g, ,
L—eJﬂan C]
ZOo

where © = 277L/A is the electrical length of the coupled-line section. This
section provides in an octave band a nearly constant phase shift Ag = 90°,
compared to a uniform line | with electrical length 3@ [see Figure
11.8(b)]. For z,/z,, = 4, phase shift is equal 90° within +/-4.8° for fre-
quency ratio 2.27:1. With a smaller value of z,,/z,,, bandwidth and phase
error become reduced.

For multioctave operation, some authors [14-16] use coupled-line sec-
tions interconnected in a cascade in place of the single coupled-line sec-
tion. It is a cascade of coupled sections of equal lengths (one quarter-
wavelength at the central operating frequency) and different coupling
coefficients.
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Schiffman phase shifters can be used to achieve flat relative-phase dif-
ferences between output ports, but these require implementing a long ref-
erence line (30©) and equal even-mode and odd-mode characteristics. In
the microstrip Schiffman phase shifter, the even-mode and odd-mode
phase velocities in the coupled-line section are not equal, and the above
formulas are not applicable. For equalizing the two mode velocities, sev-
eral techniques have been considered in Chapter 7.

11.3.2. Irregular-Line 180° Phase Shifter

The 180° ferrite-core phase shifters and transformers are widely used at
RF and lower microwave frequencies. They offer advantages in size and
bandwidth. The RF signals at the input and output ports of the transformer
may be in-phase or out-of-phase.

Ferrite-core phase shifters have the following disadvantages. They are
impossible to achieve with the printed-circuit designs favored at high fre-
guencies. Frequency limitations arise from core loss, parasitic elements,
and length of the winding. Permeability and dielectric constant of trans-
former material can vary dramatically with temperature and frequency.
Transformer cores saturate, resulting in a reduction in bandwidth and
power-handling capability.

The above disadvantages can be eliminated in print phase shifters
without cores. The 180° phase shifter that uses a diagonally connected
irregular line (see Table 3.3) is shown in Figure 11.9(a) [17]. This differ-
ential phase shifter includes a regular transmission line (1) and irregular
coupled lines (2). The irregular lines (without ground plane) contain two
parallel broadside coupled conductors (3, top, and 4, bottom) located on
the two sides of a thin dielectric substrate (5). Unlike a conventional trans-
former, the irregular line has strong magnetic coupling of two broadside
conductors without special cores. The strong magnetic coupling allows
for the small length of the irregular lines (see Chapter 3). This effect is
intensified by the elimination of the ground plane from the area (6)
directly below the coupled lines.

Coupled lines have a short-circuit connection between the end of line
3 (7) and the end of line 4 (8). This short-circuit connection [by (19)] is
also dc connected to the ground plane (9) of the regular line (1). The
ground plane (9) is located on the base dielectric substrate (10).
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Figure 11.9. Printed 180-degree differential phase shifter: isometric view (a); dependence of phase
shift (in degree) and loss (in dB) on relative detuning (in percent) (b).

Input (11) [see Figure 11.9(a)] and output (12) of coupled lines are
electrically interconnected with corresponding input (13) and output (14)
on the base dielectric substrate. Input (15) and output (16) of the regular
line (1) are electrically interconnected with corresponding input (17) and
output (18).

The electrical length ©, of the irregular lines is equal to the electrical
length ©, of the regular line:

0. =06

n r1
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where
27l 27l
0,=—7" 6, =—-,
A and ©; A,
and A, and A,

are wavelengths in the irregular and regular lines, respectively. The physi-
cal length of the irregular lines |, = (0.02-0.08)/A,, depends on the coeffi-
cient of magnetic coupling k, (see Table 3.3). The physical length I, of the
regular line is equal to (0.02-0.08)A,. In general, wavelengths A, and A,
are not equal, and for the equalization of the electrical lengths of both sec-
tions, it is necessary that |, = (A /A,

Figure 11.9(b) shows the dependence of a phase shift (in degrees) and
loss (in decibels) on relative detuning (in percent) for the 180° differential
phase shifter (with length of coupled lines I, = 0.055A,), which was
designed on a thin Kapton dielectric with a thickness of 0.003 in. (with
center frequency equal to 120 MHz). The uniform microstrip line is
printed on the same Kapton substrate, which is connected with the base
dielectric substrate made of Duroid 5880 material. It can be seen that this
gives a phase shift equal to 180° +/-5°.
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CHAPTER 12

Circulators and Isolators

12.1. INTRODUCTION

Circulators and isolators are N-port nonreciprocal devices providing one-
way sequential transmission of power between their ports. In these
devices, there is very little loss of power in the forward direction, while
the reflected power is absorbed in the termination. Circulators and isola-
tors are used in various systems, for example, where a transmitter and a
receiver are connected with a common antenna system or where the oper-
ation of an oscillator should not be affected by signals reflected from the
mismatched load. Circulators have found another common application as
the coupling elements in reflection amplifiers, such as parametric amplifi-
ers or a tunnel-diode amplifiers.

In most cases circulators and isolators use ferrite materials. However,
there are some new conceptions of nonreciprocal nonferrite devices that
will be considered in this chapter.

Properties of a three-port circulator can be expressed in terms of the
scattering matrix. For perfectly matched clockwise circulation, when

285
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power through the circulator flows in accordance with the port sequence 1
~ 2 - 3 - 1, the scattering matrix is given by

(12.1)

[s]=

o P O

0
0
1

O O

and for the counterclockwise circulation (direction1 — 3 - 2 - 1), the
scattering matrix is

(12.2)

5)-

= O O

1
0
0

O -—= O

Equations (12.1) and (12.2), for a lossless circulator, meet the unitary
conditions [see (5.7)]. Correspondingly, the perfect circulation can be
realized in a lossless network.

The resonance frequency is determined by the atomic makeup of fer-
rite material and by the net applied magnetic field. The nonreciprocal
action in ferrite component is realized when the frequency offset between
the applied signal and the resonance frequency gets the specified value.
The direction of circulation can be reversed by inverting the direction of
the magnetic field.

Ferrite circulators and isolators should be optimized to meet the fol-
lowing parameters for most applications: insertion loss, isolation, VSWR,
bandwidth, temperature range, and size. The losses are the most important
characteristic of ferrite devices. The variation of losses with magnetic
field is shown in Figure 12.1. We can see that the losses have two high-
loss domains, | and I1, that should be avoided. In region Il the losses are
caused by a ferrimagnetic resonance. Ferrimagnetic resonance occurs
when a rotating RF magnetic field has the same direction and frequency
as the precessing electrons in the ferrite material. At the longer wave-
length the resonance characteristic shifts to the region of lower magnetic
fields [see Figure 12.1(b)]. In region | the losses are caused by a low mag-
netic field that is not sufficient to fully saturate or align the individual
magnetic domains of the ferrite material. The low-loss operation is still

*The direction of circulation of the circulator (when viewed from the top or circuit side of the
device) is shown by an arrow marked on the device.
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Figure 12.1. Regions of ferrite device operation: basic regions (a); regions of operation vary with
wavelength (b).

possible in the below-resonance and above-resonance regions, as shown
in Figure 12.1(a).

Above-resonance circulators and isolators can be designed to operate
from 50 MHz to approximately 3.0 GHz. Below-resonance devices are
generally available above 500 MHz. Above-resonance devices can cover
the bandwidth up to 40% with insertion loss less than 0.5 dB. The octave-
bandwidth can be achieved in below-resonance devices with less than 0.4-

dB loss.
Generally, there are two kinds of circulators/isolators: distributed ele-

ment devices and lumped element devices. We will consider both of these
classes separately.
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12.2. DISTRIBUTED FERRITE DEVICES

12.2.1. Ferrite Circulators

In distributed ferrite circulators the electromagnetic resonance occurs in
the ferrite resonator consisting of one or two ferrite discs attached to the
center of the Y-junction. The input RF signal propagating along one of the
branches of the junction excites the circumferential waves in ferrite discs
that have opposite directions of propagation. The constructive interfer-
ence of counterpropagating waves creates the standing waves known as
the spatial harmonics of ferrite discs. Exactly one wavelength of the basic
spatial harmonic fits the perimeter of the ferrite resonator at the operation
frequency of the circulator. The azimuthal position of the nodes of spatial
harmonics with respect to the input port depends on the strength of the
biasing magnetic field applied perpendicularly to the planes of disc reso-
nator(s). In the absence of a magnetic field, the standing-wave pattern is
symmetrical with respect to the input port, and energy is transferred
equally into the other two ports. The presence of an axial magnetic field
across the ferrite material changes the effective permeability seen by the
rotating waves [1, 2]. The circulation condition is met when the biasing
magnetic field turns the standing-wave pattern by 30°, so that the node of
spatial harmonics meets the isolation port.

The center frequency, bandwidth, and isolation of circulators and iso-
lators are functions of circuit geometry, type of ferrite, and the strength of
the biasing magnetic field.

Figure 12.2 shows various configurations of print resonators used in
circulators. The most popular resonators are junction circulators in the
shape of disks [Figure 12.2(a)] or triangles [Figure 12.2(b)]. In a triangu-
lar resonator, the input/output lines may be connected to the corners or the
midpoints of the sides of the triangle [see Figure 12.2(b)]. In [3, 4], it is
shown that the insertion loss of the triangular junction is about 17% lower
than the loss in a disk-type junction.

A WYE resonator [Figure 12.2(c)] is formed by attaching three open-
circuited stubs to the central junction. In this resonator, the input/output
lines may be connected either to the corners of the junction or directly to
the stubs.

Figure 12.2(e) illustrates various types of slow-wave structures.
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Figure 12.2. Center conductor geometries: disc (a); triangle (b); WYE (c); hexagonal (d); delay slow-
wave structure (e).

The mentioned resonators are formed on ferrite inserts which may be
used in combination with dielectric rings, triangular prisms, and so forth.
Such combination allows widening bandwidth and improved the heat dis-
sipation, which in turn increases the allowed maximum power. In this
case, a ceramic with a high thermal conductivity is used as a dielectric.

If an enhanced isolation is necessary, the required isolation can be
realized by simply cascading the circulators. One should remember, how-
ever, that it increases the overall insertion losses and adds to the number
of parts.

12.2.2. Ferrite Isolators

An isolator is a two-port device that transfers the forward power from
input to output with little attenuation and dissipates the power propagat-
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ing in the reverse direction. The typical application includes the coupling
of an RF or microwave generator with a load. The advantage is that
almost all the entire power from the generator can be delivered to the load
while the reflection from a mismatched load does not flow back to the
generator. This allows the elimination of the variation in output power and
frequency pulling with load mismatch.

The two most commonly used isolators are the junction isolator and
the resonance isolator.

A junction isolator can be realized by terminating one of the ports of a
three-port circulator with a matched load. A high power rating can be
achieved by using two terminations connected in parallel or by utilizing
special high-power print terminations. The power rating depends on the
mismatch of the output port. For example, if the VSWR = 1.5, then 4% of
the power reflects back to the isolator and is dissipated in termination, and
for VSWR = 2.0, almost 11% of power is reflected back to termination.

In the isolator shown in Figure 12.3(a), the stub of length A,/8 is con-
nected to the main line so that currents in the stub and in the main line are
in quadrature. A ferrite disc is placed at the junction, where the magnetic
field is polarized circularly. Compensation for the reactance of the stub is
obtained by using an additional stub of the length 3/8A,. The diameter of
the ferrite disc d- should be equal to (2-3)W [see Figure 12.3(a)]. The res-
onance isolator operates by biasing the ferrite material at the resonance.
For broadband operation, the ferrite material should have a relatively wide
resonance curve (see Figure 12.1). Significant advantages of a resonance
isolator with stubs are the simple design and relatively small size of the
ferrite disc. The bandwidth of such isolators is 10% to 15%.

The stripline resonance isolator with a comb-type slow-wave structure
[Figure 12.3(b)] consists of two rectangular ferrite plates and a center
conductor with a “comb” of open-circuited stubs. To ensure broadband
matching (about 40%), the stubs should gradually increase in length from
0 to 0.125A,. Circular polarization is developed in the vertical plane at a
distance of A, = 0.02/\, from the bases of the stubs [see Figure 12.3(b)].
The step of the comb-type structure is A < b/3 (b is the stripline height)
and the width of the stub is equal to the gap between the stubs.

A field-displacement isolator, also known as edge-side mode or
peripheral mode [5, 6], is shown in Figure 12.4. This microstrip isolator
combines a transmission-line segment with a composite substrate made of
ferrite and absorbing materials. The concentrations of RF energy are dif-
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Figure 12.3. Ferrite isolators: with reactance stubs (a); comb-type slow-wave structure (b).

ferent at the left and right sides of the transmission line. The signal travel-
ing in the forward direction concentrates at the side of the conductor
adjacent to the conductor in the ferrite and is transmitted with minimum
attenuation. A signal traveling in the opposite direction shifts to the other
side of the conductor and meets the absorption material which introduces
the attenuation of microwave energy. The field-displacement isolators
have an ultra broadband (more than an octave). The bandwidth can be fur-
ther increased using a multilayer ferrite structure [see Figure 12.4(a)] [7].
The ferrite layer next to the absorption material having the highest mag-
netic saturation Mg, corresponds to the highest frequency f . of the
bandwidth, while the ferrite layer on the opposite side should have the
lowest magnetic saturation Mg,,;,,, which corresponds to f ;.. The input/out-
put matching of isolator can be realized by using a multistep [Figure
12.4(b)] or taper-type [Figure 12.4(a)] junction.
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Figure 12.4. Field-displacement isolators: with multilayer ferrite and taper conductor (a), with
stepped conductor (b).

Let us consider the problem of circulator/isolator matching. The ferrite
junction has a low impedance. For matching to standard 50Q lines, the
impedance-transforming network should be introduced in each of circula-
tor/isolator input/output. Quarter-wavelength transformers are commonly
used for these purposes. The length of a transformer can be shortened by
using dielectric materials with high permittivity and by meandering the
line. Bandwidth greater than an octave can be obtained by using multiple
guarter-wavelength sections.

Stubs of length A,/8 can also provide the matching of L-band circula-
tors/isolators [7].

12.3. LUMPED-ELEMENT FERRITE CIRCULATORS
AND ISOLATORS

The distributed circulators operating at low frequencies have comparably
large dimensions. The miniaturization of circulators and isolators operat-
ing in VHF, UHF, and low microwave frequency ranges may be achieved
by using lumped-element circuits, slow-wave structure, and so forth. The
sizes of such devices are small because the dimensions of ferrite discs do
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not depend on operating frequency. It should be noted, however, that the
ferrite sites affect the power rating: The smaller the diameter, the lower
the power rating. One of possible way of decreasing the ferrite diameter is
to use a slow-wave structure. The utilization of slow-wave structures
enables the reduction of the ferrite diameter by a factor of 2.

The circulator with a lumped-element design (Figure 12.5) was pro-
posed by Konishi [8] and others [9-12]. It consists of a ferrite disk with
three pairs of center conductors wound on it and insulated from each other
in the areas of crossover. The thickness of the insulation layer should be
minimized to ensure that all the strips are close to the ferrite. The cross-
over points should have low parasitic capacitance.

The RF magnetic fields of the coil are oriented by 120° with respect to
each other. Since the diameter of the ferrite disk is much less than the
wavelength, only the RF magnetic field exists inside the ferrite. The thick-
ness of the ferrite disc in the element circulator approximately equals one-
tenth of the disk diameter. The lumped constant capacitors connected in
shunt or in series to the terminals provide the storage of electrical energy.

In common lumped-element circulators/isolators the inductances are
formed by the junction inductor in connection with the separate capaci-
tors. Such a design leads to the increase in size and fabrication cost. In
order to keep the circulator sites small, it is desirable for a lumped circuit
element to act both as a capacitor and inductor simultaneously.

insulated
crossover
\

port 1

port 2

ground _ - "7 ferrite disc

plane

Figure12.5. Lumped element circulator.
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Figure 12.6(a) illustrates a compact lumped-element circulator [13]
comprising a set of three spiral strip inductors, which simultaneously
serve as capacitances with the bottom metal ground plane. The print
inductors are connected with input/output ports by high-impedance strip
conductors. Both conductors and inductors have a common junction point
located at the center of the circuit. The entire circuit is printed on the top
surface of a ferrite substrate. A portion of each inductor is interrupted by

magnet

|common_ t/ out
P inputs/outputs
junction ’/E p
high point -7~
impedance
conductor
dielectric
return
dielectric ferrite

substrate disc

Figure 12.6. Isometric view of lumped element circulator: with circular spirals (a); using crossover
print conductors and print spirals (b).
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gaps to allow the tuning of the lumped element. Since the inductors also
act as capacitors, with both L and C being as a single entity, such lumped-
element circulators eliminate the need for separate capacitors.

Another modification of this idea is illustrated in Figure 12.6(b) [13].
The ferrite substrate is placed inside a dielectric substrate having higher
dielectric constant than the ferrite. Each of the three inductances is com-
posed of the two-layer junction inductor connected in series with an addi-
tional single-layer inductor. The latter is printed on the thin dielectric
layer and positioned directly above the dielectric substrate. The three
capacitors are formed of the spiral conductors and ground plane separated
by the dielectric substrate. (The high dielectric constant of ceramic
enables the decreasing of the size of the capacitors.) View “A” shows the
pattern of the bottom side of thin dielectric layer.

In summary, lumped-element circuits allow a reduction in the size and
cost of low-frequency RF circulators and isolators. In addition, the
lumped-element circulators can be used at relatively high-power levels
without generating harmonics and intermodulation products, because
such devices operate in the above-resonance range.

12.4. FERRITE AND MAGNET SYSTEMS

The substrate material used in nonreciprocal devices is ferrite or a combi-
nation of ferrite and dielectric. The size of the substrate is determined by
the operation frequency, effective permeability, dielectric constant of sub-
strate, and the impedance of the system in which the circulator should be
incorporated. Circulators and isolators with large bandwidths (>20%) and
low operating frequencies will require large substrates. Narrowband
devices with simpler matching circuits and devices operating at higher
frequencies will use smaller substrates. At the same operation frequency,
above-resonance circulators or isolators will allow smaller ferrite discs
than the below-resonance devices. This is because effective permeability
of ferrite is higher above than below the resonance.

The operating frequency, power level, temperature range, and insertion
loss affect the selection of ferrite material. The analysis of the various fer-
rite materials used in circulators and isolators is given in several existing
sources (see, for example, [14]).
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The electrical performance of a ferrite device strongly depends on the
static magnetic field applied to the ferrite. The characteristics of perma-
nent magnets commonly used in circulators are given in [3]. The required
magnetic field is provided by the ceramic, rare earth, or metal permanent
magnets. The magnets are initially magnetized up to saturation and then
de-Gaussed to the specified level as part of the factory tuning procedure.

The required intensity of the external magnetic field depends on the
frequency of operation, the mode of operation (above- or below-reso-
nance), the type of ferrite material, and the shape of the ferrite insert. The
utilization of magnets with high-energy product allows decreasing the
number of magnet sites. In addition to its strength, the field should also
have a certain orientation. The devices incorporating thin ferrite plates or
disks are especially sensitive to the field orientation. The deviation of the
external magnetic field from the normal to the plane of the ferrite insert
introduces a change in the effective demagnetization factor and leads to
an increase of losses. This deviation from the normal should not exceed
3°to 5°.

The saturation magnetization of the ferrite and the magnetic field of
the magnets change with temperature variations. If no measures are taken,
the center frequency and bandwidth will change with temperature. To
avoid the alteration of electrical performance, the magnetic system should
incorporate magnetic materials that provide thermal stabilization. The
steel alloy composed of 29% to 32% nickel in iron (that of Carpenter or
Simond) is used for such purposes.

The temperature-compensating elements can be inserted in the mag-
netic circuit in two ways. The first way is when the compensators are
placed under the magnets. In this case the temperature-compensating disc
is in “series” with the magnetic circuit, thus providing a negative AH /AT
(decreasing magnetic field with increasing temperature). The second way
is when the compensating element short-circuits the magnet. Correspond-
ingly, the compensator acts as a shunt providing a positive compensation
AH,/AT (increasing magnetic field with increasing temperature). In the
series configuration the entire flux passes through the temperature-com-
pensating disk, while in the shunt configuration, a fraction of the flux
passes through the compensator.

Let us consider the three-dimensional tandem nonreciprocal circuit to
simplify the magnet system in cascaded circulators/isolators (Figure 12.7)
[15]. In this circulator the permanent magnet is located between the
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ground plane portions of two C-shaped magnetic circuit elements. Figure
12.7(b) represents a vertical cross-sectional view of the tandem circuit,
where a tandem-connected circuit is comprised of housing, two magnetic
circuit elements (each having a shield portion and a return portion), a
ground plane, two ferrites, a permanent magnet, a dielectric film, and a
dielectric substrate. Each ferrite is located inside a dielectric substrate
flush with its upper and lower surfaces. As shown in Figure 12.7(a), each
junction, including the center conductors, is printed on the dielectric film.
The dielectric film has a C-like shape bent around the ferrites and cen-
tered around the permanent magnet. The vertical portion of the film is
used to connect the top and bottom print circuits. This vertical portion can
also be used to install an additional element, such as an amplifier, between
the tandem-connected circuits. The magnetic circuit can be modified to
accommodate multijunction devices [15].

The three-dimensional devices described above have a better integra-
tion level in the horizontal plane. They also provide a lower cost and
higher quality as compared with the traditional multijunction circulators.

The circulators and isolators can be realized in a very popular drop-in
configuration [Figure 12.8(a, b)]. The tab leads in drop-in devices are
extensions of the center conductor itself. The tabs provide good contact
with the integrated circuit and tension-free solder joint. The bottom of the
unit should be mounted on a flat surface to ensure proper grounding.
Drop-in-type ferrite devices in a flange configuration are frequently
screwed into place (see Figure 12.8).

The design of drop-in ferrite circulators can be aided by the relatively
new direct-bond copper (DBC) technique [16], which will be described in
Chapter 14. In DBC drop-in circulators, metal conductors and tabs on fer-
rite material provide easy interconnection to other MICs. The comparison
of DBC with thin-film and thick-film microstrip devices shows that the
DBC microstrip circulator has the lowest insertion loss.

The microstrip circulator or isolator, having no special leads [Figure
12.9(a, b)], can be installed directly in the integrated module. Such a
small device allows for its incorporation into integrated circuits where
there is not enough room for other types. The interconnection between the
microstrip circulator (or isolator) and adjacent microstrips can be realized
using copper or gold ribbon, wires that may be soldered, welded, or
bonded to the adjacent microstrip lines to avoid an electrical discontinu-
ity. The ribbon width should be slightly smaller than the strip widths of



298 12.4. FERRITE AND MAGNET SYSTEMS

dielectric
film
magnet
circuits
LT
dielectric
magnet substrate
a
shie{i
NZZ 2|
\ return
ferrites /@M
ground
agnet ? A, plane
§ ANy \7§\ dielectric
ground ﬂ%’ film
lane
p \ Qéd}}\\\\\\\\\\‘ﬂﬂlﬁ housing
\
G\ N\~
magnet/
circuit shield
b

Figure 12.7. Three-dimensional two-junction circulator with one magnet: isometric view (a); vertical
cross-section view (b).

Figure 12.8. Drop-in isolator: top view (a); side view (b).
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Figure 12.9. Miniature ferrite circulator with printed circuit on ferrite substrate: top view (a); side
view (b).

the input/output ports of the ferrite device and the outside strip lines. In
general, low-frequency microstrip circulators have a single magnet placed
on the ground plane. At higher frequencies (f > 7 GHz), an additional
magnet is used on the circuit side.

High-power ferrite devices feature some peculiarities. An increased
average power level will increase the dissipated power. This will in turn
increase the operating temperature and lead to a degradation in perfor-
mance such that some convection or cooling features will be required.
The power dissipated in the circulator is proportional to the insertion loss.
The average power rating will also depend on the resultant mismatch at
the circulator output port. The peak power is the amount of power that can
be handled by the circulator without creating a voltage breakdown. In
below resonance type devices, the high power level at the peak also
causes an increase in the insertion loss due to the nonlinear effects of the
ferrite material. The peak power threshold depends on the junction geom-
etry, bandwidth, and ferrite material properties. The nonlinear effect in a
ferrite can be used for the generation of harmonics at microwaves. In such
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applications the ferrites can be operated at much higher power levels than
crystal diodes.

12.5. HIGH-ISOLATION CIRCULATOR NETWORK

The conventional ferrite circulators when properly matched usually offer
isolation in the range of 30 to 35 dB when properly matched. Isolation,
however, degrades considerably when the circulators are connected to the
loads, deviating from the ideal matching. It is, however, possible to main-
tain high isolation by using an additional compensation network.

Figure 12.10 illustrates one possible option for the compensation net-
work. A first coupling element is connected to a variable phase shifter to
provide a sample of the input signal. An output of the variable phase
shifter is connected to a variable attenuator joining a combiner. The vari-
able phase shifter and variable attenuator provide the variation of phase
and amplitude of the input signal sample. The combiner sums the input
signal sample with the parasitic reflection signal. A second coupling ele-
ment is connected to the combiner output to provide a sample of the sum
product to an amplitude compensation block. This block and the phase
comparator generate the driving signals for the compensation network to
change the magnitude and phase of the sample input signal in such a way
that the amplitude of the sampled signal is the same as that of the mis-
matched signal, but is 180° out of phase from this parasitic signal. As a
result, the parasitic leakage signal will be compensated for by the input
signal sample, and the circulator will have higher isolation.

FIRST
COUPLING  [—<Port 1
ELEMENT

VARIABLE
PHASE SHIFTER
FOURTH

PHASE || coupLING
COMPARATOR ELEMENT

THIRD
COUPLING +| COMBINER |<—| VARIABLE |

ELEMENT ATTENUATOR

Port 2 CIRCULATOR

AMPLITUDE
COMPENSATION | . [ seconp

BLOCK COUPLING [ Port 3
ELEMENT

Figure 12.10. High isolation circulator with compensation network.
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12.6. NONFERRITE NONRECIPROCAL DEVICES

The common ferrite nonreciprocal devices are not capable of insuring
small losses in a wide frequency band or providing high isolation when
they are connected to real mismatched loads.

Emerging new principles and technologies offer the possibility of fab-
ricating of nonreciprocal devices without using ferrites. Several designs
utilizing an active circulator have been described in [17-19].

Figure 12.11 shows a nonferrite four-port circuit that realizes a nonre-
ciprocal transmission of FM signals [20]. This device includes several (k)
tracking filters (1). The input of each filter is connected to a correspond-
ing output of frequency modulator (3) through a delay line (2) of the mod-
ulating signal. The other delay lines (4) are connected between each pair
of consecutive tracking filters to introduce a delay in the RF signal. Some
of the RF delay lines (4) are followed by the leads which act as the out-
puts (6, 7, 8) for the device. An FM signal going into the input port (5)
passes through the chain of alternating filters and RF delay lines before
getting the port (6). The modulating signal originating in the frequency
modulator (3) passes through the delay lines (2). The parameters of each
delay line are set to ensure that the modulating signal is in-phase with the
RF signal arriving at the input of the corresponding tracking filter when
the signal flows in the forward direction (marked by the arrow). With such
a setting all filters between input (5) and output (6) are tracking in phase,
and the signal passes through to the output (6) with minimal losses. The
same happens with signals propagating from 6 to 7 and from 7 to 8.

The RF signal does not pass in the reverse direction because of the
mismatch between the modulating and RF signals increasing along the
chain. The calculations assuming that the bandwidth of each tracking fil-
ter is 4 times greater than the frequency of modulation and that the devia-
tion of the FM signal is 20 times greater than the side bandwidth have
revealed that for the chain of six tracking filter-delay line pairs, the isola-
tion will be exceed 65 to 80 dB. The isolation can be further increased by
increasing the number of tracking filters in the chain and by increasing the
ratio of frequency deviation to the bandwidth of the filters. To ensure full
isolation between ports (for example, between ports 5 and 7) a delay equal
to half the period of modulation is introduced between the RF signal at the
output (6) and the first tracking filter of the next chain (6-7). Besides the
mentioned isolation property, the described nonreciprocal device also pro-
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# input/output

5
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Figure 12.11. Four-port non-reciprocal circuit with tracking filters: (1) tracking filter, (2) delay line
for modulating signal; (3) frequency modulator; (4) delay line for RF FM signal.

vides a high phase selectivity of FM signals against the background of
various interference.
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CHAPTER 13

Microwave Integrated
Subassemblies

RF and microwave passive and active components form different sub-
systems and systems. In this chapter we will consider several examples of
microwave integrated subassemblies using passive components and con-
trol devices that have been described in this book.

13.1. L-BAND MULTIFUNCTIONAL TRANSMIT/RECEIVE
MODULE

A schematic view of a multifunctional TX/RCV module is presented in
Figure 13.1(a). An L-band transmitter and receiver are connected to a sin-
gle antenna through an LPF. This network provides three different modes:
transmit mode, receive mode, and self-test mode.

During the transmit mode, the switch should have sufficient isolation
in the receiver port to protect the receiver front end from damage. There-
fore, switch diodes D1, D2, and D4 [see Figure 13.1(a)] become forward-
biased (low-impedance state). The series PIN diode D1 appears as a low
impedance to the transmitter signal heading towards the antenna, and the
shunt diodes D2 and D4 effectively short the antenna terminal of the
receiver to prevent overloading. The insertion loss of the transmitter and

305
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Figure 13.1. Multifunctional RF transmit/receive module (used in Rockwell Collins DME system):
schematic (a); PCB top side (b); PCB bottom side (c).

isolation of the receiver depend on the diode resistance (see Chapter 10).
The quarter-wavelength section [see Figure 13.1(a)] transforms the short
circuit formed by the shunt diode D2 into an open circuit at the common
junction J1. In order to protect the receiver from high power, high trans-
mitter isolation is required, but in the receiver mode, such high isolation is
not necessary.

In receive mode, the PIN diodes D1, D2, and D4 become reverse
biased and present high impedances, which create isolation of the trans-
mitter from the antenna and low insertion loss between the common
antenna and receiver. The OFF transmitter is isolated from the common
antenna by the high capacitive reactance of the series diode D1. To mini-
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mize insertion loss on the receiver port, the distance from the series diode
D1 to the common junction should be at an absolute minimum.

The limiter diode D2 and Schottky detector diode D3 provide the lim-
iter function for strong parasitic outside signals during receive mode. This
quasi-active limiter (see Chapter 10) uses the Schottky detector diode D3,
which supplies dc current to the limiter diode. These two diodes are RF-
isolated from each other, but they are dc coupled by the high impedance
transmission line. The limiter diode D2 is turned on primarily by the
external bias current from the Schottky detector diode D3, which is sensi-
tive to the incident signal. The Schottky detector—driven limiter provides
protection from fast rice or nanosecond-wide pulses with low threshold
and leakage levels.

The self-test mode is realized by a noise source network (noise diode
D5 and drive PIN diode D4) and monitor circuit (Schottky detector diode
D6 and coupled-line directional coupler). In the noise-test mode for test-
ing the RCYV, drive PIN diode D4 is forward biased, while the noise diode
is pulsed at the voltage required to generate noise for testing the receiver.
As a result, the noise signal is generated by diode D5 coupled through
diode D4 and applied to the receiver. The possible failure situation when
diode D1 and (or) diode D2 are opened should be controlled by the power

TABLE 13.1. Experimental Characteristics of the
Multifunctional Transmit/Receive Module

TX Mode RCV Mode

Isolation | TX Port | Ant. Port Isolation |RCV Port|Ant. Port
Insertion| (TXto | Return | Return |Insertion|(RCV to| Return | Return
Freq. Loss RCV) Loss Loss Loss TX) Loss Loss
(MHz) | (dB) (dB) (dB) (dB) (dB) (dB) (dB) (dB)

962 — — — — 11 12.3 19.1 24.6

1025 0.85 48.8 21.6 22.6 — — — —

1090 0.8 51.1 29.1 34.2 1.3 11.9 16.7 16.9

1150 0.8 43.8 20.4 20.3 — — — —

1213 — — — — 13 116 242 214
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monitor during transmit mode. Therefore, the self-test mode is realized by
a combination of noise-injection and monitoring of output transmitter
power.

Figure 13.1(b, c) illustrates PCB of the multifunctional TX/RCV
module using microstrip line with 10-mil dielectric thickness. Experi-
mental characteristics of this subassembly versus frequency are listed in
Table 13.1.

The LPF uses series high-impedance SS inductive elements and low-
impedance shunt microstrip capacitive elements [1] (see Chapter 9). The
11-section LPF provides low insertion loss at 0.3 dB in the passband and
high rejection for the harmonics of the transmitter to help in preventing
interference to the equipment (second harmonic attenuation is greater
than 70 dB).

13.2. ELECTRICALLY TUNABLE L-BAND PRESELECTOR

The electrically tunable preselector [2—-4] is a key element in the receivers
of communication, avionics, and radar systems. For example, avionics
distance measurement equipment (DME) requires a very low noise prese-
lector with a tracking filter regime in the 962-1213-MHz frequency
range. The passband of the tunable filter should be at 20 MHz, securing
10 times the reduction of noise and interference. Narrowband RF and
microwave preselectors are required to prevent large off-channel signals
from overdriving the receiver front end. To minimize the receiver input
noise figure, the tunable BPF is separated by an LNA into two filters. The
first two-pole filter before LNA prevents undesirable signals from over-
driving the LNA. The second three-pole filter after LNA provides selec-
tivity against receiver image and spurious frequencies. The three-pole
BPF placed after LNA has a negligible effect on the overall preselector
input noise figure.

To reduce size, loss, and cost, and to improve stopband performance,
the comb-line bandpass filter was used (see Chapter 9 and [4]).

The electrically tunable BPF [Figure 13.2(a)] consists [4] of the SS
resonators, which are grounded at one end, high Q-factor GaAs varactor
diodes, and lumped-element loading capacitors between the other end of
each resonator and the ground plane. SS (see Chapter 2) provides high Q-
factor (Q =500), stability over a wide temperature range and high imped-
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ance range [1]. The tunable BPF was realized with reverse-biased varactor
diodes D,, D,, D,, D,, and D,, which were used as tuning elements to
adjust comb-line BPF at the full frequency range.

Preselector selectivity depends on filter Q-factor. The total quality fac-
tor of the tunable BPF is taken as the combination of the resonator, load-
ing capacitor, and varactor diode Q-factors. For a low-loss L-band comb-
line filter, the Q-factor of varactor diodes is an extremely important
parameter. The Q-factor of the best varactor diodes is lower than that of
the SS resonators and loading capacitors, and it dominated when filter
losses were calculated.

To increase Q, GaAs varactor diodes can be used. GaAs abrupt varac-
tor diodes MA46617 (from “M/A-COM”) with Q = 210 at 1 GHz are used
as variable capacitors. For these diodes, the total capacitance ratio C,,/
C,,;s= 4.4-6.9, where C,, and C,,; are the varactor capacitances at 0 and
45 volts, respectively. Parameters of these diodes (junction capacitance,
capacitance ratio, Q-factor, and breakdown voltage) determine the perfor-
mance of the tuning filter. When the varactor diode bias is changed, the
capacitance of the varactor diode tunes resonant electrical length and the
center frequency of the filter resonator. The tuning voltage for every var-
actor diode is generated by the microprocessor.

For a 25% tuning range, we can use varactor diodes and shunt capaci-
tors C,, C,, C,;, C,, and C.. To allow for biasing, capacitors C,, C,, C,, C,,
and C,, are added [see Figure 13.2(a)]. These capacitors provide an RF
short for the varactors and an open circuit for the biases.

The preselector is based on combination of suspended stripline and
microstrip line. These two transmission lines offer certain advantageous
features with respect to each other [1]. The microstrip design of the LNA
offers advantages regarding heat removal and integration, since a good
ground connection (with minimum reactance) is usually required for such
devices. The LNA consists of a discrete MGA-85563 (from “HP”) [5] and
operates from +3-VDC bias supply and draws a nominal current of
15 mA. The RF layout of the LNA is shown in Figure 13.2(b). All of the
ground pins of the MMIC LNA are connected to the RF ground plane on
the backside of the microstrip line by means of the vias that are placed
near the package terminals. Multiple microstrip vias minimize ground
path inductance.

The inductor L, placed in series with the input of the LNA is all that is
necessary to match the input to the 50Q two-pole BPF output. The dc
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Figure 13.2. Electrically tunable L-band preselector (used in Rockwell Collins DME system): sche-
matic view (a); top and bottom PCB view (b); side view (c).

blocking capacitor C,, is used at the output of the MMIC to isolate the
device from three-pole BPF.

The input/output network provides transition from the microstrip line
LNA to the SS BPF. For low-frequency application (f < 1 GHz), the
straight connection between microstrip and SS can be used. This connec-
tion includes the step between center conductors of two lines and ground
plane step to provide 50Q impedance for both lines. For higher-frequency
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applications, the special transition between these two lines [1] can be
used.

The preselector (Figure 13.2) was fabricated on 10-mil dielectric sub-
strate TLE-95 (from “Taconic”). The PCB was suspended over a silver-
plated aluminum machined housing. The depth of the housing and cover
was 0.200 in. Two parallel internal walls prevent RF leakage from the
input to the output of the preselector and improve isolation from the out-
put to the input. The total dimensions of the preselector are 5.000 in. x
2.000 in. x 0.500 in. The layout of the preselector is shown in Figure
13.2(b). Figure 13.3 illustrates the frequency response of the tunable pre-
selector for various varactor tuning voltages. As the filter tunes from 962

TABLE 13.2. Experimental Characteristics of the L-Band Preselector

Frequency 3-dB BW Input Return Loss Input Noise Figure Gain

(MHz) (MHz) (dB) (dB) (dB)
962 18.1 23.7 4.6 4.5
1090 20.8 20.6 3.8 6.0

1213 244 26.3 4.0 7.0
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MHz to 1213 MHz, 3-dB bandwidth varies from 18.1 to 24.4 MHz. Table
13.2 summarizes the performance of the preselector in Figure 13.2.

The preselector input matching is good with a return loss of better than
—18 dB; the total preselector gain is around 4.5 dB. The increase in prese-
lector insertion loss at the low end of the tuning range is due to the
decrease in the electrical length of the SS resonators and as a result of the
decreased resonator quality factor.

13.3. SWITCHABLE BALANCED AMPLIFIER

The balanced amplifier is normally used where it is important to present
good noise performance, input match, and high output power. This ampli-
fier requires at least one divider and one combiner. The input splitter
divides the input power equally between two output ports. The output
combiner recombines the output signals from amplifiers or other devices.

Disadvantages of existing balanced amplifiers include low reliability,
low efficiency, average power limitation, moderate bandwidth, and high
distortion if one of the amplifiers fails. The combiner output power is
reduced further as the power from the remaining operational (active)
amplifier is divided between the isolation resistor and the output port. In
this case, the output power of the conventional network drops not by 3 dB,
but by 6 dB. Half of the output power of the still-functioning amplifier
will be dissipated in the isolation resistor. The average power handling
capability of the conventional Wilkinson power divider depends upon the
average power rating of the isolation resistor (see Chapter 8). This condi-
tion alone drives the need for an isolation resistor with power-handling
capacity of at least one-half of the maximum output of a single amplifier.
This results in excessive heat dissipation in the isolation resistor, limiting
power capabilities, especially in high-power applications.

Higher-power resistors have a larger surface area and greater parasitic
capacitance between resistor and ground plane. The required tuning cir-
cuitry for compensation of this parasitic capacitance is sometimes limited
in bandwidth. The cost of a high-power resistor and its installation with a
heat sink may be high.

During the failure mode, the reflected signal from the failed amplifier
creates mismatching of the driver amplifier (before balanced amplifier)
because half the reflection power will appear at the driver amplifier out-
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Figure 13.4. High efficiency balanced amplifier: full power mode (a); failure mode (b).

put. In the event of an N-way power combiner, when a failed state occurs
in M power amplifiers, the efficiency of the combiner is 7= (1 — M/N). As
the number M of the failed amplifiers is increased, the efficiency is
decreased.

There are generally known configurations with a plurality of low-
power amplifiers in order to maximize efficiency when some amplifiers
have failed [6-8]. In these amplifiers, as the number of nonoperative
channels increases, additional degradation of the impedance matching
among the operative channels is inevitable; as a result, the divider/com-
biner characteristics will suffer accordingly.

Figure 13.4(a) illustrates a novel high-efficiency balanced amplifier [9],
which includes the Wilkinson power divider and two SPDT switches: SW1
and SW2. During the full-power operating mode, switches SW1 and SW2
electrically connect amplifiers, AMP1 and AMP2, to the power divider.
Besides, during this mode, switches SW3 and SW4 electrically connect the
power combiner’s inputs to the isolating resistor R2, while SW5 still con-
nects the quarter-wavelength lines to the output of the combiner.

Now consider the failure mode [Figure 13.4(b)] separately at the input
and output sides of the balanced amplifier.

* Input side: Switch SW1 (or SW2) connects additional resistor R3 to
one power divider output. The value of the grounded resistor R3
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should be equal to the impedance of the divider outputs. Monitors 1
and 2 represent monitoring the output power of both amplifiers AMP1
and AMP2 and provide driver signals for switches SW1 and SW2. In
the event that output power of the amplifier AMP1 drops [see Figure
13.4(b)], monitor 1 fixes minimum (or zero) power, and the control
circuit forms a driver signal for switching switch SW1 to provide a
connection between the divider top output and resistor R3, as well as
the disconnection of this output from the AMPL1.

At the same time, the control circuit in monitor 2 provides a driver
signal to SW2 to connect the divider second output to AMP2 and dis-
connect of this output from the grounded resistor R3. Therefore, bal-
anced amplifier input power is divided equally between the active
amplifier AMP2 and grounded resistor R3. The input power of AMP2
will be the same as in the full-power operating mode. Reflected signal
from the failed amplifier does not appear at the balanced amplifier
input because the failed amplifier channel is removed from operation.

» Output side: Monitor 1 forms a driver signal to provide opened switch
position for switches SW3 and SW4 (R2 is disconnected at both
sides). Switch SW5 disconnects the top quarter-wavelength line from
the combiner’s top output. As a result, maximum power from the
active AMP2 will be at the output terminal of the balanced amplifier in
contrast to the conventional balanced amplifier with an additional 3-
dB loss of active amplifier power. The analog procedure of switching
operation takes place only if amplifier AMP?2 fails.

The novel switchable balanced amplifier provides a greater average
power rating and high efficiency and can be realized with low-power
isolating resistors with low cost, small size, and lower parasitic capac-
itance.

13.4. HIGH-ACCURACY HIGH-POWER WHISPER/SHOUT
ATTENUATOR

This section describes novel attenuators for aircraft traffic alert and colli-
sion avoidance systems (TCAS). On aircraft, a small four-element TCAS
antenna array capable of four directional beams is typically used. The
four directional beams provide some, but not sufficient, segregation in
space. For further segregation, a process called whisper/shout is used.
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Whisper/shout essentially varies TCAS transmitter power levels and cor-
respondingly varies the TCAS receiver threshold level to segregate
responding transponders in relation to the distance from the protected air-
craft. A TCAS whisper/shout step attenuator is required to attenuate a
1.03-GHz transmitted signal in excess of 1-kW peak power, monotoni-
cally from 0 dB to 31 dB in 1.0 +/-0.5-dB increments.

A common step attenuator has a number of individual attenuators, or
attenuator cells, selectively connected in series. Each attenuator cell atten-
uates an input signal by a predetermined value, which is typically mea-
sured in decibels (see Chapter 10). A step attenuator may be designed to
include n attenuator cells having attenuation values of 2* (dB), where k =
0, 1, 2, ..., n. An individual switch pair is provided for each attenuator
cell. By opening and closing the switches, it is possible to select any given
value of attenuation up to the sum of the attenuation of all of the attenua-
tor cells.

Figure 13.5(a) shows a high-power step attenuator [10], which con-
sists of five single-step attenuator cells of increasing levels of attenuation.
Each cell includes a high power T- or 7-resistive network that is selected
to provide the desired attenuation and to equalize the input/output imped-
ance of the attenuator cell with the input/output impedance of the step
attenuator. Each single-step attenuator cell consists of a pair of SPDT PIN
diode switches. These switches are directed at input signal either through
an attenuator cell or through a bypass line (reference pass), which
bypasses the attenuator cell. It is possible to select any given value of
attenuation between 0 dB and 31 dB (in 1-dB steps) as desired.

One problem with a step attenuator is that significant losses are
incurred in the switches and transmission lines even when the input signal
does not pass through the attenuator cells. To resolve this problem,
another type of step attenuator has been developed, shown in Figure
13.5(b), which includes a common bypass line 1. When attenuation is
desired, switches are positioned as shown in Figure 13.5(b) to direct the
input signal through the attenuator cells. When no attenuation is desired,
switches 3 and 4 are positioned to direct the input signal through the com-
mon bypass line 1. This arrangement reduces the insertion losses because
the nonattenuated input signal does not pass through all of the switches
and attenuator cells.

However, such an arrangement does not address step error, which is
also present in known step attenuators. Step error occurs when the differ-
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Figure 13.5. Step attenuator block diagram: with five attenuator cells (a); with five attenuator cells
and common bypass line (b); with short, long, and common path (c).

ence between two attenuation levels is too small to differentiate between
the levels. For instance, if the step error between attenuation levels 1 dB
apart is more than +/-0.5 dB, it will be difficult to tell which attenuation
level is desired. To minimize the 1-dB step error to less than +/-0.5 dB,
the bypass line 1 [Figure 13.5(b)] should be insulated from the line having
the attenuator cells to a level of at least 70 dB. This may be accomplished
by including a multiple diode switch (see Chapter 10 and [11-13]). How-
ever, the multiple diode network requires more area and increases the
insertion losses in the attenuation such that the insertion loss through the
switches is greater than 1.5 dB. Therefore, the first 1-dB step is difficult to
attain.

Figure 13.5(c) illustrates the novel whisper/shout attenuator network
[14]. This step attenuator has a long path and short pass in parallel with
each other and also a common path. A plurality of attenuation cells of 2
dB, 4 dB, and 8 dB are disposed in series between long-path input switch
1 and long-path output switch 2. Each attenuator cell has an attenuator
cell input switch 3 and an attenuator cell output switch 4 (see Chapter 10).
An attenuator cell bypass switch 5 is disposed along the attenuator cell
bypass line and permits the signal to selectivity bypass the attenuator cell
with which it is associated. The short path includes SPST switch 6. The
common path includes a plurality of attenuator cells (1 dB, 16 dB) con-
nected in series with each other. In this attenuator, the signal may be atten-
uated from 0 to 31 dB in 1-dB steps with good accuracy.
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Because attenuator cells providing 1 dB and 16 dB of attenuation are
disposed within a common path, isolation requirements between the long
and short paths are reduced at 17 dB when compared with the conven-
tional step attenuator shown in Figure 13.5(b). This permits size reduction
and simplified construction. Furthermore, the short path SPST switch 6
can be realized with less isolation than isolation of switches that are used
in the conventional step attenuator [Figure 13.5(b)]. For the step attenua-
tor [Figure 13.5(c)], isolation between the short path and the long path
should be 50 to 55 dB. This isolation level can be realized by a two-diode
switch (see Chapter 10) in the short-path network.

The miniature microstrip L-band step attenuator requires a substrate
having a high dielectric constant and a minimum thickness. Parasitic
capacitances between the pads of the electronic components (such as
diodes, capacitors, resistors, and the like) and the ground plane are a point
of concern when using microstrip attenuators. Such parasitic capacitances
cause additional losses, narrow the band of available frequencies, and
require high manufacturing tolerances. To eliminate these problem, the
pads of electronic components have no underlying ground. Alternately,
the grounded housing should be far from the printed circuit board. The
reduction in parasitic capacitance also reduces the need for additional tun-
ing and matching elements.

A 1-GHz high-power precision step attenuator (Figure 13.6) has been
built according to the block diagram of Figure 13.5(c). The microstrip
1-GHz step attenuator provides pulse power at 1.6 kW and attenuation in
1-dB steps with an increment error of +/-0.35 dB and a minimum inser-
tion loss of 1.1 dB.

13.5. C-BAND MULTICHANNEL RECEIVER

Figure 13.7 illustrates the PCB of a three-channel C-band receiver for an
avionics microwave landing system (MLS). Three antenna inputs are con-
nected to three bandpass filters and switches. A common junction of three
switch outputs is connected to a directional coupler for coupling with
noise source for receiver self-test. A common preselector includes two-
stage LNA, limiter/AGC and BPF. When one antenna channel is opened,
the shunt PIN diode of this channel is reverse biased so that the received
signal is applied to the front-end circuits. At the same time two other PIN
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3

Figure 13.6. L-band step attenuator ASSY (used in Rockwell Collins TCAS).

diodes are forward biased. This allows a signal from only one antenna to
be used.

The C-band subassembly utilizes a combination of low-loss SS to
minimize input N.F. and a microstrip line to minimize size. BPF1, BPF2,
BPF3, SW1, SW2, and SW3 utilize SS. All front-end circuitry is assem-
bled in a microwave cavity. LNAL1, AGC/Limiter, LNA2, BPF4, mixer,
and self-test network (STN) are based on microstrip line. The three identi-
cal suspended stripline filters BPF1, BPF2, and BPF3 protect the receiver

input 1

Figure 13.7. C-band receiver ASSY (used in Rockwell Collins MLS).
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from strong prasitic signals. The fourth microstrip filter, BPF4, between
LNA2 and mixer, provides additional protection from parasitic signals.
All wiggly coupled-line BPFs have excellent attenuation of the second
harmonic (see Chapter 9).

The antenna single-pole, three-throw switch includes three shunt PIN
diodes connected through quarter-wavelength suspended striplines to a
common junction (see Chapter 10). The AGC/Limiter network is used to
protect the LNA2 and mixer from extraneous high-power input signals.
The quasi-active limiter (see Chapter 10) includes a limiter diode and a
Schottky detector diode. This module provides input N.F. less than 2.5
dB, isolation between receiver channels greater than 25 dB, and input
return loss better than —15 dB.

13.6. SINGLE ANTENNA RADIO ALTIMETER TX/RCV

Well-known frequency modulated continuous wave (FM-CW) radio
altimeters use two antennas: one as a transmitter and the second as a
receiver. Two-antenna FM-CW radio altimeters have several disadvan-
tages that may be eliminated with a single antenna system.

The novel single antenna FM radio altimeter [15] includes a transmit-
ter for generating a continuous wave signal with a constant FM modula-
tion period below a critical altitude and an interrupted continuous wave
signal with a variable FM modulation period above a critical altitude.

Figure 13.8 illustrates an RF TX/RCV block [15] of the single antenna
radio altimeter. The single TX/RCV antenna is connected through an LPF
and a ferrite circulator to the transmitter and receiver. The circulator pro-
vides coupling of the transmitter and receiver to the common antenna and
isolation between the transmitter and receiver. The subassembly in Figure
13.8 was designed using a combination of microstrip and suspended strip-
line. The transition between the SS and microstrip line is described in [1].

FM signal with 0.5W CW power passes through the directional cou-
pler, circulator, and LPF to the single TX/RCV antenna. The microstrip
directional coupler with 15-dB coupling provides LO power for a mixer.
A drop-in circulator (from “REC”) provides 20-dB isolation between the
TX and the RCV networks. The LPF, using a combination of microstrip
and suspended stripline (see Chapter 9 and [1]), has less than 0.2-dB
insertion loss and greater than 35-dB attenuation for the second harmonic.
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Figure 13.8. Single antenna radio altimeter transmitter/receiver block.

The LO signal passes through the microstrip wiggly BPF and SPST
switch, which switches on the LO power during the CW mode and during
the ICW mode in the receiving half-period. The double-balanced mixer
ALY-4 (from “Mini-Circuits”) has electrical performance optimized over
the altimeter frequency range with a low-conversion loss of 5.7 dB.

In the receiver network, the SS BPF [1] shows the following electrical
characteristics: the insertion losses are less than 0.4 dB and the second
harmonic attenuation is greater than 60 dB. The receiver LNA provides
0.8-dB input N.F. and 20-dB gain.

This TX/RCV block, with a combination of SS and microstrip ele-
ments, is effective for simultaneously providing frequency selectivity, low
transmitter losses, low noise figures, and small dimensions.
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CHAPTER 14

Design and Fabrication
Technology

The RF and microwave design field is inherently exciting because of its
combination of art, science, and intuition [1]. The designer has to have
knowledge in different areas such as electronics, physics, mathematics,
technology, and mechanical processes.

The main goals of integrated circuit design are to achieve the right
level of integration and good electrical performance and provide cost-
effective solutions. Module design permits us to confine all RF elements
and devices within an enclosed module to ease integration and manufac-
turing requirements. By integrating more than one element in one module,
assemblies are produced that exhibit superior microwave performance in a
reduced package size at a lower-system cost than a collection of discrete
elements. Better performance is the result of eliminating excess line
lengths, some connectors, and multiple mismatches.

14.1. RF/MICROWAVE PACKAGES
The main functions of the packages are mechanical support, protection

from the environment, power and signal distribution, and thermal stabili-
zation. The simplest two-layer design is the stripline package. There are

323
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different types of stripline packages [3]: sandwich package, channelized
chassis, box and cover, and caseless package. The caseless stripline pack-
age (no chassis) is useful when drop-in components are to be used. The
package is assembled by placing the ground-plane laminates together
with the thin dielectric material between them. In this case, the unit is not
reparable. There are different types of RF/microwave packages: metal
package, ceramic package, plastic package, and multilayer package.

14.1.1. Metal Packages

The main purposes of the metal package are to provide mechanical
strength, electric shielding, germetization, and heat sinking in the case of
high-power applications. The packages have to protect the internal circuit
from moisture and humidity, dust, salt spray, and so forth. In order to pro-
tect the circuit, certain methods of sealing can be used: conductive epoxy,
solder, gasket material, or metallization tape.

For microwave applications, the factors critical in housing design are:
low cost, light weight, vibration and temperature cycling, resistance to
shock, and low loss. Usually, microwave modules consist of microelec-
tronics circuits inside a hermetically sealed metal package. One of the
main considerations in choosing the right housing material is the coeffi-
cient of thermal expansion (CTE). The housing CTE must be closed to the
CTE of the MIC substrate material. Table 14.1 shows CTEs for different
housing materials. Conventional thermal dissipation materials such as
aluminum and copper have CTE values much higher than the MIC sub-
strate material.

The coefficient of thermal expansion of Kovar (an iron-nickel-cobalt
alloy) is very close to that of ceramic [(6-7) x 107°/°C]. However, this
material is extremely heavy and has poor thermal conductivity. In this
case, a two-piece base design is a reasonable solution. For example, an
aluminum housing, offering light weight, low cost, and good thermal con-
ductivity, can be used with Kovar carrier (base) to compensate for the
CTE mismatch between the substrate and the housing. The surface of the
aluminum housing is silver plated for high conductivity and protection
from oxidation. Silver-plating the housing cuts the loss by up to 10%.

For microstrip circuits, the radiated power is carried by the surface
waves and radiation waves. For the shielded microstrip circuit (Table 2.1)
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TABLE 14.1. Characteristics of Different Housing Materials

Housing Material

Characteristics Al Cu Kovar
CTE x 10°/°C 22.9 16.5 4.4-52
Density (gm/cm®) 2.7 8.96 8.2
Thermal resistivity 0.46 0.25 5.94
(°C — cm/W)

Electrical resistivity 21x10°  1.72x10° (4.5-85)x10°
(Q-cm)

these waves change into the higher-order modes. Fitting a microstrip cir-
cuit into a housing may be looked upon as a dielectrically loaded cavity
resonator [see Figure 14.1(a)] with the following inner dimensions: a is
the width, | is the length, and H is the housing height [2]. These dimen-
sions should be selected in a way such that the waveguide modes are
below cutoff.

In this shielded microstrip line, longitudinal parasitic waveguide
modes can exist. The wavelength of the parasitic mode is

N[

1_[hj5;1_£2\ '[Az():jz

&

A=A, , (14.1)

H

where g, is the dielectric constant of substrate material, €, is the dielectric
constant of the medium above the substrate, and N is a positive integer.
A resonance can occur if the length of the resonator is

1= MA (14.2)
2
where M is a positive integer.
From (14.1) and (14.2), for €, = 1 (air between substrate and cover),
we obtain the following
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M , %NY (14.3)

where

From (14.3) we have

(30T

The parasitic modes appear in this resonator if

(, 1)
g R (14.4)
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2 2 2
(4]
2 | a
From (14.4) it is possible to obtain the condition of absence of para-
sitic modes:

where

R-1<0; R<1

or

N GEGIN

or
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A<Az— 2 (14.6)

2 2
()
I a
Equation (14.6) is known as the condition for wave propagation in a
waveguide with dimensions | x a. In this case, it can also be considered
the condition for the absence of parasitic modes in a waveguide of cross-
section a x H or | x H. If (14.6) is not satisfied, parasitic modes can arise,
and the height H must be chosen to suppress these modes. Figure 14.1(b)
illustrates the resulting graphs of unfavorable H versus A, for housing
dimensions of a = 24 mm, | = 30 mm, and dielectric substrate with a
dielectric constant of 9.8 and THK of 0.5 mm. The narrower the MIC

channel, the higher the cutoff frequency of waveguide modes. The top
cover and walls essentially redistribute the field of the more theoretical

a
5.0 a=24 mm
[, /=30 mm
£ 4.0 %7, h=0.5mm
I 30
%ol |zl
‘T 2.0 2:2 |\1:2
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M:N=1:1
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Wavelength (A)—mm

b

Figure 14.1. Selection of housing dimensions: housing with microstrip circuit (a); unfavorable hous-
ing height vs. wavelength and different parasitic modes (b).
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microstrip and understandably have an influence on the effective dielec-
tric constant (Figure 2.3) and characteristic impedance (Figure 2.5).

There are other known ways of reducing the effect of the housing on
the characteristics of MIC. For example, RF absorption material can be
placed on the inside surface of the cover plate in order to suppress the
high modes. Another approach is using a metal diaphragm, which is
attached to the top cover of the housing.

Suspended stripline structures are generally housed in a metallic box
in order to provide isolation from other elements. The metallic box has to
have a groove to suspend the dielectric substrate. The dimensions of the
housing must be chosen so as to avoid propagation of undesired
waveguide modes.

14.1.2. Ceramic Packages

Ceramic packages provide low weight, low cost, reduced waveguide box
resonance, and can easily integrate signal lines and vias. The package of
ceramic construction is based on a metallized alumina substrate, ceramic
cover, and sealed with an epoxy preform. The thermal coefficient of
expansion of all materials is closely matched to minimize thermal
stresses. In a multilayer ceramic package, on each layer passive compo-
nents are deposited, and via holes for interlayer interconnects are drilled
or punched.

14.1.3. Plastic Packages

Plastic packages have been widely used because of their low manufactur-
ing cost. Plastic packages are not hermetic and are also susceptible to
cracking during temperature cycling in humid environments. The imple-
mentation of plastic packages reduces the overall cost and weight com-
pared to a hermetically sealed ceramic package. Metal-injection molding
involves mixing metal powders and binders and then injection molding to
the desired shape. Then, the binders are removed and the housing is sin-
tered at temperatures close to 1,000°C to produce a solid single-piece
structure. Plastic packages are used to house predominantly low-
frequency (typically below 2 GHz) devices. The typical injection-molded
plastic package process is described in [4, 5].
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14.2. THREE-DIMENSIONAL DESIGN

High-density RF and microwave modules can be fabricated in a three-
dimensional configuration [6-8]. Such a configuration can consist of vari-
ous combinations of multilayer, horizontal-vertical, and flexible struc-
tures. Three-dimensional structures provide the freedom to design in all
axes. A typical three-dimensional configuration includes a multilayer
structure combined with vertical passive elements, vias, transitions, con-
nectors, coupling elements, shielding metal walls, and so forth.

14.2.1. Horizontal-Vertical Configuration

Examples of horizontal-vertical design are described in Chapter 12 (Fig-
ure 12.7) and [6]. High density interconnections between different layers
of a multilayer structure can be obtained by building flexible printed cir-
cuits. Flexible circuits are based on polyamide Kapton (&= 3.45, tand =
0.002), polyester Mylar (&= 3.35, tand = 0.0115),” and epoxy substrates.
Dielectric flexible substrate must be thin (0.5-2 mil). Flexible circuits are
available in three basic types: single layer, double layer, and multilayer. It
is sometimes necessary to add a section of rigid board material to a flexi-
ble circuit to stiffen the flex.

14.2.2. Multilayer Structures

Multilayer techniques are used for microwave and RF integrated circuits
to significantly increase the density of modules, reduce weight, improve
reliability, and reduce system cost. The other reason for employing multi-
layer configuration is that several circuit functions are difficult to realize
in a single-layer planar structure, for example, baluns and tight coupling
directional couplers (see Chapter 7). Multilayer configuration also pro-
vides integration of RF, analog, digital circuitry, and printed antennas in
single modules.

Traditional designs use separate digital and RF subassemblies with
special connections (cables, connectors, feed-through filters, and so
forth). The modern multilayer boards can incorporate both RF and periph-

*Kapton and Mylar are registered trademarks of DuPont.
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eral components such as a digital board. For example, PTFE material
inserts for circuits integrated into an RF-4 multilayer PCB for low fre-
guency and digital circuits.

There are two different design approaches for transition between lay-
ers: electromagnetic coupling and direct contact. For the stripline, print
ground planes can provide decoupling or shielding between different lay-
ers. Interconnections between layers can be achieved with plated through
holes or vias, which provide vertical electrical signal connections. The via
[Figure 4.7(a)] is used in series with the signal line when changing layers.
This design is effective in that it is a low inductance connection. Unlike
traditional transmission lines, vias do not have ground planes to support
well-guided electromagnetic waves. A method for modeling and analyz-
ing vias in multilayer integrated circuits is presented in [7].

Via holes are formed by laser drilling, followed by metallization and
via fillets. To produce a plated via hole, a hole must have good sidewall
texture and surface roughness, via placement accuracy, repeatability, and
via hole size. The diameter of a plated-through-hole should be approxi-
mately five times greater than the board thickness [9]. Such a diameter is
large enough to allow for reliable plated-through metallization, but is still
smaller than the width of the connecting line. The smallest via diameter
that can be laser drilled and reliably plated through is at least 0.01 in. in
diameter. Therefore, the strip width should be no less than 0.012 in. A via
hole exhibits increasing radiation due to the increased electrical length of
the via at high frequencies.

Instead of via holes, a slot in the ground plane can act as the connec-
tion between layers. This practice eliminates the need for ohmic contact,
which is sometimes difficult to ensure.

The air-bridge structure is used in MICs to bridge a signal over to
other conductors, like, for example, in the spiral inductors [see Figure
4.2(9)]. The values of width W, span |;, thickness hg, and height h,; have
been determined as a compromise between electrical and mechanical
requirements. With the thickness of two to three microns, the air bridges
must not be damaged during handling.

In the multilayer construction, dielectric-substrate characteristics are
very important. The most critical parameter is the Z-axis coefficient of
thermal expansion (CTE). Higher CTE will limit the total number of lay-
ers that can be stacked in a multilayer assembly. A high Z-axis CTE can
result in poor reliability of plated through-holes in multilayer boards
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thicker than 0.03 in. A material with low CTE minimizes residual stresses
during cladding. Dielectric material RT 6002 with good CTE of 24 ppm/
°C is recommended for multilayer RF boards [10].

Multilayer design is very useful for multichannel dividers and combin-
ers. One version of an N-way divider/combiner was shown in Chapter 8
and [11]. This network utilizes N quarter-wavelength transmission lines.
Isolation between divider N output ports is realized by resistors R, con-
nected between output of transmission lines and common node. This mul-
tichannel network presents a serious packaging problem. In practice, the
devices are difficult to realize in a planar structure when N > 2 as the
resistors to be connected to a floating common node [12] (see Figure
8.17). The N-way planar circuits are subject to signal crossover and cross-
coupling, which adversely affects the isolation and mismatching charac-
teristics. Also, this crossover configuration limits the power-handling
capability of the high-power divider/combiner. The size of this network
increases drastically as the number of ports increases.

To overcome these limits, the multilayer design can be used. Figure
14.2 represents a multilayer three-dimensional design [11]. The input
connection of quarter-wavelength transmission lines and floating com-
mon node are realized by vias in multilayer construction. In Figure 14.2(a,
b) two microstrip dividers are connected back to back. Input 5 is con-
nected to stripline, and outputs 1, 2, 3, and 4 are connected to microstrip
lines. Figure 14.2(c, d) represents a multilayer six-way divider with all
stripline input/outputs with similar connection between layers by vias.
This multilayer three-dimensional design is considerably more compact
than a traditional planar design.

A multilayer structure can be realized by Low Temperature Cofired
Ceramics (LTCC) technology (see Section 14.3.1). LTCC technology is a
low-cost process for fabrication of multilayer ceramic structures with
easy-to-integrate divider circuit components like via holes and thick film
resistors.

In multilayer structures, a combination of different print transmission
lines is possible. For a multilayer design with various transmission-line
types, special transitions between these lines are necessary. These transi-
tions have to provide very low return loss, wide bandwidth, and very high
transmission efficiency. Let us consider useful transition circuits.

Figure 1 of Table 14.2 illustrates a transition between two striplines
using a slot resonator in the common ground plane for coupling. A transi-
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Figure 14.2. Multi-layer divider: 4-way microstrip/stripline divider (a, b); 6-way stripline divider
(c, d).

tion between microstrip line and stripline (Figure 2 of Table 14.2) is also
realized by means of a slot in the common ground plane.

In Figure 3 of Table 14.2, two slotlines, SLL1 and SLL2, are coupled
by a stripline (SL) [13].

Figure 4 of Table 14.2 illustrates the SL-CPW transition [14, 15]. The
center conductors of the two lines and also ground planes are connected
by via holes. The dimensions a and b are chosen for optimum matching.

A transition between SSL and microstrip line ML is shown in Figure 5
of Table 14.2 [16]. The top conductors of the ML and SS are placed on the
same side of a single dielectric substrate and share the same top ground
plane (cover). The bottom conductor of the SS has no connection with the
microstrip bottom ground plane, which is connected with the bottom SS
ground plane (housing). Improvement in bandwidth and size reduction
can be carried out by adjusting the transition-line shape and dimension S
(see Figure 5 of Table 14.2).

Figure 6(a) of Table 14.2 illustrates aperture transition for back-to-
back microstrip lines ML1 and ML2 with a coupling slot printed on the
common ground plane. Total transmission can be reached if the orienta-
tion angle of the slot is properly chosen. The length (l,) of the slot resona-
tor required for transition is between one-fourth and one-third of the
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TABLE 14.2. Different Types of Print Transition Circuits

STRIPLINE (SL) MICROSTRIP (ML) SLOTLINE (SLL) COPLANAR
WAVEGUIDE (CPW)

2 Slot 3

SLL1

STRIPLINE
(St

MICROSTRIP
(ML)

SLOTLINE See #3
(SLL)

14
COPLANAR See #4
WAVEGUIDE
(cPwW)
lcPw

microstrip guide wavelength [17]. The bowtie slot increases the band-
width up to 50% [18]. The opened MLs are extended a certain distance
beyond the slot, so that their extenuation may act as a tuning stub. This
tuning stub can be realized as a radial stub or delta stub to enhance the
transition bandwidth. In addition, its length is reduced as compared with a
rectangular microstrip case.

A transition between two proximity-coupled open-ended MLs in a
double-layer planar structure is shown in Figure 6(b) of Table 14.2. In this
transition, the open-circuited ML1 is printed on the top dielectric sub-
strate and crossed at a right angle by another open-circuited ML2 that is
printed on the bottom substrate. These two lines are extended a certain
distance beyond the cross junction to provide tuning stubs. The coupling
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is maximal when the length of each stub is equal to half the wavelength in
the corresponding line [19]. For this transition, the dielectric constant of
the substrate has a strong effect on coupling.

A transition between a slotline and ML is shown in Figure 7 of Table
14.2 [19-21]. An ML on one side of the substrate and a slotline etched
into the microstrip ground plane have equal characteristic impedances,
cross each other at a right angle, and extend a quarter of the guide wave-
length beyond the crossing point. The ML extends beyond the crossover
and is terminated in an open circuit. Similarly, the slotline extends beyond
the crossover and is terminated in a short circuit. Coupling between two
lines occurs by means of the magnetic field. In the intersection of the two
lines, a short circuit of the ML cancels the field of the ML (E-field that is
perpendicular to the substrate plane), and an open circuit of the slotline
reinforces the field of the slotline (E-field that is tangential to the slot).
This transition works on a bandwidth of 30% or more. To improve band-
width (up to one decade), microstrip and slotline stubs can be realized in
the form of circular geometry of various diameters (see Figure 10 of Table
14.2) [22].

A transition from coplanar waveguide to ML is illustrated in Figure
8(a) of Table 14.2 [23]. Center conductors of the two transmission lines
are continuous, with small width compensation. The ground plane of the
CPW is coupled to the ground plane of the ML by the overlap of the two
ground planes.

An overlay transition between an ML and CPW is shown in Figure
8(b) of Table 14.2 [23, 24]. The coplanar waveguide and ML lie on oppo-
site sides of a single substrate and share the same ground plane. Coupling
between both transmission lines increases with the overlap area, and at the
same time characteristics of the transition become more frequency depen-
dent.

Figure 11 of Table 14.2 shows a transition between slotlines SLL1 and
SLL2 with two opened quarter-wavelength stubs. These stubs are con-
nected in series.

A broad bandwidth transition (more than two octaves) between a
coplanar waveguide and slotline is shown in Figure 12 of Table 14.2 [23].
This transition using a coplanar waveguide radial stub with a diameter of
N4 would give a wider bandwidth. The CPW and slotline are connected
without banding of transmission lines. Therefore, the circuit is simple and
more flexible.
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Figure 14 of Table 14.2 illustrates transition between a coplanar
waveguide and ML. Two series slotline stubs are used.

A transition circuit from a CPW to SLL is shown in Figure 15 of Table
14.2 [18, 23]. The CPW and slotline cross each other at a right angle. In
this uniplanar approach, the CPW extends one quarter-wavelength beyond
the slotline and terminates with an open end, while the slotline extends
one quarter wavelength beyond the CPW and terminates with a short end.
These extensions are used as tuning matching stubs. The slotline charac-
teristic impedance can be chosen to be as high as possible to increase the
bandwidth.

A transition between two coplanar waveguides CPW1 and CPW?2 (see
Figure 16 of Table 14.2) includes two quarter-wavelength open-circuited
slotline stubs connected in parallel [25].

14.3. FABRICATION ASPECTS

Directions of modern microwave technology are smaller sized, lighter
weight, and of increased complexity at a lower cost. As a result, over the
past 30 years, many conventional waveguide and coaxial components
have been replaced by MICs.

RF and MICs can be divided into three categories: hybrid MICs
(HMICs), monolithic MICs (MMICs), and a combination of HMICs with
MMICs (HMMICs).

14.3.1. HMICs

In HMICs, discrete solid-state active devices and passive components are
mounted on a dielectric or ferrite substrate and connected to the passive
circuits and transmission lines, which are deposited on the same substrate.

The high dielectric constant of the substrate can bring down the size of
the module. Alumina (Al,O,, €= 9.6-9.9) is the most popular substrate
material, which provides good low-loss performance. However, in milli-
meter-wave devices, due to fabrication tolerances, the substrate dielectric
constant should be low. Quartz with £= 3.78 is more suitable for high-fre-
guency application (> 20 GHz), because it provides relaxed dimensional
tolerances and a higher Q-factor. AIN and BeO substrates provide excel-
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lent thermal conductivity, but these materials are still a very expensive
alternative. Soft Teflon material with a permittivity of 2 to 10 provides
low cost but poor thermal transfer. Table A.1 of Appendix A describes
characteristics of microwave substrates for HMICs [26, 27].

Passive circuits of HMICs use distributed elements, lumped elements,
or a combination of both. The distributed microwave passive circuits are
fabricated by using two main technological processes: thin film and thick
film. Also, there are several different techniques used to fabricate planar
circuits, which include PCB, LTCC, DBC, and others.

Thick-film technology [28-32] is useful in low-cost manufacture and
has been developed for HMICs operating at frequencies up to about 20
GHz. The thick-film technology includes printing, baking, and trimming
processes. Special pastes are placed on a screen with areas opened for cir-
cuit pattern. Some of the paste is squeezed through these open areas and
paste is transferred onto the substrate. Conductive paste (silver, gold, pal-
ladium-gold, and so forth) is used for conductors, resistive paste is used
for resistors, and dielectric paste is used for capacitors and coupled lines.
Cleaning and drying take place after printing. Then a baking process
returns the material to the solid state. After baking, laser trimming is used
to adjust resistors. To complete the circuits, other passive and active com-
ponents are typically attached by soldering. The most commonly used
dielectric materials are Al,O, (96%), AIN, and BeO (see Appendix A).
Thick-film technology allows a combination of RF and digital functions
on a common alumina substrate.

Thin-film technology [30, 32, 33] involves sputtering a metal (chro-
mium, nickel, and so forth) that has good adhesive performance with sub-
strate to form a thin (approximately 100°-200°A) adhesive layer. The
next step is sputtering a layer of Au having a similar thickness. After this
step is the optical printing. The circuit pattern is formed by using photo-
lithographic techniques. A photoresist for optical printing is exposed to
collimated ultraviolet light. After etching, the photoresist is removed.
Then, a high-conductivity metal is electroplated on to provide the neces-
sary thickness of the metal film of three to five skin depths. The skin
depths vary for different metals and depend on the microwave frequency
(see Appendix B). Finally, gold electroplating provides an environmental
protective layer. A gold-plated surface can weaken a solder joint because
of migration of the gold into the solder connection during solder reflow.
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Pretinning the solderable gold surface prior to assembly can help reduce
the gold migration. The key adhesion factor (metal to dielectric substrate)
is surface roughness. The surface should be polished to roughly an order
of magnitude better than the resistive film thickness. Typical substrate
materials are Al,O, (99.6%), AIN, BeO, and quartz (see Appendix A).

Thin-film technology provides excellent characteristics: minimum
lines and space width (~0.0005 in.) and resistor tolerances (~0.1%). In
comparison with thick-film technology, the thin-film process can achieve
a higher accuracy of print circuit and about 20% less loss. However, the
thin-film process is very expensive, and the dielectric surface must be
extremely smooth for good adhesion.

Printed circuit technology is used to etch the required patterns on the
copper laminated plastic substrates. These plastics of soft substrate, com-
ing under the organic group (see Table A.2 of Appendix A), have low
dielectric constants, are easy to machine (by milling, drilling, and punch-
ing), have low cost and low loss, and are the most commonly used materi-
als for HMICs. The most widely used materials are woven Teflon
fiberglass, microfiber Teflon glass, polyolefin, and so forth, varying in
dielectric constant from 2.2 to 10.5. It is very important to select the cor-
rect dielectric substrate for both electrical and cost considerations.

Dielectric materials are available with copper cladding on one or both
sides of a substrate. The copper cladding is specified in ounces. This
refers to the weight of copper used per square foot of surface. Common
weights are 0.5 0z, 1 0z, and 2 oz, and corresponding copper thickness as
specified being 0.7 mil, 1.4 mil, and 2.8 mil. For the PTFE dielectric
material, the coefficient of thermal expansion is close to that of copper,
and therefore the printed circuit board has good dimensional stability and
plated through-hole reliability.

Two basic types of copper are available for PCBs: electrodeposite
(ED) and rolled annealed (RA) copper. RA copper has higher resistance
to tensile stress and to repeated bending and more conductivity than ED
copper. ED copper provides a rough surface, which is desirable for good
adhesion to the dielectric substrate. For plated-through-hole design, addi-
tional ED copper is plated.

Thinner copper is preferred because it requires less etching, and there-
fore improves width and space tolerances. A tolerance of +/-0.5 mil is
common for 0.5-0z cladding, and a tolerance of +/-1.0 mil is common for
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1-o0z cladding. At the same time, the thinnest metal has to meet other
requirements: losses and power handling (see Chapter 2).

The poor corrosion properties of bare copper make it undesirable for
practical application. Conventional tin-lead plating is quite satisfactory
for lower frequencies in the range of 1 GHz. At higher frequencies, the
skin-effect phenomenon affects the circuit performance. Solder plating is
generally the most popular plating finish. Gold is a very good conductor
and has excellent corrosion resistance. However, when the copper-gold
combination is etched, accelerated etching takes place on copper because
of electromagnetic potentials, resulting in poor edge definition. An addi-
tional nickel barrier between copper and gold ensures gold/copper diffu-
sion.

During the etching process, a chemically resistant mask in the shape of
the desired circuit is applied to the metal. This process forms different
passive elements, transmission lines, and interconnections. Other compo-
nents (resistors, capacitors, inductors, and active elements) are assembled
using soldering techniques or conductive epoxy. Where components are
soldered to the tracks, it is useful to apply a solder mask to prevent the
solder from being drawn away from solder pad areas.

Advantages of the print circuit technology are low cost, low conductor
loss, and simplicity in producing HMICs. Disadvantages are high dielec-
tric loss for frequencies greater than 10 GHz, low thermal conductivity,
large size, and radiation due to the low dielectric constant of the substrate.

The DBC process [34] is used for directly bonding the copper sheet to
the ceramic or ferrite substrate, after which a pattern is formed thereon by
masking and etching. The use of 10-mil-thick solid copper foil provides
lateral as well as vertical heat flow, resulting in a very low thermal resis-
tance. For high-power applications, the substrate selection is very impor-
tant. Aluminum nitride (AIN) and beryllium oxide (BeO) have excellent
thermal conductivities (see Table A.1 of Appendix A). AIN offers several
unique performance features. This material is nontoxic (which reduces the
health risk during all fabrication operations), the thermal conductivity is
more stable and is over five times greater than the more commonly used
alumina (Al,O,), and the coefficient of thermal expansion is more closely
matched to CTEs of Si and GaAs used in solid-state devices. DBC is the
process in which copper foil is eutectically attached to the substrate sur-
face. The result is an extremely strong bond of the high-conductivity cop-
per to the substrate. The DBC film has nearly twice the adhesive strength
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of the thick-film material. Using DBC, the copper foil can easily be
extended beyond the edge of the substrate to form copper tabs necessary
for the drop-in devices [34]. On the other hand, the patterning accuracy of
a DBC film is somewhat inferior to thin and thick films. Also, the cost of
parts manufactured through DBC is relatively high. In general, the combi-
nation of DBC and thick-film technology offers a designer a wide range
of choices for optimizing the characteristics of HMICs.

LTCC technology is a low-cost multilayer ceramic process for fabri-
cating high-performance RF and microwave components. The main
stages of this process are next [35, 36]. The ceramic layers are cut into the
correct size sheets. Via holes and cavities for connections between layers
are then punched or drilled into the different tale layers. The via holes are
filled with metal paste such as silver or copper, and then thick-film pro-
cessing is used to print metallization patterns. Conductive, dielectric, and
resistive pastes are applied on each ceramic sheet. The numerous sheets
are then inspected, assembled and laminated together and cofired at
around +850°C. There is only a single firing operation, reducing produc-
tion time and cost. The process flow for LTCC allows for the simulta-
neous processing of individual layers to reduce cost and increase yield.
Many passive components are built as distributed elements. The remain-
ing lumped-element components and I1C are mounted on top of the LTCC
module substrate. This configuration allows the manufacture of multi-
functional modules which combine active and passive integration.

The resulting design is a high-density hermetic multilayer structure
that can be readily surface mounted. LTCC uses ceramics substrates based
on glass compositions similar to those used in thick-film dielectrics (96%
alumina; see Appendix A). LTCC offers many advantages for achieving
improved reliability, temperature performance, and higher packaging den-
sities in RF/microwave and digital integrated circuits. The disadvantage
of the LTCC technology is that tape shrinkage of between 12% and 16%
occurs in the X- and Y-axes and slightly more in the Z-axis during the fir-
ing process.

14.3.2. MMICs

MMICs are fabricated using a high-volume semiconductor technique. In
MMICs active and passive devices are grown and deposited on common
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semi-insulating substrate. Such circuits are produced by the processes of
epitaxial growth, ion implantation, masked impurity diffusion, oxide
growth, and oxide etching.

MMICs offer benefits of small size, low weight, broader bandwidth
than hybrid circuits, and high reliability [37-39]. Monolithic technology
can be cost-effective only in case of large volume system requirements.
Disadvantages of MMICs are their expense in small quantities (below
several hundred), difficult adjustment, limited heat dissipation, inherent
resistive losses, and low yield because processing steps and tolerances are
very tight.

The base materials generally used in MMICs are high-resistivity Si
and semi-insulating GaAs (see Table A.3 of Appendix A). GaAs MMIC
technology is used in the design of extremely wideband, low-power, low-
noise, high-speed devices. Silicon monolithic circuits, compared to GaAs
circuits, can provide higher power dissipation and low loss and cost. Sili-
con technology offers low-cost components for small portable wireless
communication systems. Silicon is the most stable and reliable semicon-
ductor.

Active devices, passive elements, transmission lines, and interconnec-
tions should be realized on the same substrate. The biggest problem is
substrate loss, especially for high frequencies. One integration option is
guasi-monolithic circuits where heteroepitaxy techniques are used to
grow semiconductor layers on the dielectric substrate (e.g., silicon-on-
sapphire combination). In the silicon-on-sapphire structure, the high resis-
tivity sapphire substrate replaces the semi-insulating silicon, thus elimi-
nating the losses associated with the low-resistivity Si substrate [40].

Glass microwave integrated circuits (GMICs) [40, 41] with glass/sili-
con technology are a good choice for high-frequency application. Epitax-
ial Si is used for active devices, and low-loss glass dielectric is used to
fabricate passive elements. The expansion characteristics of silicon and
glass are very close. GMIC provides good reproducibility and is suitable
for hybrid applications as well as integration of multichip MMIC design.
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APPENDIX A

Substrates

This appendix describes properties of commercial dielectrics, ferrite, and
semiconductor substrate materials using in RF and microwave integrated
circuits.

Table A.1 illustrates properties of typical HMIC substrate materials.

Table A.2 shows properties of typical PCB substrate materials.

Table A.3 illustrates comparison of MMIC substrate materials.
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TABLE A.1. Properties of Typical HMIC Substrate Materials

ave

Dielectric ~ Dissipation Volume Thermal Dielectric
Constant Factor Resistivity ~ Conductivity CTE Density  Strength
Material @10GHz @ 10 GHz Q-cm W/m-K x10°%°C  glem® KV/mm
Alumina 9.5 0.0004 >10" 28 6.7 3.8 23.6
Al,O, 96%
Alumina 9.8 0.0002 >10" 36 6.9 3.97 10
Al,0, 99.6%
Aluminum Nitride 8.8 0.001 >10" 140-230 44 3.26 >5
ALN 99.5%
Supphire 9.4;11.6 0.0001 >10" 46 5.3 3.97 40
Beryllia 6.6 0.003 >10" 260 9 29 9.6
BeO
Fuzed Quartz 3.78 0.0001 >10" 1.0 0.55 2.2 100
Ferrite/garnet 13-16 0.0005 >10% 3.0 8-9 5.3 400

S31VH1SANS 'V XIANIddV



TABLE A.2.

Properties of Typical PCB Substrate Materials

Dielectric ~ Dissipation \Volume Thermal Dielectric
Constant Factor Resistivity ~ Conductivity CTE Strength
Material @ 10 GHz @ 10 GHz Q-cm Wim-K X107/ °C KV/mm
FR-4 43 0.01 6 x 10° 15 (x-y) 50
50 (2)
Duroid-5880 2.2 0.0009 2x 10 0.26 31(x)
Rogers Cor. 48 (y)
237 (2)
TMM-10 9.2 0.0017 2x 10 0.73 16 (x-y)
Rogers Cor. 20 (2)
TLE- 95 2.95 0.0028 10’ 0.23 9-12 (x-y) >60
Taconic 70 (2)
RF-35 35 0.0018 10° 0.2 19-24 (x-y) 41
Taconic 64 (2)
Di Clad 522 25 0.0025 10 10-17 (x-y) 45
Arlon 250 (2)
Di Clad 810 105 0.0015 1.6 x 10° 60
Arlon

S31VH1SANS 'V XIANIddV
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TABLE A.3. Comparison of MMIC Substrates

\Volume Thermal Surface
Dissipation  Resistivity ~ Conductivity Density  Roughness
Factor Q-cm W/m-K glem® m
0.001-0.01 10%-10° 151 2.3 1.0
0.006 107-10° 54 53 1.0

8ve

Max. Operation
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APPENDIX B

Properties of Metals

The electrical and mechanical properties of commonly used metals in RF
and microwave integrated circuits are given in Table B.1.
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TABLE B.1. Properties of Metals

Normalized
Skin Depth
Volume Thermal . Skin Depth & Adherence
Resistivity ~ Conductivity OV f 10740 & 19 GH;z CTE Density to
Metal Q-cm W/m-K (GHz)"* x103(uin) ppm/°C glem® Substrate
Copper 1.72 392 82 25.9 18 8.94 poor
Silver 1.62 406 79.7 25.2 21 10.49 poor
Gold 2.44 295 97 30.7 15 19.3 poor
Aluminum 2.62 217 102.4 324 26 2.7 poor
Nickel 74 91.6 164 52 133 8.9 good
Tantalum 135 57.5 244 77.2 6.6 16.6 good
Platinum 10.6 70.7 204 64.5 8.9 21.45
Molibdenum 5.7 145.4 149 47.1 4.6 10.2 fair
Vanadium 19.6 31.6 147.5 46.6 6.0 6.1 fair
TIN 11.4 73.2 235 7.3

0se
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APPENDIX C

Two-Port Network
Representations

This appendix illustrates normalized transfer and scattering matrices of
typical two-port networks used in RF and microwave integrated circuits
(Table C.1); relationships between classical normalized transfer matrices
[A]- (or [ABCD]-), normalized impedance matrices [Z], and normalized
admittance matrices [Y] (Table C.2); relationships between classical nor-
malized transfer matrices [A]- (or [ABCD]-), wave normalized transfer
matrices [T], and normalized wave scattering matrices [S] (Table C.3),
and relationships between normalized and non-normalized matrices.
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TABLE C.1. A- (or ABCD-), T-, and S—Matrices for Typical Two-Port Networks

[AS1

Element
Name Circuit [A] or [ABCD] [T] [S]
z JR z Z+R+1 R-Z-1 z+rR-1 2R
R T \/7 f
- =
Series impedance R 2VR 2VR Z+R+1 Z+R+1
z z, 0 & Z+R-1 R-Z+1 2R Z-R+1
F— -
Jr N 2R Z+R+1 Z+R+1
/R R(1+Y)+1 R(1+Y)-1 R(1-Y)-1  2JR
R 0
R{1+Y)+1 R(1+Y)+1
Shunt admittance  z, y 2z 1 2JR 2JR (1+Y) (1+v)
YR NGl R(1-Y)-1 R(1-Y)+1 R 1-R(1+Y)
2R 2JR R(1+Y)+1 R(1+Y)+1
i - ! »
Section of uni- O —— cos®@ isin® e 0 0 e
form line without
losses Z z z isin®@ cos® 0 e™® e 0
M
Section of uni- ;a’—<_—l+—,®’ coshyl  sinh /! oo —
form line with S, 5
losses z 4 sinhyl  coshyl 0 e e 0
ﬁ—%
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TABLE C.1. A- (or ABCD-), T-, and S—Matrices for Typical Two-Port Networks (continued)

Element
Name Circuit [A] or [ABCD] [T] [S]
: R+1 R-1 R-1 2R
Connection of - JR 0 NN
lines with differ- z |z 1 R+1 R+1
ent impedances ,o’———i———,@’ 0 T R-1 R+1 2R R-1
i R
' 2\/E 2\/E R+1 R+1
l 2 2 2
— 0 1 1+k” 1-Kk 1 1-k 2k
Ideal transformer k — x x
o K 2k [1-k* 1+K’ 1+k* 2k k-1

1:k

_Z _Z — _Z =2m/ - - i
z_/zl,R_%,Y_}é_%,@_ %\—,Bl,y—aﬂﬂ,

where z, and z, are characteristic impedances of input and output lines; Z and z are normalized and non-normalized
impedances; | is the length of the line; A is the guide wavelength; y is the propagation constant; ais the attenuation
constant; £is the phase shift constant.
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TABLE C.2. Relationships Between A- (or ABCD-), Z-, and Y-Matrices

[Z] ] [A] or [ABCD]
Yo Y A A
2] [Zn Zu} Y[ || A, A,
e Yo N LA
Y[ Iv] A, A,
(2o 2] A A
V] 2l 2] [Yu Yu} A, A,
Ly Zu Ya Ya 1 A
2l Tl NS
(2, 7] . 1
[A] or [ABCD] Lo Zn Yo Yu [An Au}
1 %4 MY Aa Ay
zZ, Z Y, Y

|Z| }/Y|_lezzz 12 21

Aﬂ |Y| YiuYo =YY =

R A= A - A,

14512
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TABLE C.3. Relationships Between S-, T-, and A- (or ABCD-) Matrices

[A] or [ABCD] [T] [S]
Tll + TZl + I Tll + T21 - SIZSZI - I (1 + Sll) (1 + SZZ) -
+T12 + TZZ : - 12 - T22 - (1 + Sll) (SZZ - 1) : _512 SZl
[Al [A“ A } o P L2 Y A —
Aﬂ Azz 2 T11 _T21 + : T11 _T21 - 2521 (1_522)(1_311)_ : (1_511)(1+522)+
+T12 - T22 i _le + T22 _SIZ SZI : Slzsu
Aut At A, At 1 s,
m | IR [Tn T } 5. S,
2 All + A12 i A11 A12 - T21 22 i _ﬂ
_A21 - Azz : _Au + Azz 521 521
1 X
A= (A, +A) (A, +A,) T, Il
|Al-(A, +A,)x T, T S, S
[S] 1 1 _2 A 11 11 11 12
X(An + A22) | |A21 i _Ti Szl SZZ
|A| - (AZZ - A21) X Tll Tll
-2
g x(A, +A,)

Su/ el - __T
|T| =TTy, —T,T, = % , |S| =5,;S,, =8,5, = - %
21 1
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356 APPENDIX C: TWO-PORT NETWORK REPRESENTATIONS

C.1. RELATIONSHIPS BETWEEN NORMALIZED AND
NON-NORMALIZED MATRICES

z a, z
ay, - = An -+ A12 2,2,
{Au A12:|: Z 2,Z, . {au a12:|: Z, .
Ay Ay 7 8 8y A, Z,
ay\2,2, @, |- N
Zz lez Zl
Lz,
{Zn le}_ 4 4z, I:Zn 212}: 2,7, Z,\72,
Ly Ly Zy Iy Zy Iy Z,y\7iZ, Z,1,
22, I,
h Yo,
|:Y11 le}: Yz, Yo 42, | [yn Wz}: 4 07, |
Yo Y YaNZiZ, Y22, Yor Yo 21 Yo
7z, L
{Tn T12:|: Z_2|:t11 t12:|_ |:t11 t12:|= fi[rn T12:|,
Ty Ty Z |t 1y t, by Z, [Ty Ty
Z Z
Su _2512 Sy 2—1812

S _821 Szz

{511 SlZ :| — Z . {311 i } — 2
S21 Szz Z Sa S Z,
Y
Z,



APPENDIX D

List of Symbols

Symbols Meaning Unit
a Filter insertion loss dB
a, a, ... Element traveling waves

A, Ay e Elements of the non-normalized classical

transfer matrix

AL Ay, . Elements of the normalized classical transfer
matrix
A Normalized dissipated power
b Height of stripline
b, b, ... Reflected traveling waves
B Normalized susceptance
c Velocity of light (3 x 10% meter/second
C Cpa ... Coupling, losses, or isolation dB
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358 APPENDIX D: LIST OF SYMBOLS

Symbols Meaning Unit
C Capacitance Farad
f Frequency Hertz
f, Center frequency Hertz
f Cutoff frequency Hertz
g, g-values of the lowpass prototype structure

G Integration index

h Substrate thickness of microstrip line inch
H Height inch

| Current Ampere
k Propagation constant

K, Coefficient of magnetic coupling

K \oltage coupling factor

| Length inch

L Inductance Henry
m Admittance ratio

n Number of sections

P Power Watt
q Filling factor

Q Quality factor

R Resistance Ohm
R, Surface resistance Ohm/square

S Gap or distance between coupled lines inch
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Symbols Meaning Unit
Si1s Sigy -+ Elements of the non-normalized scattering

matrix
S Sy e Elements of the normalized scattering matrix
t Thickness of planar conductor inch
tn b e Elements of the non-normalized transfer

matrix
T Tigy oo Elements of the normalized transfer matrix
v Velocity m/s
\Y \oltage \olt
W Width of conductors Inch
Wy Relative bandwidth
Yoo Yoo oo Elements of the normalized admittance matrix
Yinr Yigr «e- Elements of the non-normalized admittance

matrix
Vi Yor oo Non-normalized admittances
Yy Yo oo Normalized admittances
2,0, 2 Elements of the non-normalized impedance

matrix
2,2, Elements of the normalized impedance matrix
Z, Characteristic impedance Ohm
Z,, Even-mode characteristic impedance Ohm
Z, Odd-mode characteristic impedance Ohm
a Attenuation constant

Attenuation due to conductor loss
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APPENDIX D: LIST OF SYMBOLS

Symbols Meaning Unit

a, Attenuation due to dielectric loss

a, Attenuation due to radiation loss

B Phase constant

r Reflection coefficient

g Propagation constant

d Skin depth

e Permittivity

& Permittivity of free space 8.854183 x 10 F/m
E Effective permittivity

j Phase shift

| Free space wavelength meter
A Guide wavelength meter
] Electrical length degree
m Permeability H/cm
oA Resistivity Ohm-m
S Conductivity S/m

W, Cutoff frequency rad/s




A
Air bridge, 30, 59-60, 62, 75, 330
Attenuator, 68-70, 253-260, 300,
314-317
analog, 253
digital, 253
meander, 66, 68
nonreflective type, 254-256
p-section, 68—69, 254-255, 258
reflective type, 254
resistive (pad), 68-70
switched channel, 256-260
TEE-section, 68-70,255, 258
variable, 254, 300
whisper/shout (step), 314-317

B

Balanced amplifier, 312-314

Bandpass filter, 39, 205, 217-234,
308-309, 320

Index

comb-line, 220, 229-233,
308-309

end-coupled line, 227-228

hairpin, 233-234

integration index, 217-219

interdigital, 220, 228-229

parallel coupled-line, 220,
219-223

quality factor, 218-219

wiggly coupled line, 223-227

Butterworth approximation, 157,

184, 205-207, 215,
218-219, 223, 227

C
Capacitance, 40-42, 56-58, 75,
160, 229, 231, 237-238
even mode, 41-42
fringing, 40-42
junction, 237-238
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Capacitance (cont’d.)

INDEX

magnetic coupling, 49-52, 283

loading, 231

mutual, 40, 229

odd mode, 41-42
package, 237-238
parallel-plate, 40-41, 75
self, 42, 229

Capacitor, 57-58, 160, 293, 295

gap, 57-58
interdigital, 57-58
lumped element, 160
overlay, 57, 57-58
parallel plate, 57
planar, 57

quality factor, 57-58

Chebyshev approximation, 131,

157, 184, 205-208,
218-219, 223, 227

Circulator, 275, 285-303, 319

above-resonance, 287
below-resonance, 287
clockwise, 285—-286
counter clockwise, 286
distributed, 288-289
drop-in, 297-298
high isolation, 300
Konishi, 293
lumped-element, 292—-295
nonferrite, 301-302
scattering matrix, 286
slow-wave structure, 288-289,
290-291
three-dimensional tandem,
296-298

Coefficient, 49-52, 59, 143, 222,

283
correction, 59
coupling factor, 143

transformer, 222
Combiner, 39, 167-201, 235-261,
266-280, 300, 312-314
branch-coupler, 168
broadband, 172, 183-188
coupled-line, 185-188, 199-201
directional coupler base,
170-173
Gysel-type, 173
in-phase, 173-201
lumped element, 189-192
N-section, 183-185
N-way, 192-201, 313
ring coupler, 171-181, 200-201
specified isolation, 181-182
three-way, 197-198
two-branch, 171, 200-201
Wilkinson, 173, 201
Conductivity, 9-10, 18
Coplanar waveguide, 6, 29-30, 32,
43, 166-167, 278
characteristic impedance, 30
dispersion, 29-30
effective dielectric constant, 43
impedance, 32
quality factor, 30, 32
shielded, 6
symmetrical, 6
Coupled lines, 35-53, 58-63, 67,
69-73, 95-98
asymmetrical, 35
broadside coplanar waveguide,
36
broadside microstrip, 36
broadside stripline, 36, 43-44
coplanar waveguide, 48
edge-coupled CPW, 36



INDEX

edge-coupled microstrip, 36

edge-coupled slotline, 36

edge-coupled stripline, 36

effective dielectric constant, 39

homogeneous, 35

impedance, 35, 38, 42-43,
45-47,140-143

inhomogeneous, 35

irregular, 36, 49-52

microstrip, 35, 44-48

regular, 36, 39

slotline, 48

stripline, 35, 40-44

suspended stripline, 48

symmetrical, 35

Coupling, 35, 49, 97, 117-119,

139, 144, 147-148, 151,
154, 161, 230, 281, 283

coefficient, 117, 119, 139, 154,
161

electrical, 97

flatness, 118, 151

magnetic, 49, 97, 230, 281, 283

tight (strong), 35, 144, 147, 151

tolerance, 117

weak, 35, 144, 147

D
Dielectric constant,
effective, 11-13, 17, 20-21, 28,
38-39, 46-48, 159, 328
relative, 7-9, 11-15, 20-21, 23,
56, 73, 159, 325, 346-348
Dielectric substrate, 5-8, 21-22,
58, 295, 324, 335-337,
345-348
Diode, 237-265, 267-268, 272,
277, 305-309, 319

363

control devices, 237-265
limiter, 261-264, 307, 319
noise, 306-307
PIN, 237-239, 255-256, 260,
267, 272, 305-307
quality factor, 238-239
Schottky, 262-263, 307, 319
Transition time, 239
varactor, 260, 268, 277,
308-309

Directional coupler, 39, 117-163,

172, 275, 306-307, 329
asymmetrical, 155, 157-158
branch-line, 130-140
broadband ring, 129-130
contradirectional, 143
coupled line, 140-161, 307
dielectric overlay, 159
in-phase-out-of-phase, 118, 123
interdigital, 154-155, 172
Lange, 154-155, 172, 275
miniature, 149-151
multisection, 155-158, 161
quadrature, 119, 132, 138, 143
guarter wave, 140-149
ring (“rat-race™), 121-130, 161
saw-tooth structure, 160
step periodic structure, 160
symmetrical, 155, 157-158
tandem, 152-154
three-branch, 137-140
three-sectional, 137-140, 161
tight coupling, 151-155, 329
two-branch, 131-137, 161

Directivity, 2, 118-119, 132,

147-148, 158

Discontinuity, 57, 73-78, 161, 181

bend, 75-76
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Discontinuity (cont’d.)
gap, 57, 73-74
notch, 77-78
open-circuit end, 74
short circuit, 74
step, 76-77
T-junction, 77-78
Dispersion, 12, 16, 28, 29, 32, 158
Dividers, 39, 165-203, 312-314,
331-332
branch-coupler, 168
broadband, 183-188
chain-like, 192-193
coupled-line, 174, 183-188,
199-201
directional coupler base,
167-173
four-way, 194-197
in-phase quarter wavelength,
173-201
lumped element, 189-192
multi-layer, 331-332
N-section, 183-185
N-way, 192-201
ring coupler, 167-169, 200-201
three-way, 197-198
T-junction, 165-167, 201
two-branch, 167-170, 200
two-stage, 187-188
unequal power-split ratio, 174,
188-189
Wilkinson, 173-181, 201,
312-313
Y-junction, 165

E
Edge effect, 72, 74, 221
Effective length, 72, 221

INDEX

Effective width, 16

F
Ferrite, 285, 288, 290-291, 293,
295-300
Filter, 205-235
bandpass, 39, 205, 217-234,
308-309, 320
bandstop, 205
Batterworth, 205-206
Chebyshev, 205, 207-208
highpass, 51, 205-206
irregular line, 206, 213-217
lowpass, 51, 205-206, 209-219,
222-223, 308, 319
lowpass prototype, 208-209
synthesis, 208-209
Finline, 4, 31-32
Frequency
cutoff, 27, 227, 238, 274, 327
resonance, 61

G
Glass Microwave Integrated Circuit
(GMIC), 340

H
Horizontal-vertical configuration,
329
Housing, 46, 324-328
Hybrid microwave integrated
circuits (HMIC), 64,
335-339, 345-346
Hybrid, 117, 124, 126, 133,
135-137, 151-153,
275-276
branch, 133-137
in-phase—out-of-phase, 275-276



INDEX

coupled line, 151-155, 275
ring, 124, 126, 135-137, 275
quadrature, 275-276

|
Inductance, 49, 52, 215, 293
mutual, 52
self, 49, 215
Inductor, 58-65, 191-192,
293-295, 330
circular spiral, 59
dual spiral, 62—65
high impedance, 58-59, 294
meander line, 59-60, 191-192
quality factor, 61-65
octagonal, 59
parasitic capacitance, 61-64
rectangular, 59-60
resistance, 65
self resonance, 61
single layer, 62—65
single turn, 59-60
spiral, 59-61, 294, 330
squire, 63-65
Irregular lines, 36, 49-52,
213-217, 281-283
Isolation, 118-119, 124, 133, 134,
135, 149, 259
Isolator, 285-303
above resonance, 287
below resonance, 287
comb-type, 290-291

distributed, 289-292
drop-in, 297-298
field-displacement, 290-292
junction, 290

lumped element, 292-295

365

reactance stubs, 290-291
resonance, 290-291

L
Limiter, 260-264, 307, 318-319
active, 262-263
passive, 261-262
quasi-active, 263-264, 307, 318
two-stage, 263-264
Loss, 8-10, 16-24, 29-30, 68,
118-119, 132, 135, 139,
144, 148, 243, 246,
346-348
conductor (resistive), 8-10,
17-20, 24, 29, 30, 68
dielectric, 8-10, 20-21, 29
dissipated, 243, 246
insertion, 118-119, 132, 135,
139, 144, 148
radiation, 16-17, 19
tangent (dissipation factor), 8-9,
23, 346-348
Lowpass filter, 209-219, 222-223,
308, 319
lumped element, 213
irregular-line, 213-217
prototype, 208209, 222-223
stepped-impedance, 209-213,
308

M

Magnet, 295-300

Magnetic field, 49, 140, 286, 288,
290, 293, 296

Metals, 349-350

Microwave Integrated Circuits
(MIC), 1, 5, 65, 73, 335
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Microstrip line, 6, 11-23, 32,
46-48, 74, 76-78,
166-167, 325

conductor (ohmic) loss, 17-20

coupled, 44-48

dimensions, 22-23

dielectric losses, 20-21

dispersion, 12, 23

effective dielectric constant,
11-13, 46-47

impedance, 13-15

inverted, 6

losses, 1622

open end, 74

quality factor, 21-23, 32

radiation loss, 16-17, 32

shielded, 6, 12-13, 325

step, 76-78

strip thickness, 16

wavelength, 11

Mirror reflection method, 103-110
Mode

even and odd, 36-38, 42-46,
95-96, 103-105, 110, 122,
140-141, 154, 156,
158-160, 174-175, 183,
185-186, 223, 279, 281

receive, 251-252, 305-306

self test, 305-307

transmit, 251-252, 305

waveguide, 7, 27, 325, 327-328

Monolithic Microwave Integrated
Circuits (MMIC), 64, 335,
339, 345, 348

Multichannel receiver, 317-319

Multifunctional transmit/receive
module, 305-308

Multilayer structure, 329-335

INDEX

N
Networks, 81-99, 101-116,
152-154, 351-356
four-port, 88-94, 103-110,
linear, 83
lossless, 87-88, 91
multi-port, 81-82
non-reciprocal, 87
passive, 88
reciprocal, 87, 91, 105
symmetrical, 92-94, 101-116
tandem, 152-154
three-port, 110-116
two-port, 82-88, 101-103,
351-356

P

Package, 323-328
ceramic, 328
metal, 324-328
plastic, 328

Phase balance, 119

Phase shifter, 50, 267—-284, 300
analog, 268
circulator type, 274-275
differential, 279-283
digital, 267, 269

diode, 267

high-pass low-pass, 272-274
irregular-line 180 —degree, 50,

281-283

loaded-line, 271-272
ferrite, 277-279
ferrite-dielectric-substrate, 279
multi-bit, 270
non-reciprocal, 277-279
reciprocal, 278-279
reflection-type, 274-277



INDEX

Schiffman 90-degree, 39,
279-281
switched-line, 268-271
variable, 300
Phase velocity, 45, 158-160, 223,
281
Preselector, 308-312
Power, 22, 133, 139-140, 169-170,
172, 243-246, 299
average, 22, 299
dissipated, 243-246
peak, 22, 299
reflected, 243-245
split, 133, 139-140, 169-170,
172

R
Resistor, 65-67, 173-174, 181-182
Resonator, 70-73, 221, 233,
288-289, 325-327
dielectric, 72, 73
disk, 72
ferrite, 72
hairpin, 71-72
patch, 71-72
quality factor, 73
open-circuited, 70-72, 221, 233
ring, 71-72
short-circuited, 70-72
three-dimension, 71-72
triangular, 288-289
WYE, 288-289

S

Single antenna radio altimeter TX/
RCV, 319-320

Skin effect, 9, 17-18, 24-26, 338,
350

367

Slotline, 6, 28-29, 32, 166-167,
278
antipodal, 6, 28
bilateral, 6, 28-29
effective dielectric constant, 28
quality factor, 28, 32
impedance, 28, 32
loss, 29
unilateral, 28
Slow-wave structure, 288—-290, 293
Stripline, 2, 6-10, 32, 40-44
configuration, 6
coupled, 40-44
effective width, 8
impedance, 7-8, 32
loss, 8-10
quality factor, 6, 10, 32
wavelength, 7
Subassemblies, 305-320
Suspended stripline, 6, 23-27, 32,
48, 328
conductor (ohmic) loss, 24
coupled, 48
cutoff frequency, 27
high-Q double-substrate, 6,
25-27
impedance, 24, 32
loss, 23-25
quality factor, 23, 25, 27, 32
shielded high Q, 6
shielded suspended, 6
shielded suspended double-
substrate, 6
Switch, 240-253, 313-316,
319-320, 465
classification, 240
configuration, 241-247
distributed, 240
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Switch (cont’d.)
double-pole double-throw, 240
lumped element, 240
multiple-diode, 240-251
multi-throw, 240
nonreflective, 240, 251
reflective, 240, 251
series, 242
series-shunt, 241-247
shunt, 241-242
shunt-iterated, 248-251
single-pole double-throw, 240,
315
single-pole single-throw,
240-241, 245-247, 316,
320
single-pole three-throw, 319
stub circuit, 241
tee, 242
transmit-receiver, 251-253
two-stage, 248-251
Switching time, 239
Symmetry
full (completely), 108-110,
120-121, 143
partial, 105-108

T
Technology, 297, 331, 335-340
direct bond copper (DBC), 297,
338-339
low temperature co-fired
ceramic (LTCC), 331, 339
thick-film, 336
thin-film, 336-337
printed circuit board (PCB),
337-339

INDEX

TEM-mode, 7, 11-12, 16, 23,
28-29, 40, 42
Termination, 65-68, 168
ballast, 168
meander, 66
multi-stub, 66, 67
spiral, 66, 68
Three-dimensional structure,
329-335
Tolerances, 8, 17, 22, 24, 124, 129,
136, 177, 211, 221-223,
229, 256, 317, 337, 340
Transformer, 50, 52, 259, 281
Transition, 330-335

\Y

Via (see plated-through hole), 22,
27, 29, 30, 60, 74-75, 230,
309, 328-332

w
Wavelength
free space, 12, 72, 220, 227,
325-327
guide, 38-39, 55, 62, 67-68, 72,
121-122, 130, 149-150,
154, 173, 194, 220, 227,
268, 283, 325-327



